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Abstract

This dissertation presents several fully-integrated power amplifiers (PAs) within Ka-band
(26.5-40 GHz) and W-band (75-110 GHz) with > 100 mW output powers in commercially-
available 0.12 pm silicon germanium HBT-transistor technology (fr = 200 GHz, BVcgo
=1.8V).

Linear PAs are by far the highest power-consuming component in wireless communication
circuits. As wireless standards push into millimeter-wave frequencies for high data rates,
challenges created by point-to-point propagation require transceiver phased arrays for antenna-
beam steering to maintain optimal channel links. Integration of high-output-power, linear
silicon PAs is key in enabling compact and efficient transmitter arrays.

Linear power amplification is especially difficult in silicon at millimeter-wave frequencies
because limited transistor gains, low transistor breakdown voltages, and high-loss, high-
parasitic passive-circuit components typically result in low output powers and poor power
efficiencies. Moreover, at 90-100 GHz, integrated-circuit PAs are sensitive to process skews
and HBT modeling errors, as transistor model-to-hardware correlations degrade after 60 GHz.

These SiGe PAs demonstrate record Class-A/AB linear output powers by pushing limits
of voltage, power, and frequency while maintaining reliability-aware design.

To overcome voltage limitations of impact ionization, base-ballasting techniques using the
lowest reported HBT base-biasing resistance of 20 €2 push operational collector voltages well
above the native BVcgo. Additional novel inverted microstrip quarter-wave transmission-line
structures, created below the RF global ground plane and terminated by resonant MIM
capacitors, present the necessary high-impedance at the fundamental frequency and Class
AB harmonic terminations to the HBT base terminal.

This is the first SiGe work to pack unit-cell SiGe HBT transistors at maximum density
in 2D arrays to synthesize large power transistors, circumventing needs for transistor-level
power splitting and power combining at W-band. Measured data is used to model thermal
coupling and provide custom HBT thermal impedance models for stability.

Resonant capacitor structures are used throughout the 3-stage PA to provide ultra-
compact, low-impedance RF references and to synthesize, along with short transmission lines,

very low values of DC-blocked, shunt inductance required for interstage power matching of

xXxXviil



large power HBTs.

Performance impacts from HBT-modeling errors at high frequencies and foundry-process
skews are mitigated using a unit-cell design approach throughout the PA, from device level
to system level. Identical or similar-characteristic components are used throughout the
PA as unit cells: transistors, matching-network capacitors, resonant capacitors, resistors,
transmission lines, bias circuits, and matching-network topologies. Additionally, fine bias-
adjustment provisions for each gain stage allow tuning of critical DC operating points as
collector voltages are pushed higher.

For integration into arrays, the designs integrate wideband capacitor-filtering arrays for
stability and follow reliability guidelines for 100,000 power-on-hours operation at 100°C. A
single Ka-band chip is tested for > 1000 hours and a W-band chip for > 500 hours with no
measurable performance degradation.

The W-band 90-GHz power amplifier achieves a maximum saturated output power of
19.9 dBm (98 mW), 14.6 dB gain with 20% fractional 3-dB bandwidth from 79-97 GHz,
and peak power-added efficiency (PAE) of 15.4%. The Ka-band 33-GHz power amplifier
achieves a maximum saturated output power of 24.2 dBm (260 mW), 14.6 dB gain with 55%
fractional 3dB-bandwidth from 20.5-36 GHz, and peak PAE of 22.3%.

In an extended collaboration, the W-band PA has been successfully integrated within a
3 x 3 SiGe transmit array using quasi-optical free-space combining techniques to achieve 3.2
watts EIRP, the highest reported power at 90-98 GHz in SiGe technology.
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Chapter 1

Introduction

1.1 Overview

This written dissertation presents several fully-integrated power amplifiers (PAs) fabricated
in commercially-available 0.12 pm silicon germanium (SiGe) foundry technology within Ka-
band (26.5-40 GHz) and W-band (75-110 GHz). A standalone Ka-band PA was designed
first and published in [7]. Subsequently, a standalone W-band PA was designed and published
in [8]. Finally, a W-band PA array was designed in collaboration with colleagues at Univ. of
California, San Diego and published in [9].

This dissertation presents the two standalone PA designs in reverse order: Chapter 2
presents the W-band standalone PA first, in order to review the most challenging and
encompassing design details first; Chapter 3 presents the Ka-band PA. The W-band design
builds upon the Ka-band PA and includes additional design techniques required to overcome
the challenges of operating at higher frequencies. The W-band and Ka-band PA design also
have minor variants in breakouts that are measured, as well.

To avoid repeating identical concepts and design approaches in both Chapter 2 and
Chapter 3, the design details shared between W-band and Ka-band are presented primarily
in Chapter 2. The PA array is covered in Chapter 4 along with potential future research
opportunities and extensions.

The following sections in this introduction further outline the dissertation work and
summarize novel contributions made to the field of SiGe millimeter-wave (mmW) power
amplifiers. General Class AB power amplifier theory and SiGe foundry process information

is found in the later portions of this chapter.



1.1.1 Background

GlobalFoundries (GF) 0.13 um SiGe BiCMOS! 8HP became commercially available in
August, 2005.2 The 200 mm (8 inch) foundry process was formally known as IBM 8HP before
its acquisition by GlobalFoundries in July, 2015.

8HP SiGe technology has been instrumental in enabling mmW integrated circuits (ICs)
research in silicon around popular mmW frequency bands, 24, 30, 60, 77, and 90 GHz, for
integrated communication systems and radars [10, 11]. Compared to the prior 0.18 pum SiGe
BiCMOS THP technology process, the 8HP heterojunction bipolar transistor (HBT) fr &
fuvax have been increased from 120 GHz & 100 GHz to 200 GHz & 240 GHz, respectively.
Along with PAs, other transmit and receive circuits (e.g., LNA, mixers, switches, and digital
control circuits) were also being developed in SiGe with the ultimate goal of enabling fully-
integrated mmW transmit and receive chips in silicon. The 8HP HBTSs’ high fr/fuax
(> 200 GHz) enable active-gain circuit operation at mmW frequencies up to 100 GHz, but
low gains and breakdown voltages arising from fundamental device & materials properties
make achieving large-signal output power at mmW frequencies particularly challenging.

In the research community, the primary goal of the initial mmW SiGe power amplifier work
was to obtain as much output power as possible in highly linear operation— Class A or AB
amplification. The initial research was focused primarily on pushing the limits of both output
power and frequency to explore achievable limits with SiGe HBTs with limited operational
collector-emitter breakdown voltages BVggr between BVego = 1.8 V to BVggo = 6.0 V.
Typically, the fr & fuax should be at least 1020 times the operating frequency for high
RF performance with low circuit complexity. Thus, designing circuits above 20 GHz in 8HP
requires careful design choices & optimizations due to tradeoffs in limited available gain with
other critical design parameters such as linearity, efficiency, and noise.

A major challenge of the SHP PA design was the inaccuracy of large-signal simulations
due to transistor model limitations and severe simulation convergence issues at high collector
voltages. In the early-stage SiGe processes, the HBT models are less refined and hence have
limited capability in predicting implemented hardware performance, particularly at high
mmW frequencies > 60 GHz where models are difficult to extract accurately from direct
measurements. The design kit’s RF device models are normally modeled and fitted using
extracted parameters at lower frequencies which are then scaled & extrapolated to cover
frequencies up to fyiax and beyond. Although operation above BVego = 1.8 V was known

to be possible, simulations and optimizations of large-signal designs were problematic for

IBiCMOS is a technology designation for a process that contains both bipolar and CMOS transistors.
2Depending on author and devices used, GF 8HP SiGe BiCMOS is regularly cited as either 0.12 pm or 0.13 pm
technology. The HBT emitter width is 0.12 pm while the CMOS FETs have 0.13 pm gate lengths.



collector voltages > 1.7 V for common-emitter configurations using the original HBT models.
Thus, part of the difficulty of pushing output power higher was the inability to precisely
determine the optimal operating conditions at high collector voltages and currents, especially
pertaining to RF interstage matching and optimal output load-line impedances.

As the limits of a new IC technology are explored at higher and higher mmW frequencies,

PA development typically advances in distinct phases in the PA research community:

1. mmW frequency and power: PA development begins with Class A/AB operation to
explore the transistor and technology limits in frequency and power for highly linear
designs. These PA designs focus on determining basic design limits in the new process

technology for critical decisions such as power-transistor sizing.

2. Power combining: often, there is also parallel development of on-chip power combining
of the Class A/AB PAs to increase maximum output power at the expense of overall
power efficiency. New foundry process developments enable lower loss and more complex

on-chip planar combining structures.

3. Efficiency: once the limits of linear Class A/AB are explored and understood, other
classes of PA operation are investigated to further improve power efficiency and output
power, usually at the expense of linearity. Advanced stages of development lead
to highly-efficient switch-mode classes of operation (e.g., Class E, F, and variants).
Efficiency-enhancing architectures, such as Doherty and switched-load architectures,

are often attempted to boost efficiency further.

4. Linearity: finally, as PA development matures with different architectures and ap-
proaches, linearity comes into focus as PAs are integrated into transmitter systems
with system-level linearity requirements. As PAs are pushed toward higher output
powers and efficiencies near the transistor operational limits, non-linearities arise from
large-signal compression, gain variations, and intermodulation (IM) distortions even for
linear-mode PAs. (The large-signal non-linearity is especially difficult to predict accu-
rately in simulations because of transistor-model limitations when they are operating
at their current and voltage extremes.) To mitigate this loss of linearity from targeting

high output powers, advanced linearization techniques are applied:

(a) Non-linearities are compensated directly within the multi-stage PA block. Lin-
earization techniques are used to internally compensate linear-mode PAs (e.g.,
Class A, AB, B, C) without additional system-level blocks and complexity in the

transmit chain.



(b) In contrast, additional ezternal signal-processing blocks (and even additional PAs)
can be added around the PA to compensate for its non-linearities. The signal-
processing techniques include feed-forward correction, pre-distortion, envelope
elimination & restoration (also known as polar, EER, and Kahn transmitters), and
out-phasing [12]. These techniques are required to linearize extremely nonlinear
PAs, such as switch-mode PAs; and come at the cost of significant, added system-

level complexities.

This dissertation work was part of the initial exploration research phase where the primary
goal was to achieve highly linear, high output power (17-20 dBm in Class A/AB) with
reasonable gain (> 10 dB) and efficiency (PAE > 10%). Because of the high currents and
voltages within the PA, an additional goal was to follow foundry guidelines for reliability
across all active and passive devices. Meeting these combined goals allows the resulting PA
to be successfully integrated into a larger transmit chain: as an element in an wafer-scale
transmitter array, as a highly linear driver to an off-chip III-V high-power PA, or as a
standalone output PA in a highly linear transmit chain.

The research community had investigated various techniques to produce high output
power, linear mmW PAs; such as differential topologies [13-20], common-emitter [15, 21-24],
cascode [13, 16-19, 24, 25, 25-28], distributed amplifiers [26], fully-distributed PA design
with corporate feeds and power combining [22], and and power-combining of the output
transistor [19-22, 22, 26].

This dissertation work extends the maximum powers and frequencies of linear Class A/AB
PAs by introducing novel IC design elements, applying a unit-cell design approach everywhere
possible while still optimizing internals of the PA design.

Efforts are made to preserve RF gain at 90 GHz for practical PAE (> 10%) goals in
order to remain suitable for integration into larger PA array, demonstrated in extended work
in Chapter 4. Many design aspects are also centered around pushing operational collector
voltages past values (1.7 V) where simulations begin to fail because of HBT model limitations.
Best efforts are made to be compliant with reliability guidelines for 100,000 power-on-hour

operation at 100°C for commercial electronics applications.

1.1.2 Design Progression

The primary dissertation work has been completed across a total of three SiGe tapeouts
in GlobalFoundries (GF) SiGe BiICMOS 8HP, then known as IBM 8HP. A fourth tapeout
included collaboration with Yusuf Atesal, Berke Cetinoneri, and Ramadan Alhalabi at

University of California, San Diego, to integrate the W-band power amplifiers into a large



3 x 3 single-chip, wafer-scale PA array with quasi-optical spatial power combining.
The following sections document the progression of the tapeouts and design process from
Ka-band to W-band to extended 3 x 3 PA-array collaborations.

1. 30 GHz Ka-Band PA: First Iteration at 1.4-2.1 V

The initial Ka-band design is presented in Chapter 3 and published in [7]. This was
the first tapeout in GF 8HP at the University of Michigan and the first silicon hardware
parts— the PA was designed without prior silicon samples for measurement characterization
of passive & active devices. The design relied solely on simulations of HBT foundry models,
foundry-measured data sheets for some limited HBT structures, and custom electromagnetic
(EM) simulations for the passive structures (transmission lines, interconnects, parasitics,
inductors, and capacitors).

A particular challenge centered around the modeling of power transistors based on custom
layouts of aggregated transistors. GF 8HP does not offer dedicated power-transistor cells or
standard transistor cells greater than 18 um emitter lengths. Part of the design optimization
involved inspecting measured-versus-modeled HBT DC and RF data within the foundry-
supplied data sheets to make critical decisions on HBT reactive matching and operating
points since there was still significant model-to-hardware error at mmW frequencies.

One of the goals of the initial Ka-band design was to determine how large the output
transistor could be while obtaining enough gain for the PA to have sufficient PAE. Larger
output transistors are capable of delivering more power, but the matching (impedance
transformation) is more difficult, and gain drops.

The baseline Ka-band design #1 is designed around a conservative Class A design with
Vee = 1.4 'V nominal collector voltage since simulations issues in the early HBT models
make large-signal design difficult above 1.4-1.5 V. The independent current & voltage biasing
provisions in each gain stage allows operating and tuning the design into Class AB at the
measurement bench. With the bias provision, higher output powers and efficiencies are
successfully obtained at 30 GHz in the lab beyond 1.4 V all the way to Voo = 2.1 V. The
active bias circuits present 40 2 external DC resistances to the HBT power cells in each gain
stage.

The 2-stage common-emitter Class A PA with Q1 = 30 um & Q2 = 60 um custom
power-cell HBTs is designed at a conservative 1.4 V supply voltage for better model accuracy
since there are significant simulation convergence issues for large-signal simulations at voltages
above 1.5 V arising from high-current limitations in the HBT’s early VBIC transistor model.
All matching networks and active bias networks are integrated on chip. The active bias

circuits present 40 €2 external DC resistances to the HBT power cells in each gain stage.



Bias provisions are included to adjust collector currents in each gain stage that allows
tuning the design into Class AB at the measurement bench as well as push the collector
voltages higher for more output power and efficiency. With the bias provision, higher output
powers and efficiencies in Class AB operation are successfully obtained at 30 GHz in the lab
beyond 1.4 V all the way to Voo = 2.1 V.

At nominal 1.4 V biasing, the first iteration of the Ka-band design achieves P,y = 19.4 dBm
differential output power at 32 GHz, Pjgg = 16.4 dBm, and peak-PAE = 11.2%. The small-
signal gain is 13.0 dB with a 3dB-bandwidth from 26-40 GHz (42%).

With increased collector voltages to 2.1 V and re-tuned collector currents for optimized
biasing, the same first-iteration Ka-band PA achieves P,,; = 21.3 dBm differential output
power at 30 GHz, Pgg = 15.5 dBm, and peak-PAE = 12.9%. The small-signal gain is 15.5 dB
with a 3dB-bandwidth from 26-40 GHz (42%).

2. 30 GHz Ka-Band PA: Improved Design at 1.5-2.2 V

The second Ka-band design iteration builds upon observations from the extensive Ka-band
DC & RF measurements and carries the approach forward to more aggressive PA designs. A
key confirmation is that the PA design, with proper independent bias adjustments, can be
successfully tuned & operated at higher collector voltages with high RF performance even
though large-signal simulations would not converge for simulations above 1.7 V collector
voltages.

The second Ka-band design is more aggressive in terms of transistor sizing, power matching,
and low external base biasing resistance to push collector voltages. The second Ka-band
iteration is designed around 1.7 V nominal operation and uses larger aggregated transistors
(up to 90 um in total emitter length), and the designs are optimized more for large-signal
operation farther into gain compression than the first Ka-band design. External DC base
resistances are further reduced from 40 2 down to an extremely low 20 €2 to push operational
collector even higher for higher output powers. The extremely low external bias resistance
requires that many more wideband MIM capacitor arrays be added for additional bias and
transistor stability.

Using feedback from the initial Ka-band design and comparing measurements to simula-
tions, active and passive models are adjusted in back-modeling to better match the measured
RF and DC characteristics. In particular, custom thermal models for the aggregated HBT
power-cell arrays help to better predict RF & DC performance to optimize the PA further.
The improved custom models are used to further optimize the PA at higher collector voltages
(1.7 V) where higher output powers are possible, but model inaccuracies and simulation

convergence are still highly problematic.



The improved 2-stage PA design uses much larger (+60%) custom HBT power-cell
transistors (Q1 = 45 um & Q2 = 90 pum) and is biased deeper into Class AB operation,
resulting in higher efficiency. To achieve higher output powers, the PA interstage & output
matching are optimized for operation at higher power powers (around Pj4p, further into gain
compression).

To push collector voltages closer to BVpo, external base resistances of the integrated
active bias networks are decreased from 40 €2 to 20 €2, compared to the first design, to further
reduce impact ionization effects in the PA DC biasing and allow for higher PA output voltage
swings. This is the lowest reported external base resistance to date for integrated active
biasing within SiGe mmW PAs. Significantly more on-chip capacitance is added to improve
wideband bias stability with integration into a larger system in mind.

At 2.2 V collector voltages, the second iteration of the Ka-band design achieves Py
= 24.2 dBm differential output power at 33 GHz, Pigg = 14.5 dBm, and peak-PAE = 22.3%.
The small-signal gain is 14.6 dB with a 3dB-bandwidth from 20.5-36 GHz (54%). The
deeper Class AB design trades off linearity for P, and PAE improvements, as evidenced
by the lower Pgg. Small-signal peak gain shifts lower in frequency than the first Ka-band
iteration because the PA is matched to operate at high output powers near Pygg and Class

AB operation, but the large-signal response is still at 33 GHz.

3. 90 GHz W-Band PA at 1.7-2.3 V

The W-band PA is presented in Chapter 2 and was published in [8]. Leveraging the two
Ka-band iterations and custom model improvements from back-modeled simulation results
from measured lab data, the 90 GHz W-band PA utilizes the same design approach and
concepts at three times the frequency. Scaling the design to 90 GHz requires modifications
and new design aspects to address the limited gain (less than 5 dB per gain stage) available.

The W-band design is even more aggressive by pushing PA design to 3x the frequency
and operating the HBT's near their active-gain and voltage limits. The W-band design shares
similar design approaches and PA topologies. Elements of the Ka-band design are re-used
and adjusted accordingly for challenges at 90 GHz. The same 5 pm unit cell is re-used in
different aggregated power-cell layouts. The same core active-bias circuit, high-pass matching-
network structures, collector transmission lines, and base-biasing inverted transmission line
are adopted and optimized for 90 GHz operation.

The extensive DC & RF measurement data from the Ka-band provided valuable insights
into model-to-hardware correlations for the W-band design. DC data provided mutual thermal
coupling details of the transistor-packing configurations. Knowing the weaknesses in the

HBT RF models at high collector voltages and currents, especially around the collector-base



junction, helps to center the large-signal design in the W-band circuits.

Although similar design approaches and some unit cells are carried over from the Ka-band
PAs, all W-band PA circuits and layouts are completely re-worked from scratch— no Ka-band
layouts are re-used directly.

Major differences between W-band and Ka-band implementations include the following:
e The output transistor size is reduced because of the lack of gain.
e An additional gain stage is added (3 common-emitter gain stages).

e The custom inverted microstrip transmission-line structure is modified to be used as a
quarter-wavelength transformer at 90 GHz for base-bias injection (while the Ka-band
design use the custom line in series with spiral inductors as non-resonant inductive

structures).

e The external DC bias resistance is dropped further to just 20 €2 to push higher operational

collector voltages.

e Resonant LC structures (transmission-line stubs terminated in self-resonant MIM
capacitors) are utilized for compact interstage matching network that provide the

required DC blocking and RF matching reactances.

e Resonant MIM capacitors are used to set the reference low-impedance nodes that are
then transformed by the quarter-wave feed lines to high impedances at the bias insertion

points.

e Much larger wideband bypass capacitors arrays with many more instances on-chip:
de-Q’d MIM capacitor arrays provide low-impedance bypass outside of the operating
bandwidth and transistor & bias stability at lower frequencies (< 30 GHz).

The low HBT gain at 90 GHz forces the W-band PA to have another gain stage (3 stages)
over that of the Ka-band designs. Specific local-density layout limitations on the deep-trench
(DT) layer are lifted (that were present in the Ka-band design) which allows HBT unit-cell
transistors to be abutted in 2D arrays rather than 1D arrays separated by > 38 um. The
lifting of the DT rules allows extremely compact 2D aggregated power-cells to be formed,
which aids greatly in reducing inter-cell wiring losses and parasitics at 90 GHz. Unmodeled
increases in mutual thermal coupling must be modeling and estimated, however, to predict

proper DC & RF? performance in the large, compact power transistors.

3RF, in this text, refers to AC signals and not a specific frequency range lower than mmW (i.e. RF vs. mmW).
The terms RF and AC are used interchangeably here, depending on convention.



At the time of publication in [8], this was the highest frequency and highest power silicon
PA. It remains one of the highest power non-power-combined linear PAs in silicon technology
at 90 GHz.

At optimized bias currents and 2.3 V collector voltages, the baseline design achieves
P,y = 19.9 dBm differential output power at 90 GHz, Pigg = 18.8 dBm, and peak-PAE
= 15.4%. The small-signal gain is 14.6 dB with a 3dB-bandwidth from 79-97 GHz (20%).
The measured noise figure of the PA at 1.7 V is 8.0 dB at 90 GHz.

Other design variations (breakouts) are detailed further in the measurement results in
Section 2.11.

4. 90 GHz W-Band 3 x 3 PA Array

Chapter 4 discusses a specific design extension of the W-band PA work presented in [9]. 9
W-band PA elements are fully integrated into a 48 mm? SiGe chip and bonded with arrays of
antennas on quartz to form a quasi-optical, spatially-combined 3 x 3 PA array. Each element
in the array is based on the standalone W-band PA presented in Chapter 2. This PA array
work was done in collaboration with Yusuf Atesal, Berke Cetinoneri, Ramadan Alhalabi, and
Gabriel Rebeiz at University of California, San Diego.

The personal, primary contribution to this collaboration was to transfer the W-band
PA design, determine suitable bias points for reliable array operation, help re-tune design
elements to center the design to 94 GHz with an additional gain stage, and assist in stabilizing
the low-frequency response of active biasing networks that have long DC and RF-bias feed
lines. In addition, extensive RF % DC measurement data from the standalone W-band PA
work provided valuable comparisons with the new HICUM HBT model used in the PA array
simulations.

The 3 x 3 PA array operates at 2.0 V & 1.6 A current and achieves a measured EIRP
of 33-35 dBm (3.16 W) at 90-98 GHz. (EIRP measurements above 98 GHz are limited by
the available source power of the measurement system.) The total on-chip SiGe PA power
output of all 9 PA elements is 21-21 dB, and the total radiated power is 17.5-19.5 dBm.

1.1.3 Summary of Contributions

This section summarizes key contributions of the power amplifier research presented in

this dissertation.

e This work demonstrates power limits of standalone, highly linear Class A/AB PAs
in SiGe at Ka-band and W-band without additional power combining. The PAs are
designed with suitable gain (> 10 dB) and PAE (> 10%) for integration into PA



arrays or all-silicon transmitters. The designs follow reliability guidelines for 100,000

power-on-hours (11 years) lifetime at 100°C, a typical target for commercial products.

e At the time of publication, the Ka-band PA was the highest output power silicon PA
at 30 GHz with P, = 19.4 dBm* & 11.2% PAE. A previously unpublished iteration
of the improved Ka-band PA raised the power to P, = 21.3 dBm & 13% PAE.

e A second iteration of the Ka-band PA uses much larger transistors (45 pm and 90 pm)
and is optimized for powers closer to Pigg operation at 1.7 V. The measured results are
P = 24.2 dBm @ 33 CHz with Voo = 2.2 V, peak-PAE = 22.3%, Pas = 14.5 dBm,
maximum small-signal gain = 14.5 dBm, and 3dB-bandwidth = 20.5-36.5 GHz (16 GHz
or 56% BW).

e At the time of publication, the W-band PA was the highest frequency SiGe PA and
also the highest output power silicon PA at 90 GHz. To this day, it is still one of the
highest output power linear Class A/AB PA in 0.12 um SiGe BiCMOS at 90 GHz
with P,; = 19.9 dBm with 15% PAE. Previously unpublished results from two
design variations are also presented: P,; = 20.3 dBm & 15.5% PAE @ 83 GHz;
P, = 19.4 dBm & 12.4% PAE @ 94 GHz.

e At the time of publication, the W-band 3 x 3 PA array was the highest output power
measured of any SiGe PA system, power-combined or otherwise. The spatially-combined
array outputs an EIRP of 33-35 dBm at 90-98 GHz.

e This work presents a scalable circuit topology and unit-cell design approach that
was successfully scaled from 30 GHz to 90 GHz and integrated into a wafer-scale
array. The techniques can be further scaled in advancing SiGe HBT technologies up to

~ 0.45 X fuax frequencies.

e Extremely low external HBT base resistance designs of 20-40 €2 and associated active-
biasing circuits are successfully implemented to push operational collector voltages past
BVego = 1.8 V.

e Unit-cell resonant structures are successfully applied across the entire PA chips. Al-
though designs may shift in small-signal center frequency by 2-3% with process vari-

ations, the wideband PA large-signal performance remains well-centered after some

4All output powers reported in this section are differential values derived from adding 3 dB to single-ended

measurements due to limited available source power and measurement equipment constraints. The PAs
have differential inputs and outputs but no measurement baluns on-chip or off-chip for fully differential
measurements due to limited available source power to drive the PAs fully into compression at Pig.
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tuning via biasing adjustments. Process variations and model deficiencies do not de-tune
the PA performance characteristics since critical, sensitive elements track together with

< 0.1% relative matching,.

The PAs achieve high performance despite known modeling and simulation limitations.
The original transistor models, based on the VBIC compact transistor model, have
convergence issues above 1.5-1.7 V when the PA is pushed into gain compression.
Optimizing the biasing and large-signal matching is particularly challenging, and bias
voltage & current tuning provisions are incorporated in each gain stage to allow for

proper compensation at the measurement bench.

This work demonstrates that a well-optimized common-emitter topology can deliver as
much if not more output power than other Class A /AB linear power amplifier topologies,

including cascode implementations within the same technology.

This work demonstrated that maximum output power is achieved at 2.3 V for common-
emitter PAs in SiGe 8HP. Beyond 2.3 V, because of impact ionization effects, there are
no additional gains in maximum output power. Certain bias conditions can even result
in degradation of maximum achievable output power. These observations could only be
found by testing silicon samples in lab and was not characterizable via simulation due

to model limitations at these operating limits.

Custom models are extracted for the mutual thermal coupling of 5 wum HBT unit-cells
within densely-packed in 2D arrays. The mutual thermal coupling coefficients are found
for the custom aggregated power-cells of each gain stage and applied to HBT models in
order to better predict and optimize the DC & RF performance.

At W-band, this research was the first work demonstrating a power transistor created
from densely-packed, minimally-spaced 5 um npn cells in a 2D array with overlapping
deep-trench edges. Ballast resistors, which are typically required for preventing de-
structive thermal runaway from current hogging on the individual emitter fingers, are
shown to be unnecessary in this implementation. This allows for improved RF gain
& power since ballast resistors may be omitted with appropriate transistor sizing and
interconnects within the aggregated PA cell can be minimized to reduce additional

wiring parasitics.

The PAs are designed specifically with back-modeling in mind. The designs use
judiciously-chosen unit cells for transistors, MIM capacitors, bias networks, and certain

transmission-line structures. Very similar structures in interstage matching and input
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& output matching are also chosen such that complexity of back-modeling is reduced.
This methodology also ensures that modeling errors and process biases affect the PA
in a way that does not severely degrade performance. For example, the design uses
similarly-parameterized transmission lines, nearly-identical bias networks, similarly-
scaled power transistor layouts, and similarly-configured wideband bypass capacitor

arrays.

The PA back-modeling is used to refine models for more accurately simulating large-
signal performance, especially at higher collector voltages above 1.7 V, and allowing
design optimization in follow-on designs. For example, the back-modeling refines
the HBT transistor model of the custom power transistors created by aggregating
densely-packed 2D arrays of smaller HBT unit cells. Custom modeling around the
foundry-supplied model accounts for unmodeled mutual thermal coupling and adjusts
collector-to-base capacitance Ccp to fit observed impact-ionization & thermal effects
in the measured PA. By performing back-modeling in-situ at the PA level rather
than an individual device level, the back-modeling is simplified to a more manageable
problem focused on parameters that have greatest impact on the performance metrics of
interest. The approach of using unit cells and similar circuit structures greatly reduces
the complexity of back-modeling. These resulting model refinements were used for
improving the subsequent PA designs— the second Ka-band iteration and then the
scaled W-band design.

The PA design includes integrated on-chip active biasing with low DC impedances
presented to the base terminals of the power transistors. The 20 €2 external base
resistance is the lowest resistance used to date with on-chip active biasing for SiGe
mmW PAs. This low external base resistance allows transistor collector DC voltages to
be biased above BVcgo = 1.8 V and peak RF/AC voltages to approach BVggo = 6.0 V

resulting in higher output powers in common-emitter configuration.

Active on-chip biasing with current-mirrored references allows for fine bias tuning in the
lab environment, even at high collector voltages, e.g., Voc = 2.3 V, where setting the
bias currents becomes extremely sensitive. Fine tuning is required during measurements
because the HBT transistors are being used in a region where they are not accurately
modeled (i.e., densely packed in a 2D array and at high collector voltages & currents).
Since each gain stage’s power transistor size and layout is different, each stage must

have provisions to tune the bias points independently.

A novel stacked My, (stacked M2, M3, and M4 metals) transmission line is designed
for the quarter-wavelength base-biasing feeds using metal layers M1, M2, M3, and
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M4, which are thin lower-level copper layers not typically meant for RF transmission
lines. The custom microstrip line runs beneath the global RF ground shield, allowing it
to route underneath transmission lines above the ground shield, facilitating compact,
differential layout while presenting the necessary DC and RF external impedances to
the power transistor’s base terminal: a very low external DC resistance (20 2) and a

high RF impedance (> 120 ) via quarter-wave transformation network.

For each of the Ka-band and W-band designs, a die was tested for over 500 power-on
hours from 1.7-2.3 V at room temperature under various RF input powers with no
measured degradation in RF performance. The design follows foundry guidelines for
100,000 power-on hours at 100°C, e.g., transmission-line sizing, metal-via density for

transistors and capacitors, and power-transistor wiring.

Noise figure is measured for the W-band PA; this is the first known noise measurement
done on a SiGe W-band PA. The measurements show that the PA has comparable noise
figure (8-9 dB NF) to dedicated low-noise amplifiers near 90 GHz in the same SiGe
8HP technology. Although the high power dissipation of the PA makes it unpractical
to use as a standalone low-noise amplifier (LNA), this measurement demonstrates that

the PA contributes little noise to a transmitter chain.

The output power at 1 dB gain compression, Pqg, is characterized over a large
bandwidth. These were the first published SiGe mmW PA works in W-band and
Ka-band to provide Pj4qp results over frequency. Pigg provides an important reference
to expected large-signal linearity. (Its measurement is especially time-consuming at

W-band with manually-tuned frequency & power sources.)

The PA design is ready for integration into a larger system, as demonstrated by the 3 x 3
PA array. Numerous bypass capacitor arrays provide wideband stability. Additionally,
matching networks and biasing networks are designed to help stabilize the transistor
response at low frequencies (below 10 GHz) where the HBTs intrinsically have high
RF/AC gain. Integrated active-biasing networks provide stable bias references for the

power transistors.

The PA architecture has built-in electrostatic discharge (ESD) protection on the RF
input and output pads because of the shunt-stub high-pass matching network designs.
The PA can drive off-chip loads such as antennas while being ESD-compliant at the RF
I/O. Typically, ESD protection on RF I/O is omitted due to severe degradation of RF

performance, especially at mmW frequencies.
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Table 1.1: Comparison of GlobalFoundries SiGe BiCMOS technology nodes; HP = high-
performance HBT, HB = high-breakdown HBT [1-5]

HP HB

Process Lith fr fuax BVceo BVecso  fr fmax  BVeeo BVeso

(um) (GHz) (GHz) (V) (V) (GHz) (GHz) (V) (V)
5HPE 0.35 43 79 3.3 11.0 17 38 9.6 23.0
6HP 0.25 47 88 3.35 10.5 27 70 5.7 14.0
THP 0.18 120 100 1.8 6.4 27 57 4.25 12.5
TWL 0.18 60 120 3.3 11.0 29 90 6.0 16.0
SWL 0.13 100 200 2.5 8.75 54 170 4.7 16.0
S8HP 0.13 210 265 1.8 6.0 60 225 3.55 12.0
8XP 0.13 250 330 1.65 5.65 67 225 3.30 11.7
9HP 0.09 300 360 1.7 5.30 135 350 2.5 8.0

Silicon Foundry Technology

GlobalFoundries’ fifth-generation 90 nm SiGe BiCMOS 9HP process (fr = 300 GHz
& fuax = 380 GHz) recently became available for limited-access design prototyping. The
faster GF 9HP HBT transistors provide approximately 3 dB more available gain at 100 GHz
compared to GF 8HP and allow the 9HP HBT's to be used for PAs above 110 GHz in D-band.
SiGe foundry technology continues to advance in 4-year development cycles. Table 1.1
outlines the current five generations of GlobalFoundries SiGe BiCMOS technology ® Table 1.2
presents the current ITRS roadmap for future SiGe HBT technologies [29].

Table 1.1 compares key transistor metrics of five generations of GlobalFoundries’ SiGe
BiCMOS technology.

SOI CMOS development, driven by the need for extremely low-powered digital-logic 1Cs
for mobile devices, has seen aggressive foundry technology development. Commercial CMOS
& SOI processes now achieve similar fr/ fuax values to SiGe processes [30-32]. SOI processes
have been used to design successful mmW PAs. The low-resistivity of bulk CMOS makes
mmW design significantly more challenging that SOI, but successful designs have also been
demonstrated [33-35].

In FET devices, for both bulk CMOS and SOI devices, the fr metric scales approximately

SEach generation is prefixed by the same number: 5 (1st), 6 (2nd), 7 (3rd), 8 (4th), and 9 (5th). 6HP is a
laterally-scaled version of 5HPE with similar HBT performance (fr).
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Table 1.2: ITRS technology roadmap for SiGe HBT development

(nm) (mA /pm?)
2014-2016 115 1150 282 432 1.70 4.9 14.6
2017-2020 88 880 394 557 1.65 4.5 23.3
2021-2024 66 660 502 766 1.55 4.3 33.1
2025-2028 44 440 641 1087 1.55 4.1 71.0
2029 22 220 760 1470 1.05 3.9 118.5

inversely with transistor nFET gate length [36]:

1

Lgate

fr o (1.1)
The results of device scaling on fr and supply voltage (Vpp) is summarized for bulk CMOS
and SOI devices in Table 1.1.3. Peak f7 of bulk CMOS nFETs is roughly half that of SOI.

From an fr figure-of-merit standpoint, 120 nm SiGe HBTs have achieved comparable
performance to nFETs two technology nodes ahead in 65 nm bulk CMOS [37]. A process’s
peak fr/fuax is usually quoted for the core transistor without interconnects and other
wiring parasitics. Operation near these quoted fr/fuax figures-of-merit can be more easily
approached with digital circuits and some mixed-signal circuits where interconnect wiring is
done primarily on low-level metals. However, when transistor devices are examined in the
use context as RF devices that require wiring to top-level metals of low-loss transmission
lines, fr of SOI devices drop significantly more than those of SiGe HBTs. 130 nm and 90 nm
SiGe HBTs have been measured to have considerably higher fr/fuax than 32 nm SOI once
wiring to top-level metal is considered [38].

A significant challenge for SOI PAs is the low DC drain-source voltages allowed on the
FETs. For the same fyax as a BICMOS process, the allowed drain-source voltages are much
smaller in SOI. For instance, nFET devices in 14-45 nm SOI CMOS operate at Vpp = 0.8—
1.0 V and RF swings across any two FET junctions are limited to 2 x Vpp = 1.6-2.0 V
maximum for long term reliability [39, 40]. To overcome the low voltage limitation, stacked
FET topologies, usually in nonlinear switch-mode PA configurations, are used to increase the
output power out of the FETs. Additional output power combining can also be applied to
the stacked-FET switch-mode PA.
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Table 1.3: Bulk CMOS & SOI Scaling Effects

Lithography fr Supply Voltage
Technology (nm) (GHz) V)
130 90 1.2
90 120 1.2
Bulk CMOS 65 160 1.2
55 190 1.2
40 260 1.1
28 310 1.0
90 250 1.2
65 320 1.2
45 485 1.0
SOI 32 550 0.9
22 900 0.8
14 1400 0.8
12 1600 0.75

For the same area, prototyping costs of 90 nm SiGe BiCMOS and 45 nm SOI CMOS
technologies are currently nearly double the cost of 130 nm SiGe BiCMOS. GF SiGe S8HP
and other 130 nm (fr ~ 200 GHz) SiGe technologies are still widely used today for research
in switch-mode (Class E/F) mmW PAs and especially in large-area, highly integrated RF
circuits at 24 GHz, 30 GHz, 60 GHz, 77 GHz, and 90 GHz [41-50]. Linear-mode Class
A/AB mmW PA research has moved to 90 nm SiGe BiCMOS (9HP) and frequencies above
110 GHz, extending mmW linear PA techniques developed from W-band & 130 nm SiGe
BiCMOS (8HP).

Relevancy to Other SiGe mmW PA Trends

This dissertation work demonstrates the limits of linear Class A/AB output powers and
frequencies in GF 8HP without power combining. Subsequent research in the mmW silicon
PA field includes

e Extending highly-linear Class A/AB mmW PAs techniques to higher frequencies
(> 100 GHz) within new 90 nm SiGe BiCMOS processes such as GF 9HP (fr/fuax =
300/360 GHz).

e Developing more power-efficient and area-efficient on-chip, off-chip, and multi-chip

power-combining techniques.

e Using switch-mode (nonlinear) PA classes & topologies to increase output power and
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efficiency of mmW PAs using SiGe BiCMOS (130 nm & 90 nm) and advanced SOI
CMOS technologies (45 nm and 32 nm).

Because the design methodology presented in this dissertation work is scalable, the PA
design techniques can be applied to new technology nodes that push even higher frequencies
of PA operation. Later follow-on research by lab colleagues using 90 nm SiGe (GF 9HP),
adopting a similar PA design technique presented here, extends Class A/AB linear output
powers to 25.3-27.3 dBm at 68-88 GHz [51] and 20-20.8 dBm at 114-127 GHz (D-band) [52]
by using large-scale 16-way and 8-way reactive on-chip power combining, respectively.

After various works, including the ones presented here, successfully demonstrated the
output-power & PAE limits of highly-linear Class A/AB design techniques in mmW PAs
(~ 30-100 GHz), the focus below 100 GHz has shifted to achieving even higher output
powers with a strong emphasis on efficiency at the expense of PA linearity. To achieve high
output powers (> 20 dBm) with high efficiencies (PAE > 30%) at mmW, highly nonlinear
switch-mode PA classes of operation (e.g., Class E, Class F') have been employed. Switch-
mode PA classes are designed to operate with constant-envelope, constant-amplitude signals
(e.g., PSK) that use the nonlinear PA near its saturated output power level where PAE is
maximum. To use switch-mode PAs for signals with amplitude variation, however, significant
system-level complexity must be added around the PA block to linearize the response; some
techniques even require multiple PAs. Issues of making a highly nonlinear PA usable are
pushed into the supporting baseband-to-RF transmitter architecture. Digital assistance and
linearization techniques such as digital pre-distortion, feed-forward, and envelope elimination
& regeneration must be applied around the nonlinear PA block [11, 53].

The high-volume, commercial feasibility of fully-integrated mmW silicon PAs in high data
rate communications systems (e.g. 5G wireless) has yet to be determined. Class A/AB SiGe
PAs are highly linear, but require additional lossy power-combining techniques to achieve
higher output powers at the expense of efficiency. Switch-mode Class E SOI CMOS and SiGe
PAs, on other other hand, require complex & sensitive linearization schemes and transmitter
optimizations to make the PA usable with envelope-modulated signals like high-order m-
ary QAM (quadrature amplitude modulation) and OFDM (orthogonal frequency-division
multiplexing).

Linear Class A/AB SiGe PAs are still quite relevant in the development of future mmW
systems. For instance, Class A/AB designs are more easily integrated into multi-element
transmit arrays since they do not require many supporting circuits to linearize the response.
In addition, SOI CMOS designs have yet to prove their long-term reliability in PAs because
of severe hot-carrier degradation effects.

Ultimately, decisions around partitioning of a mmW transceiver will determine what
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technology or technologies are chosen. In applications where high linearity is a priority
over efficiency (base stations and access points) III-V GaAs, GaN, or InP chips may still
be required for the final high-power PA stage. In this case, highly linear Class A/AB SiGe
PAs still may be preferred to drive III-V PA rather than more non-linear Class E SiGe
stacked-HBT or Class E SOI stacked-FET solutions. In applications where efficiency is the
priority (mobile, low power), SOI Class E PAs have the advantage of efficiency and integration

with mixed-signal & digital circuits on the same substrate/chip.

1.2 Introduction to mm-Wave SiGe PAs

Millimeter-wave (mmW) frequencies are defined by the International Telecommunication
Union (ITU) as the extremely high frequency (EHF) band covering radio frequencies from
30-300 GHz, which corresponds to free-space wavelengths between 1-10 mm. For this
dissertation, power amplifier (PA) designs are implemented in commercially-available silicon
geranium HBT technology within two millimeter-wave (mmW) frequency bands: Ka-band
(26.5-40 GHz, Ao = 11.1-7.5 mm) and W-band (75-110 GHz, A\ = 4.0-2.73 mm). Popular
W-band applications include collision-avoidance radar (94 GHz), medical & security imaging
(85-110 GHz), automotive radar (76-81 GHz), point-to-point wireless communications (26—
80 GHz), and last-mile wireless backhauls (75-95 GHz) [1]. Popular Ka-band applications
include mobile communications (including possible new 5G cellular radio standards), satellite
communications, radar, imaging, and point-to-point wireless backhauls. Atmospheric windows
within Ka-band and W-band provide frequencies where there is lower attenuation from
atmospheric oxygen and water vapor gases: 0.1 dB/km around 30 GHz and 0.4 dB/km
around 90 GHz at sea level [54].

Silicon germanium BiCMOS technology offers major advantages in the system integration
of complex transceivers because of its ability to utilize large areas and integrate many
types of circuits, including power amplifiers. SiGe BiCMOS allows for low-cost, high-volume
integration of RF, analog, mixed-signal, and digital circuitry all on a single chip. Sophisticated
power control, built-in self-test, and calibration & tuning can also be fully integrated.

Since higher frequencies in mmW correspond to shorter wavelengths, compact transmission-
line structures and multi-element arrays can be integrated easily onto a single silicon substrate.
The guided wavelength within silicon dioxide (SiOs) is roughly half that of the free-space

wavelength:

(1.2)

where €, = 4.1 for silicon dioxide.
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Distributed transmission-line & passive structures (e.g., inductors) typically dominate the
area of mmW IC designs, so higher frequency mmW circuits shrink the size of the silicon chip.
Additionally, the larger reticle areas of advanced silicon processes (e.g., 18 x 20 mm? for
8HP, 25 x 30 mm? for 45 nm 12SOI/45RFSOI) allow very high integration of mmW circuits,
from RF to mixed-signal to digital circuits within a single chip, which is not possible in ITI-V
technologies. The large wafers of silicon processes (200 mm/8 inches in 8HP; 300 mm/12 inches
in 12S0I) also allows wafer-scalable designs to utilize entire wafers for applications such as
large-scale multi-element phased arrays in silicon. A 200 mm wafer can support stitching
up to 60 reticles while a 300 mm wafer supports up to 100. Examples of recent successful
wafer-scaled phased arrays in silicon can be found in [55].

Advanced silicon technologies, including SiGe and SOI CMOS, create opportunities to
open up mmW frequencies to high-volume consumer wireless applications where bandwidth
& capacity are needed urgently. Prior to the recent advances in mmW silicon technology,
III-V technologies (e.g. GaAs/InP HBT, HEMT, MESFET) were the only practical options
to design for commercial applications above 24 GHz.

For telecommunication systems, moving from sub-6 GHz to mmW frequencies provides
much-needed bandwidths to support the rapid growth of mobile data consumption, currently
driven by streaming video and cloud-based data storage & services. The larger bandwidths
available at higher frequencies provide larger channel capacity, as shown by Shannon’s capacity

theorem for an additive white Gaussian noise (AWGN) channel:
C = BWlog, (1 + SNR) (1.3)

where C' is the channel capacity in bits-per-second (bps), BW is the bandwidth in Hz, and
SNR is the signal-to-noise ratio (unit-less). The increased available bandwidths at mmW
frequencies is utilized to increase, significantly, maximum data rates per user and the total
number of users supported within a channel.

For wireless communications systems above 60 GHz, the PA phase-noise and linearity
requirements are a somewhat relaxed since the greater bandwidth available allows for fewer
bits per Hertz and hence lower-order constellations [56]. For radar and imaging systems,
moving to higher mmW frequencies provides more resolution in ranging and imaging needed

to support increased automation, e.g., autonomous vehicles and automated manufacturing.

1.2.1 mmW Power Amplifiers

A power amplifier is a large-signal amplifier that pushes beyond pure small-signal operation

with weak nonlinearities toward the limits of a transistor where strong nonlinearities and
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clipping effects dominate. RF power amplifiers often push the transistor to the extremes of
allowable voltage and current ranges (Vinax, Imax), limited by transistor breakdown voltages
and electromigration current limits.

Power amplifiers are normally the highest power-consuming block in RF transceivers.
However, obtaining high output powers in silicon processes is extremely challenging because
of silicon’s inherent lower bandgap energy (Si: 1.12 eV, Ge: 0.66 eV) relative to III-V
materials (GaAs: 1.424 eV, InP: 1.344 eV). Fully-integrated SiGe power amplifiers (PAs) are
particularly attractive for phased-array and point-to-point communication systems where a
full silicon system-on-chip solution can replace complex GaAs-based T/R modules [57]. This
results in lower-cost and higher-reliability solutions for mmW systems. SiGe technology has
demonstrated the capability of generating significant millimeter-wave linear (Class A/AB)
power amplification within W-band (75-110 GHz) with reasonable efficiencies [14, 21, 26, 58—
60].

High output powers and high efficiencies are difficult to achieve in SiGe PAs at mmW
frequencies because of low available transistor gain and low breakdown voltages in HBTs.
Typically, commercial designs of high-performance RF circuits at frequency f, target tech-
nologies with fr & fyax > 20x the operating frequency. High fr/fy ratios allow RF circuit
solutions to have low complexity and high performance in terms of gain, linearity, noise, and
efficiency. For mmW circuits in SiGe, the limited gain is an important design challenge,
especially for PAs, which typically require gain compression to achieve maximum output
powers & PAE.

The maximum available HBT common-emitter small-signal gain can be estimated from
the fMAX [56]

Ghac(dB) = 201ogy, (f “J{;*X) (1.4)

This estimation is valid above frequencies where the HBT is unconditionally stable (Rollett®
K >1). MAG drops at a 20 dB/dec slope (-6 dB/oct). For GF 8HP, the MAG estimation
in Eq. (1.4) is valid above ~ 20-40 GHz, depending on bias conditions & parasitics, or
equivalently, > 0.10-0.15 x fyax. At lower frequencies where K < 1 and transistor stability
is not guaranteed, maximum stable gain (MSG) is quoted. MSG increases at 10 dB/dec slope
(-3 dB/oct) with decreasing frequencies below ~30 GHz in 8HP.

Low transistor gain at mmW frequencies necessitates additional PA gain stages, which
generally leads to more complexity &area (more biasing, more interstage matching), in-

creased power consumption, more nonlinearity, less efficiency, less design margin for pro-

6See Appendix A
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cess/voltage/temperature (PVT) variations. Low transistor gains also leave fewer options to
trade off any excess transistor gains for increases in circuit bandwidths.

GF SiGe 8HP integrates high-breakdown (HB) HBT devices alongside high-performance
(HP) HBTs by selectively doping collectors with lighter doping profiles. High breakdown
devices have collector-emitter breakdowns between BVigo = 3.55 V to BVego = 12.0 V
depending on the external bias conditions. The reduced collector doping decreases the fr of
high-breakdown devices considerably to 60 GHz. Although the fyax of the high breakdown
device is still 225 GHz, the low fr indicates that the device is not able to provide significant
current gains at mmW frequencies > 24 GHz, which limits the range of useful RF output
impedances that the HBT can drive beyond 24 GHz.

1.2.2 Power Amplifier Metrics

This section covers some key system-level metrics of power amplifiers such as bandwidth,

gain, Pigg, P.., PAE, and linearity.

Frequency and Bandwidth
Gain

The large-signal gain of a PA— gain when output powers are high relative to small-signal
levels— can be more or less than small-signal gains, depending on the PA class and design
details. Purely Class A PAs have large-signal gains that are close to small-signal gains until
the large-signal gain begins compressing near Pjgp) output levels. The large-signal gain
decreases as the PA begins to saturate. Class AB amplifiers may have large-signal gains that
are larger than their small-signal gains, depending on the PA biasing points (current, mostly)
and resulting conduction-angle reduction as well as gain expansion with increasing input

powers.

PldB

P4 is the output power” when the small-signal gain compresses by 1 dB. For Class AB
amplifiers that experience gain expansion, Pigp is the output when when the peak small-signal
gain compresses by 1 dB, which gives the most conservative Pigp values.

Fig. 1.1 illustrates the Piqp point relative to the gain (slope) of the P, versus P, curve

of the amplifier.

"Sometimes OPiqp is used to differentiate between input & output Piqg, but all references in this text will
refer to Pigp as the output 1 dB gain-compression point.
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slope = Gain

» P;, (dB)

Figure 1.1: Hlustration of Pigp, gain, gain compression, and P, for a conceptual P, versus
P.,, amplifier response.

P4 can provide a rough estimate of linearity performance in terms of third-order
intermodulation products (IM3) [61].

IIP; = IPyg5 + 9.6 dB (1.5a)
OIP3 = OP4p + 10.6 dB (1.5b)
IPldB = OPldB - [Gss<dB) —1 dB] (15C)

where Gsg is the small-signal gain— the amplifier under small RF input powers such that
there is no gain compression.

The estimate is only a rough rule-of-thumb for simple weakly nonlinear systems up to
third-order nonlinearities since amplifiers and cascaded amplifiers with strong nonlinearities
(clipping, higher-order nonlinearities and harmonics re-mixing and interacting, higher-order
nonlinearities, memory effects) affects the ratio and requires dedicated Volterra series modeling
for the circuit interactions, but looking at output Pigp for linear Class A/AB amplifiers gives
a rough idea of nonlinearity. Near P4g, the large-signal nonlinearities are different than the
small-signal nonlinearities due to saturation and hard clipping. Thus, OIP3 can be smaller
than P + 10.

Linearity at PA output powers must ultimately be measured with real, modulated signals
and error-vector magnitude (EVM) measurements or adjacent channel power ratio (ACPR)

from spectral re-growth when PA is operating near maximum output powers. Small-signal

22



extrapolations of small-signal two-tone IP3 does not fully capture the actual linearity of the

PA with real signals near compression.

P, sat

Pyt is the maximum output power, which occurs when the Class A/AB PA is in heavy
gain compression: typically > 3 dB gain compression compared to small-signal values. At
P,,; output power, increasing the PA’s RF input power does not result in additional output

power— the output power saturates.

Efficiency

Peak PAE is the power-added efficiency at its maximum value (across output powers),
which usually occurs past Pjgp output powers in Class A/AB PAs. In highly linear Class
A/AB PAs, as input power P, is increased from small-signal levels, P, and PAE also
increase. PAE peaks, depending on design, at a particular gain-compression point. Increasing
the RF input power to drive a PA further into compression beyond peak PAE results in more
P,y output power, but less PAE due to the dropping gain (from amplifier compression).

Many common definitions for power amplifier efficiency, n, are used depending on the
system considerations and priorities [6], and a few of the most commonly quotes metrics are
discussed here.

The simplest metric of efficiency is 1 in Eq. (1.6) which only considers the overall DC to
RF-output-power conversion efficiency. The DC power dissipation is that of the entire PA,

biasing circuits and all gain stages. RF input-power requirements are not considered.

_ Frrou (1.6)

Ppc
The power-added efficiency (PAE) in Eq. (1.7) is the most relevant efficiency metric for
mmW PAs since amplifier gain is very limited at high frequencies (i.e., < 10 dB per gain
stage), and the required input powers are non-negligible. PAE takes into account the RF

input power requirements to drive the PA into high output-power operation.

P out — P in
MpAE = — ;3 i (1.7)
DC
PAE is directly affected by the system gain, and Eq. (1.7) can be re-written in terms of

operating power gain factor (non-dB), G, as shown in Eq. (1.8).

B out T B in PRF,ou - P out 1
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An alternative definition of efficiency is overall or total efficiency, which also takes into
account the power required for the RF input. Unlike PAE, which can be negative, the lower
bound on total efficiency is 0% at low PA gains.

PRF,out (1 9)
Ppc + Prr,in '

Toverall = Tltotal =

When PA powers gains are high, the required RF input powers become negligibly small,
and the various efficiencies all converge to
o PRF,out

n= P— ~ NPAE = Thtotal =~ Toverall (hlgh gain) (11())
DC

For multi-stage mmW PAs with transistors operating near their frequency limits, low
gain impacts the overall cascaded, system PAE. The cascaded PAE of a three-stage power
amplifier is approximately [20]

1
TIPAE, cascaded ~ 1 1 1 ( 1.1 1)

NPAES G3npAE2 + G3GanpaE1

where G73 is the power-gain factor (non-dB) of the third gain stage (i.e., 6 dB gain equates to
G = 4) and npage is the PAE efficiency factor of the first gain stage (i.e., 10% PAE equates
to npag1 = 0.10). The PAE of the final output stage has the largest affect on the cascaded
3-stage PAE and is the upper bound of the realizable cascaded PAE.

Since most of the overall PA system efficiency is typically limited by the output-transistor
stage, examining the efficiency of the output transistor provides valuable insight into how
efficient the final-stage output transistor is operating with respect to the output load line.
Collector efficiency (or drain efficiency, for FETS) is a measure of the output transistor’s
efficiency, ignoring RF input power requirements, biasing circuit power dissipations, and all
power dissipation in preceding gain stages. Collector efficiency n¢ is given in Eq. (1.12).

PRE out

ne = (1.12)

PDC,output transistor

The figure of merit only considers the output transistor and the losses of the output
transistor and output-matching network. The maximum efficiency, theoretically, is no = 0.5
or 50% for purely Class A operation with no output-matching losses. Moving the PA into

Class AB and higher-order operation increases the theoretical limits of no closer to 1.00

(100%).
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Table 1.4: Impact of communication signal types with various peak-to-mean-envelope power
ratios (PMEPR) on maximum achievable for ideal linear Class A power ampli-

fiers [6].
Sional PMEPR Class A
& (dB) PAE (%)
FSK (MSK, GMSK) 0 50
QPSK 3.6 21.9
/4 DQPSK 3.0 25.1
OQPSK 3.3 23.4
8-PSK 3.3 23.4
64-QAM 7.8 8.3

1.2.3 Linearity

Signals with constant-amplitude envelopes— no amplitude variations—, such as continuous
wave (CW), frequency modulation (FM), frequency-shift keying (FSK), and minimum-shift
keying (MSK) do not require high PA linearity since the signals only use phase modulation,
and power amplifiers can be optimized around this key operating condition. Examples of
constant-envelope signals include frequency-modulated continuous-wave (FMCW) automotive
and short-ranged radar at 24 GHz and 77 GHz.

Linear amplification is required, however, when the signal amplitude has an envelope.
Most modern high data-rate digital communications systems employ signals that contain
both amplitude and phase modulation, such as QPSK, m-ary QAM, and OFDM. Unlike
the constant-envelope case, amplifier linearity becomes critically important to the system
performance.

Effects of PMEPR® (peak-to-mean-envelope power ratio) on amplifier efficiency is shown
in Table 1.2.3.

Even systems that use constant-envelope modulation like QPSK or PSK may need
significant power amplifier linearity if multiple channels are aggregated. Multichannel
communications systems like OFDM may use orthogonal subcarriers that have constant-
envelope modulations on the subcarriers, but the composite signal of the combined subcarriers
results in a signal waveform that contains an amplitude-modulate envelope. Every doubling
of combined sub-carriers increases the PMEPR/PAR by +3 dB [62]. In other words, for PAs,

8PMEPR is also known as peak-to-average power ratio (PAR) to circuit designers.
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additional power back-off (away from the onset of compression) is given by

PMEPR (dB) = 10log,, N (1.13)

where N independently-modulated carriers are combined into a multi-carrier signal.

For a fixed data rate in a system, PA linearity requirements reduce as the operating
frequency increases because available bandwidth typically increases with frequency, as well.
Lower-order, less complex modulation schemes with less power-back-off requirements (linear-

ity) can be used to achieve the same data rates.

1.2.4 Linear Classes of Operation

The system-level transceiver design and intended signal modulation help determine a
PA configuration and operating class: biasing, input drive, output loads, and harmonic
terminations. For this work, the goal is to design highly linear Class A/AB amplifiers as
outlined previously in Section 1.1.1.

In linear-mode amplifiers (Class A, AB, B— non switch-mode), the choice PA DC biasing
affects the overall performance.

Class A offers the best linearity, small-signal gain & bandwidth, but lowest power efficiency.
Biasing a PA into Class AB offers better efficiency at the expensive of gain and linearity
relative to pure Class A. One means of increasing the overall PAE of a 3-stage PA is to
decrease the DC biasing of the final output stage into Class AB (more efficient, but less gain
& linearity) while the earlier gain stages are maintained in Class A (less efficient, more gain,
and more linear).

Other classes of PAs can offer even higher efficiencies over Class AB, but their small-signal
gains become very small and will drop significantly as input signal levels decrease. Small-signal
gains drop as quiescent biasing drops deeper into Class AB with further-reduced conduction
angles. For signals with amplitude envelopes, the nonlinearity must be must be corrected
via supplemental circuits like envelope elimination & restoration (EER), feed-forward, out-
phasing, pre-distortion, and digital signal processing. If a multi-stage PA is designed to have
high efficiency but very low total gain (< 10 dB gain from PA input to output), then the
problem of generating enough input power to drive the PA is being ”pushed back” into a
preceding amplifier driver. The PA driver would need to deliver more input power to the
low-gain PA (versus a high-gain PA), and this impacts the overall achievable PAE of the

entire transmitter chain— PA and input drivers.
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Class A

In Class A operation, the HBT operates as a current-dependent current source. Of all PA
classes, pure Class A offers the best small-signal gain, bandwidth, and linearity & harmonic
distortion at the cost of power efficiency. Increasing the quiescent DC current or decreasing
the input drive power decreases the distortion levels and harmonics seen at the PA output.
Class A is useful for pushing a highly linear PA to high frequencies where transistor gain
falls off quickly with frequency (toward fr/fuax’)-

Amplifier linearity is required when the signal contains amplitude modulation (varying
amplitude envelopes) either alone or in combination with phase modulation schemes.

Other PA classes may have to sacrifice small-signal gain and linearity in order to preserve
gain under large-signal conditions.

Purely Class A designs operating far from output compression can rely on traditional
linear amplifier design approaches based on small-signal S-parameters. Such designs are
common in measurement lab amplifiers where high linearity is a priority and minimal wave
distortion is desired. Efficiency is not a particular concern. Gain, noise, and linearity within
are usually more important rather than output power and PAE. Most useful power amplifiers
in mobile communications systems, however, put great emphasis on output power and PAE
(and require that the peak signal envelope reach close to the saturated output power levels).

With little gain at W-band, Class A approach preserves the most small-signal gain.
Whether small signal gain and linearity at small input levels are required depends on the
system design. If the system requires uniform gain over wide input powers, Class A or mild
Class AB are appropriate. If the system operates the PA at a fixed high output level (or
always near compression or saturation), then deeper Class AB or Class B may be more
appropriate.

The large-signal design of purely Class A power amplifiers closely mirrors small-signal
approaches using S-parameters as long as device constraints (maximum voltage, current, and

power dissipation) are properly taken into account.

Class AB and Overdriven Class A/AB

Decreasing the standing quiescent current such that a PA operates in Class AB trades off
some linearity & small-signal gain for higher efficiency.

Conduction angle is between 360° and 180°, and the output transistor is one for more than
half the cycle buy less than the full cycle of a sinusoidal input signal. The output conduction

angle is a function of the input-signal power level. Near peak amplitudes, the output signal

9In this text, all instances of fr /fmax are to designate ” fr or fyax” and not 7 fr divided by fuax”.
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is distorted, compared to purely linear Class A.

Gain compresses as input powers are increased because the output voltage begins to
saturated and clip.

In Class AB operation, the quiescent bias point is reduced such that the negative side
of the swing cuts off the transistor (i.e., current is turned off). The conduction angle is a
function of drive amplitude as well as quiescent bias point [63]. BJTs biased down into deep
Class AB tend to show low small-signal gains and then a great deal of gain expansion at
higher input drives. Class AB is a slightly nonlinear amplifier, depending on the operating
regime. The second harmonic dominates the harmonic content outside of the fundamental.

As operation pushes deeper into Class AB (at reduced conduction angles closer to Class
B), the power gain of the device drops as well as the linearity (distortion and harmonics).
Deep Class AB' (closer to Class B) operation typically trades off 3-6 dB of small-signal
gain, for instance, but efficiency over wide input powers and peak efficiency can be increased

over operation closer to Class A since the DC quiescent current is reduced.

Conduction Angle and Harmonic Content

Harmonic content arises from the chosen conduction angle as well as input drive level
(input power).

Fig. 1.2 illustrates the amplitude of harmonics in output currents generated through
various conduction angles'! [63].

Purely Class A operation occurs when the conduction angle is a full 360°: the transistor
acts as a linear controlled collector-current source and is always on & conducting an output
collector current. The Class A output transistor is always conducting during the full cycle of
the input signal. Class AB is defined anywhere between 360° to 180° (Class B). From a full
conduction angle of 360° (Class A) to a half conduction angle 180° (Class B), the primary
harmonic content at the collector of a Class A, B, and AB PAs is the 2nd harmonic. Class C
amplifiers have conduction angles below 180°, and the 3rd, 4th, and 5th harmonic amplitudes
increase significantly while DC amplitude decreases. By terminating the harmonics properly,
the output waveforms can be shaped back into sinusoidal waveforms at the fundamental
frequency to increase the overall amplifier efficiency.

If the amplifier is overdriven (clipping) or biased into Class AB (reduced conduction angle

operation), significant harmonic content can be generated, and modified design approaches

107 ight Class AB” and ”deep Class AB” operation are relative, non-exact terms describing biasing points in
relation to purely Class A and fully Class B. Deeper Class AB operation refers to Class AB that is pushing
closer towards Class B.

11GSee Appendix A for the formulas representing each harmonic.
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Figure 1.2: Collector current vs. conduction angle (/.. = 1).
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are required compared to purely Class A. Fundamental concepts in linear circuit design
and analysis such as equivalent resistance assume sinusoidal, small-signal waveforms. When
waveforms begin to clip and when the signal levels change the operating characteristics of
the transistor, traditional small-signal approaches and assumptions break down.

The load line of an overdriven Class A PA, where input level are high enough to clip
waveforms, differs from a purely Class A PA. Much like reduced conduction-angle Class AB
operation, large-signal load-line match to overdriven conditions can result in higher output

powers and efficiency [64, 65]

Class
A < AB »> B « C >

Prund - PMaxLinear (dB)

360 270 180 20 0
Conduction Angle (degrees)

Figure 1.3: Fundamental output power vs conduction angle for input overdrive -2 to 6 dB.

The output power at the fundamental frequency with different input overdrives, relative
to the maximum linear output power— no output current waveform clipping—, is plotted in
Fig. 1.2.4 [63]. The amount of overdrive is relative to the input drive power for maximum,
unsaturated current swing at each conduction angle. From conduction angles ranging
approximately 360°-225° in Class A to AB operation, increased input overdrive powers result
in increased output powers and efficiencies, as shown in Fig. 1.2.4. Thus, a PA, especially
those with multiple gain stages, can be optimized and tuned for additional output power
& efficiency by managing overdrive conditions and harmonic content (waveform shaping)

appropriately. For Class AB and overdriven Class A/AB operation, harmonic components
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Figure 1.4: Efficiency vs conduction angle for input overdrive -2 to 6 dB.
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of collector current waveform should be terminated in shorts to ensure the output current

waveform is purely sinusoidal at the fundamental operating frequency .

1.3 GlobalFoundries SHP Silicon Germanium Technol-
ogy

The presented design uses the GlobalFoundries (GF) SiGe 8HP BiCMOS technology,
formally known as IBM 8HP [66, 67]. GF 8HP is the 4th generation GF SiGe BiCMOS
process and readily available as a high-volume commercial foundry offering in a 200 mm
(8 inch) fab. Reticle sizes in SiGe 8HP are 18 mm x 20 mm, stepped 60 times per 200 mm
wafer. The silicon wafer starts out at 760 um thick and is polished down to 250 wm from the
back side at the end of the fab processing.

The GF 8HP process incorporates a 0.13 um gate-length CMOS process with a 0.12 um
emitter-width HBT device. The 8HP BiCMOS process follows a base-after-gate (BAG)
process with self-aligned emitter where most of the CMOS processing is completed before the
formation of the SiGe HBT base. Only the CMOS source/drain implants remain after the
bipolar device is completed. The deep-trench and subcollector structures and the HBT base
is formed after the CMOS gate.

GF SiGe 8HP has a silicon p~ substrate (¢, = 11.9) with bulk resistivity of 13.5 Q-cm,
which corresponds to a substrate conductivity of 7.41 U/m. The front-end-of-line (FEOL,
in-substrate) process includes oxide isolation structures within the substrate. A shallow-trench
isolation (STI) oxide reaches 0.35 um deep into the silicon substrate. An even higher-isolation
structure, the deep-trench (DT) isolation, is formed from etched 6 pm-deep trenches and
filled with oxide & polysilicon, which are both electrically and thermally insulating from the
substrate.

There are 7 metal interconnect layers in the back-end-of-line (BEOL) process: two
aluminum, four 1x-thick copper, one 2x-thick copper. The 4 um thick aluminum top-level
metal (AM layer) sits within silicon dioxide (SiOs: €, = 4.1) 13.35 um above the silicon
substrate and allows low-loss microwave transmission lines to be synthesized on-chip. High-
density metal-insulator-metal (MIM) capacitors with aluminum plates use a nitride dielectric
(e, = 7.0) to achieve a MIM capacitance density of 1 fF/um?. The back-end-of-line also
includes precision tantalum nitride (TaN) metal resistors with sheet resistance R, = 60.5 /O]
that enables precision resistors to be placed above the SiGe substrate layer.

The PA designs use only the high-performance, high- fr HBT as the active transistor

device— no other active devices are used (such as FETs)—, but additional transistor devices
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are available for higher integration of transmitter blocks. 0.13 um gate-length MOSFET
devices (2.2 nm gate oxide) support 1.2 V operation, and triple-well NMOS nFETs are
available, as well. 8HP supports 1.2 V and 2.5 V digital 0.13 um CMOS transistors as well
as 2.5 V I/O (input/output) transistors. High breakdown HBT transistors (npn) with fr
= 110 GHz & fuax = 55 GHz and vertical-pnp bipolar transistors are available, as well.

Table 1.5 summarizes the technology features of the SHP foundry process'?, and the
metal stack-up is presented in Fig. 1.5. Fig. 1.6 charts the fr and fyax of a GF S8HP
5 um x 0.12 pum HBT (npn) device simulated with the original VBIC model.

Key parameters of interest in power amplifier design are the npn HBT transistor’s fr
(200 GHz), fuax (265 GHz), and BVego (1.8 V), BVepo = 6.0 V. These parameters influence
the available gain and power for large-signal designs in mmW power amplifier designs and

will be discussed in more detail in the coming chapter.

Table 1.5: GlobalFoundries SiGe BiCMOS 8HP Technology Features

High fr npn: Peak fr 200 GHz'

High fr npn: Peak fyax 265 GHz

High fr npn: BVcgo 1.8V

High fr npn: BVego 6.0V

High-Breakdown npn: Peak fr 57 GHz

High Breakdown npn: BVcgo 3.6V

nFET Peak fr @ 1.2 V Supply fr = 110 GHz

nFET Peak fyax @ 1.2 'V Supply fvax = 55 GHz

MIM Capacitor: 1.0 fF/pum? Q = 7-10 @ 90 GHz; Q > 30 @ 30 GHz

12At the time of the initial process release under which the presented PAs were designed, fr = 200 GHz,
originally. Process improvements have since increased the 8HP fr to 210 GHz (a 5% improvement that does
not drastically affect existing 8HP designs). 8HP is quoted as both fr = 200 GHz and 210 GHz, depending
on time of publication. The HBT BVcgo is often quoted from 1.7-1.8 V.

I3 All designs have been fabricated under the earlier SHP process with fr = 200 GHz.
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Figure 1.5: GlobalFoundries SiGe BiCMOS 8HP back-end-of-line stack-up. The process offers

a 4 pm aluminum top metal, a MIM capacitor, and a high-precision TaN resistor
above the active substrate.
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Chapter 2

W-Band SiGe HBT Power Amplifiers

2.1 Introduction

The power amplifier is the highest DC power consuming block of a wireless transceiver.
Higher efficiency reduces the on-chip wire-size requirements when combining multiple PA
elements in a large array fed from common DC-distribution networks and simplifies the
overall transmitter system design. More output power from a single, non-power combined PA
generally leads to fewer required array elements and smaller arrays. Wider PA bandwidths
and higher linearity enable higher maximum data rates in wireless communications. Multi-
channel systems require linear amplifiers with gain flatness within the operating bandwidth.
Gain flatness simplifies any necessary system linearization. A wide-bandwidth PA with flat
group delay response maintains constant group delay & gain throughout the narrower channel
bandwidth of the modulated signal.

Early silicon mmW designs at W-band frequencies follow microwave distributed-layout
techniques proven in GaAs monolithic microwave integrated circuit (MMIC) designs. In
GaAs MMICs, where substrate thermal conductivity only one third that of silicon (0.46
vs. 1.5 W/ecm-°C [68]), densely-packed power transistors often have stability issues without
proper thermal ballasting through electrical feedback: negative-feedback via emitter and/or
base ballasting resistors. Very large transistors, at mmW frequency, also have a distributed
effect; so corporate feeds ensure proper phasing, matching, and isolated temperatures between
transistor groups within a common amplifier stage, but the cost is an extremely large fan-out
area consumed by long transmission lines. Additional combiners, which also consume large
areas, are required to form the final combined output, as well. While traditional MMIC
approaches to power amplifier design using exclusively high-Q distributed elements and
matching networks can be successful in silicon technologies at microwave frequencies, the
designs are extremely large in chip area (up to 20-40 mm?). Their size prohibits the combining
of multiple PA elements into very large arrays (e.g., 64-element transmit arrays) at reasonable

costs. The tradeoff in SiGe design is to use a combined approach of compact, lower-Q
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lumped-elements and distributed approaches in order to drastically shrink the die size and
make silicon designs suitable for further circuit integration on the same chip.

The W-band (75-110 GHz) power amplifier (PA) design presented here builds upon the
two earlier successful iterations of the Ka-band (30 GHz) power amplifier designs presented
later in Chapter 3. The W-band designs improve upon the proven Ka-band design approaches,
scale the Ka-band designs to 3x higher frequencies, and address the additional challenges of
extremely limited gain and impacts of parasitics at 90 GHz within SiGe IC technology. The
primary goal of the W-band work is to push the limits of linear Class A/AB output powers
at 90 GHz within 0.12 pum SiGe technology while maintaining acceptable small-signal gain
(> 10 dB) as well as power-added efficiency (> 10%) for practical integration into wireless
transmitters and integrated phased arrays.

In order to achieve the power and efficiency goals, HBT gain must be preserved at 90 GHz,

and operational collector voltages must be pushed beyond BVego = 1.8 V.

e Push BVego = 1.8 V closer to 4.2 V by using extremely low external DC base resistances
(20 ) presented to the external HBT base nodes.

e Create custom inverted microstrip lines using parallel-stacked high sheet-resistance,
thin lower copper metal layers, to insert DC biasing with low 20 (2 resistances while

ensuring that impacts on RF' gain are minimal.

e Aggregate 5 um unit-cell HBT transistors into larger custom power-cell transistors with
low inter-cell wiring parasitics by packing them in dense 2D configurations. Emitter
ballasting resistors, which reduce precious RF gain at W-band, are not required as long

as the aggregated HBT is thermally stable.

e Extract custom thermal models for the densely-packed aggregated HBT power-cells,
ensure operational electro-thermal stability with the models, and apply the custom

thermal modeling to optimize the DC and RF designs.

e Use resonant structures throughout the PA to create compact low-loss bias-insertion
networks (quarter-wavelength bias-insertion networks) and low-impedance references at

90 GHz (self-resonant capacitors).

e Apply a unit-cell approach from device-level to system-block level throughout the PA
design so that process variations and modeling deficiencies do not de-tune the design,

especially since there is little gain headroom available at 90 GHz.
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e Include independent biasing provisions for all gain stages in the PA so that collector
voltages can be pushed and the design tuned beyond Voo = 1.7 V above which the

original HBT transistor models could not converge in large-signal simulations.

The W-band power amplifiers (PAs) are fully integrated into a silicon integrated-circuit
(IC) chip, fabricated in a commercially-available, high-volume 200 mm foundry process:
GlobalFoundries U.S. (formerly IBM) 0.12 pm silicon germanium (SiGe) BiCMOS 8HP.
GlobalFoundries GF 8HP offers 0.13 um gate-length CMOS FET devices as well as 0.12 um
emitter-width npn transistors with fr ~ 200 GHz and BVcgo = 1.8 V. The W-band power
amplifier (PA) designs demonstrate the maximum output power capabilities of linear-mode,
Class A/AB, common-emitter power amplifiers in this SiGe technology node without power
combining techniques beyond differential-mode (balanced) operation. Wideband small-signal
and large-signal performance with smooth responses over frequency (e.g., gain, Pigp) is
achieved without using distributed amplifier techniques by applying unit-cell approaches to
all matching network elements.

The wideband, linear Class A/AB design achieves a maximum small-signal gain of 14.6 dB
with a fractional 3dB-bandwidth of 20% (79-97 GHz). The wideband performance extends
to the large signal characteristics: at 90 GHz, the differential/balanced PA achieves an
output! Pigp of 18.8 dBm (76 mW) and a saturated output power Py, of 19.9 dBm (98 mW)
with a peak PAE of 15.4%. The 0.12 um SiGe chip is 2.4 mm? and consumes a maximum
DC-quiescent power of 488 mW from a 1.7-2.3 V supply. All matching networks, bias circuits,
and wideband capacitor bypass arrays are fully integrated on chip.

The W-band PA design follows the foundry’s reliability guidelines for 100,000 hours of
operation (11.4 years) at 100°C, which is suitable for commercial electronics applications.
To our knowledge, this is one of the highest-power standalone (non-power-combined) Class
A/AB (linear-mode) W-band amplifiers to date in 0.12 pum SiGe technology.

2.2 Design Challenges and Approaches

This section reviews key design challenges in the W-band design. More specific technical
details are included later in the chapter in dedicated sections to each topic.
The W-band PA builds upon two earlier successful iterations of the Ka-band PA? at

!Expected differential output powers are reported from single-ended measurements by adding +3 dB because
the available source power in the measurement setup is extremely limited. Even without input baluns, which
would drop powers around 4 dB (3 dB power splitting + ~1 dB balun losses) there is not enough input power
to fully compress the PA above 93-97 GHz, depending on the PA gain for different biasing conditions.

2Each Ka-band iteration and W-band (single iteration) contains a baseline PA design and small variants in
multiple design breakouts.
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30 GHz while tackling new challenges from 90 GHz operation. The progression of the design
approach is discussed earlier in Section 1.1.2.

The W-band design uses the same approach demonstrated at Ka-band, but no circuit
structures and layouts can be re-used directly. All circuits and layouts are re-designed around
new challenges at the higher frequency and optimized for W-band. Fundamental aspects of
the system approach and circuit topologies are carried forward to the W-band work, however.

Integrated power amplifier development at W-band is especially challenging in silicon
because the limited transistor gain and low breakdown voltage typically result in low output
power and efficiency. The tripling of the center frequency from Ka-band to W-band results in
many new design challenges since transistor maximum available gain is 6 dB or less, circuit
and layout parasitics at 90 GHz contribute significant reactance and loss, and even short
metal interconnects have non-negligible parasitic effects on gain.

Some common PA designs challenges are shared between Ka-band and W-band designs:

e The 8HP technology does not have large transistors (beyond > 18 wm) necessary for
high-output power designs. Even the 18 um transistor is a single emitter-striped device,
and there are no standard-cell, aggregated large transistor devices or associated models

for dedicated power-HBT devices.

e Limited collector breakdown voltages is a shared, frequency-independent challenge
between the Ka-band and W-band designs. The collector breakdown voltages are
limited because high-f; devices trade-off speed for lowered breakdown voltages from
increased impact ionization effects, which limits output voltage swings and output

power.

e Absolute values of components can vary as much as +25% or more, but relative values
of identical components— matching— is generally better than < 0.1% for passive
components, but still £25 for certain DC parameters within HBT active devices.
The unit-cell approach ensures that the PA does not de-tune from small component
variations— that critical components track together with process variation and minor
modeling deficiencies. Active bias circuits and independent current and voltage tuning
provisions for each gain stage mitigate the differences in the HBTs, built from unit-cell

blocks, to achieve better RF-performance matching to expected design values.

There are many new PA design challenges at W-band within 8SHP HBT technology, not

present at Ka-band, because of the 3x increase in frequency:

e Transistor have lower available gain (< 6 dB) at W-band, even when biased at peak-

fr/ fuax current densities, leaving very little gain headroom large-signal designs and
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making efficiency (PAE) especially difficult. In terms of frequency, W-band designs in
8HP push the limits of the HBT capabilities, especially for power amplifiers.

e Large transistors have low input and output impedances and can be difficult to match

given that small layout parasitics have impact on losses and matching at 90 GHz.

e Parasitics, especially those around HBT wiring, have much greater impact at 90 GHz.
Scaling the frequency does not scale down other aspects of component connections and

interconnects, making associated parasitics more problematic.

e RF short-circuits from capacitive bypass (large capacitor) are non-ideal and have residual
resistances at 90 GHz. Large capacitances (> 500 fF) have self-resonant frequencies

below W-band.

The PA is designed to demonstrate the fundamental frequency & power limits of a
standalone, non-power-combined common-emitter PA in commercially-available 0.12 pm
SiGe HBTs. This work employs a differential (balanced) amplifier topology for a +3 dB
increase in output power, but does not utilize any microwave power-combining techniques.
The goal is to maximize output power while maintaining reasonable gain (> 10 dB) and
reasonable PAE (> 10%). If more system power is required, this PA can be used as a unit
building block in an array with power combining, as shown in a design extension in Chapter 4.
The need for reasonable gains and PAEs in PAs becomes even more evident when a PA is
used as an element in a large integrated array. High output-powered PAs with gains below
10 dB become difficult to drive with the proper input power, and power efficiency limits
how many PA elements can be arrayed on a single chip before power-bus feeds reach their
electromigration limits from multi-amp-level currents and watt-level power dissipation.

A major design goal is to push output power and voltages of the common-emitter HBT
towards frequency and power limits while while maintaining reasonable performance in gain
and efficiency such that the PA can be integrated further into multi-element transmitter arrays.
The PA design follows strict foundry reliability guidelines to achieve expected chip lifetimes
for reliable commercial applications: 100,000 power-on-hour (POH) at 100°C. Operational
frequency is limited by low gains at 90 GHz (low fr & MAG) as well as parasitic losses and
effects of wiring and connections at 90 GHz. Power limits are primarily constrained by device
breakdown voltages, design.

The design approach uses existing foundry models for the active transistor devices and
custom EM simulations for distributed structures and parasitics. No custom active-device
modeling or simulations via technology computer-aided design (TCAD) is involved. A unit-

cell approach is used throughout the design enabling standard HBT models and passives to
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be adjusted using DC & RF measurements from prior Ka-band PA designs— back-modeled
with 7in-situ” PA-level measurements and not individual component characterizations. The
design approach uses robust design techniques to overcome model limitations to build a
successful power amplifier at millimeter-wave frequencies with first-pass silicon success. The
design approach is highly scalable to even higher frequencies in more advanced, future SiGe

technology nodes.

2.2.1 Design Approach

The PA design approach utilizes the following concepts: build all driver & power transistors
(Q1, Q2, Q3) from one Qp = 5 x 0.12 wm? unit-cell transistor; re-use similar passive structures
that offer wide frequency response; and allow for independent amplifier stage bias controls
of both quiescent (DC) voltage & current for precise tuning of the silicon parts in the lab
since the transistor models are known to have limitations at W-band and at high collector
currents & voltages. The tuning work on the lab bench explores the practical limitations
of operational collector voltage, in particular, for common-emitter configurations. The
W-band PA is designed with additional, practical objectives in mind: reliability, further
integration (reasonable performance metrics for inclusion in real system blocks), bias tuning
and optimizations when pushing collector currents on the measurement bench, highly linear
design, and wideband response (low loaded-Q matching networks).

To attain wideband performance without active feedback or distributed amplification,
the design takes advantage of the high-fr npn HBT and a judicious use of distributed
and lumped elements in the RF matching networks and bias insertion networks. Simple,
two-element, high-bandwidth (Qeagea ~ 2) high-pass matching networks, wideband resonant
interstage matching structures, and wideband quarter-wavelength collector & base bias
insertion networks are used to achieve both small-signal and large-signal performance across
a wide bandwidth.

The general design philosophy adopted is one that favors design predictability over
incremental performance gain, especially for the passive components. In the unit-cell approach,
a higher tolerance passive structure is more attractive than a higher-Q component with much
higher process variation or worse adjacent-component matching. The active transistor HBT
models are known to have modeling errors above 60 GHz and near voltage & current limits
in large-signal operation. Some tuning of the HBT transistor response is possible through
independent quiescent DC voltage and current biasing in each gain stage, but the passive
devices have no such post-design tuning provisions on the measurement bench.

Wherever possible, design components and methodologies are reused: transmission lines,
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capacitors, matching network topologies, and power cells built with the baseline unit cells
and used in similar circuit topologies. Unit building cells and similar circuit topologies are
used so that any modeling limitation or fab-processing skews affect portions of the design
nearly identically. This approach makes the PA design robust and less sensitive to any single
point of modeling or component tolerance failure, and the PA frequency response will always
be nearly the same outside of small frequency shifts. The resulting design also becomes easily
scalable in frequency and simple to re-center to a different frequency of interest with only a
few changes on the metal levels.

To maximize power output, the npn transistor and supporting passive matching networks
are optimized for PA operation near Pigg and P, rather than purely in small signal. A
purely small-signal Class A design used far from its gain compression point Pjgg can, in
theory, rely simply on classic scattering-parameter (S-parameter) design approaches, but to
push a Class A PA to its power limits, large-signal load-pull simulation techniques must be
used since S-parameters will vary with input/output power levels. Class AB and overdriven
Class A (driven into full gain compression past Pjgp require further large-signal analysis of
harmonic terminations because of the large amount of clipping that occurs in the waveform.
Class AB PAs also require study of any gain expansion that might arise in any of its stages—

another form of small-signal gain variation with input power.

Architecture

The power-amplifier development work presented here focuses on linear continuous-mode
Class A and Class AB modes of operation, including overdriven Class A/AB— Class A & AB
driven into gain compression for higher output powers. For the case of purely Class A biasing
and operation, the output current and voltage waveforms of the PA are, ideally, linearly
amplified version of their inputs with no additional harmonic distortion of the waveforms.
This Class A high linearity comes at a cost of power efficiency since the PA is consuming a
high amount of DC current regardless of the AC input waveform. The theoretical maximum
collector efficiency of a Class A PA is 50%. The current biasing of Class A amplifiers can
be lowered into Class AB to reduce the quiescent DC power consumption and thus raise
the power efficiency, but the troughs of a sinusoidal output current waveform clip at higher
input powers, effectively reducing the conduction angle of the PA and introducing harmonic
distortion. The Class AB PA thus achieves higher efficiency at the expense of signal distortion,
which can be mitigated by terminating the collector current harmonics properly. Mild Class
AB operation involves harmonic management of the 2nd harmonic.

The PA design includes three gain stages with separate bias-tuning provisions for each

stage. This architecture is optimal use of the available silicon area. The bias tuning provisions
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are included so that the PA can be moved into Class A, Class AB, overdriven Class A, or
overdriven Class AB depending on the quiescent DC currents and voltages set in each stage
of the PA. By trading off pure Class A linearity, both higher output powers and higher
efficiencies can be achieved through the harmonics generated by clipped waveforms and
managed by output harmonic tuning networks.

For the large-signal Class AB design, to obtain higher output powers and efficiencies, the
W-band PA RF matching networks are optimized for large-signal operation with HBTs into

compression near the Pjgg point.

Unit Cell Approach

For millimeter-wave RF integrated circuit (RFIC) designs, a significant challenge is
managing and reducing the design variability arising from modeling inaccuracies at high
frequencies and high currents & voltages, especially in a new process technology. To tackle this
challenge, fundamental PA building blocks are synthesized and characterized via simulation,
and these transmission lines, capacitors, inductors, bias feeds, and transistors are re-used
throughout the PA design. The unit-cell approach re-uses similar circuit structures and blocks
built from unit cells to make designs more robust to modeling errors and process shifts. There
is inherent design compromise with unit cells— not necessarily optimal in all use cases—,
but RF performance is maintained despite any expected process biases or modeling errors.

The unit-cell approach allows excellent matching between identical or very similar elements.
The approach is applied to both active (HBT) and passive structures (MIM capacitors,
resistors, transmission-line structures, etc.) throughout the PA. Though a MIM capacitor
value may shift £10% with process from its nominal value, the relative matching® between
identically-dimensioned capacitors on the chip is better than 0.1%.

A unit-cell approach is applied to every active & passive component and circuit block in
the chip: resonant MIM RF-shorting resonant capacitors, base quarter-wave biasing lines,
collector biasing lines, transmission-line elements, shunt-stub inductors, wideband MIM
capacitor bypass networks, HBT unit cells, active-bias-network block unit cells. Most of
the reactive design tuning is done through length adjustments of shunt-stub transmission-
line unit cells. The synthesized inductance values differ, but they are based on the same
transmission-line structure throughout the PA. Small exceptions and changes (e.g., line width
or capacitor value) in components are necessary in parts of the design to meet reliability
conditions in the output gain stage: the collector feed transmission-line and the interstage

MIM capacitor. These exceptions are still based closely on the original unit-cell devices, so

3This means that a 100 fF MIM capacitor may vary from 90-100 fF from wafer-to-wafer, but all identically-
dimensioned capacitors on the same chip will have capacitor values within < 0.1% of each other.
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they will skew with process together closely.

Back-end-of-line (BEOL) components within the metal stackup are used where possible
over similar devices within the substrate. Structures defined by metal etching have higher
tolerances compared to devices defined by diffusion processes within the silicon substrate
(e.g., substrate resistors). Moreover, structures in the aluminum-metal layers have higher
tolerances than those made from structures in the lower copper layer because of the copper
damascene planarization and etching processes.

The HBT active devices only have 25% relative DC beta matching from adjacent device
to device, which is considerable worse than that of passive devices on the chip. The DC
currents within the HBT's need to match target current densities in order to match expected
RF performance. The solution is to use separate active-bias reference circuits in each gain
stage (rather than purely resistive biasing) to reduce relative matching effects and to have
independent biasing provisions to tune the HBT bias points of each gain stage. Once DC
currents and voltages are adjusted properly, the RF performance will be recovered despite
any process shifts or relative device mismatching.

Choosing unit cells is an inherent compromise— not the absolute optimum choice, but a
tradeoff in the design. The benefits are higher predictability in the face of expected process
variations and known modeling deficiencies or inaccuracies. This unit-cell approach is not the
absolute optimum choice for every situation, but it provides several advantages: the unit cell
can easily be reused throughout the design, the approach is robust to modeling and process
skew, the design can easily be scaled, and the approach allows for easier back-modeling
of measured data (by constraining the degrees of freedom or number of parameters in the
optimization process) in order to re-tune designs.

The unit-cell approach makes the design more robust to process variations and modeling
errors. As a bonus, re-use of unit-cell components and circuit blocks throughout the design
allow for easier back-modeling of measured data. Back-modeling DC & RF measured data
into simulations is greatly simplified because of the well-constrained parameter space— fewer
degrees of freedom of possible parameter skews. The back-modeling process incorporates the
process biases and modeling errors back into model adjustment for more accurate hardware
to simulation correlations and for more accurate designs using the adjusted models going

forward.

HBT

The npn heterojunction bipolar transistor (HBT) is a key building block and only active
device within in the PA designs. HBTs offer the high-frequency signal-gain performance

necessary for power gain at millimeter-wave (mmW) frequencies.
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Key challenges in designing SiGe mm-Wave PAs involve transistor-model limitations. The
lack of dedicated large power cells (large devices designed for power with > 18 pwm emitter
lengths) necessitates building custom power cells that are not explicitly modeled within the
design kit HBT models. The W-band PA must be designed from aggregating design-kit
standard cells with modeling errors & deficiencies in mind. Furthermore, available models
have limited accuracy and convergence problems at higher collector voltages (> 1.7 V) under
gain compression.

The W-band design is the first to use densely-packed cells in an aggregated power
transistor, and no prior hardware existed to model the aggregation effects precisely. For
custom aggregated arrays of transistors to form larger power cells, mutual thermal coupling
is not modeled in the foundry kit, and secondary substrate effects from the relocation of the
surrounding substrate ring around the aggregated HBT are not modeled, either. Extensive
Ka-band DC measurements on similarly-packed 5 um unit cells provide the necessary mutual
thermal coupling data to center the DC & RF performance of the custom W-band power
transistor cells. Since PA biasing is particularly sensitive under high-current and high-voltage
power conditions, bias provisions are built-in to allow optimization of PA biasing on the lab
bench to explore the true output capabilities of the PA.

In order to achieve the push the SiGe HBT to its limits at W-band, the SHP HBTs, in
common-emitter configuration, have DC collector voltages pushed to 2.3 V. To push output
powers above the common-emitter (with open base) BVgo = 1.8 V limitation closer toward
the common-base (with open emitter) BVepo = 6.0 V, novel DC base-biasing structures
are designed to place transmission-line feeds beneath the global RF ground plane, sharing
the ground plane with the top-level AM-metal transmission-line structures. The distributed
transmission lines in the base biasing feeds present extremely low 20 €2 external DC base
resistances to the HBT, which increases the operational collector breakdown voltage well
beyond the open-base condition BVggo = 1.8 V while maintaining high shunt RF impedances
with the quarter-wavelength distributed transmission line structure terminated in an RF
short circuit and used as a resonator at W-band.

Mutual thermal coupling within the power-transistor cells are estimated from back-
modeling of Ka-band DC measurements in order to make proper design adjustments and

optimizations

Independent Bias Provisions

Bias-adjustment provisions for both collector currents and voltage in each HBT gain stage
are necessary to push power output at higher collector voltages. Independent active-bias

reference circuits provide the fine current-tuning provisions while collector voltages have
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separate DC bias pads for external DC biasing needles. Fine DC-biasing tuning provisions
are especially important at higher collector voltages, Voo > 1.7 V, where collector biasing is
extremely sensitive. The collector biases must be set accurately and consistently with collector-
voltage increases since obtaining the correct DC quiescent points is critically important to
obtain the desired RF performance.

The independent biasing provisions also allow pushing the design or selective gain stages
deeper into Class AB operation or moving toward a more linear Class A operation— trade
off some small-signal gain & linearity for higher output powers and higher efficiencies.
Independent biasing also makes the PA more stable at very-low frequencies (MHz range)
where the SiGe chip must depend on additional off-chip capacitive bypass components to
filter the measurement setup’s adjustable precision power supplies. The tradeoff of flexible,
independent biasing in each gain stage is increased PA area consumption, especially with
quarter-wavelength-resonator bias-insertion networks and their associated wideband MIM
capacitor arrays.

Bias tuning provisions are especially useful since the foundry transistor models do not
accuracy predict the DC currents of the custom-layout power transistors (due to unmodeled
electro-thermal coupling), and the high collector currents & voltages used in this PA design
fall on portions of the DC-IV curve where there are significant npn transistor modeling
difficulties. These high collector currents & voltages are pursued to push the SiGe HBT
transistor to its power limits despite the known modeling limitations.

Individual, external analog biasing provisions allow each of the 3 PA-gain stages’ operating
points to be adjusted independently and fine-tuned on the bench. Separate, integrated
active biasing circuits control each stage’s collector current I via external DC-biasing pads.
Additional pads feed the collector voltage Voo of each amplifier stage. These independent DC
tuning controls result in 6 DC pads for each half-PA (single-ended), not including additional
ground pads. The biasing flexibility allows the PA design to be tuned and optimized since

quiescent bias points are critical in PA operation.

Passive Structures

The design uses both high-Q distributed-element transmission-lines and compact lumped-
element MIM capacitors. Distributed inductive elements have much larger area footprints,
but less loss (@) > 25) than the lumped elements like MIM (Q = 7-10) at 90 GHz. However,
lumped MIM elements provide extremely compact series reactances while being DC-blocked,
making interconnects between gain stages short, which reduces connection parasitics. In
comparison, traditional MMIC design, using only distributed elements, are very large and

thus difficult to integrated into larger integrated, on-chip arrays.
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There are 16 resonant RF structures used throughout the differential PA (8 in the half-
PA). Self-resonant MIM capacitors, resonant quarter-wavelength feeds, and series-resonant
transmission-line & capacitor matching network elements are found in the RF design. Resonant
structures are generally sensitive to small parameter shifts, and £20% shifts in different-valued
inductors or capacitors can de-tune an amplifier design completely. The unit-cell approach
alleviates severe design de-tuning by ensuring that all unit-cell elements track closely together.
The PA design does not severely de-tune from expected process shifts or small modeling
errors.

True AC-grounding that is decoupled from DC-ground (i.e., very large capacitances) is
difficult to achieve at 90 GHz because of associated losses and parasitics of capacitors. A
resonant MIM capacitor structure is chosen to provide a known low-impedance reference at
90 GHz— an RF ”"shorting” capacitor that blocks DC, but shorts RF. This special MIM
capacitor is used as the RF-short termination of key quarter-wavelength (QW) bias lines.
to create high-impedance bias-insertion resonators. The RF short is transformed to high
impedance insertion points by the on-chip quarter-wave transmission lines. This same ”RF-
shorting” MIM capacitor is used to create a resonant LC structure in the interstage matching
networks.

To maintain a compact differential PA layout and to provide the necessary low DC
external base-biasing resistance of 20 €2 while maintaining high RF input impedances in a
bias-insertion network, a custom inverted microstrip line is created from a stack of lower-level
copper metals (M2, M3, and M4) underneath the global RF ground shield (MQ, copper)
shared with the top-level AM-metal transmission lines.

Fig. 2.1 highlights all the resonant structures in the half-PA.

2.2.2 Simulation Approach

One of the major design challenges in creating and optimizing a state-of-the-art fully
integrated W-band PA centers around practical simulation capabilities & model limitations.

The HBT models are based on foundry models using the VBIC (vertical bipolar inter-
company) transistor modeling. VBIC is an advanced Gummel-Poon model that takes weak
avalanche multiplication from impact ionization into account, which is important when
operating the collector voltage beyond BVgo. The newer, improved HICUM models were
not available at the time, but they are used in some simulations presented here because of
their simulation convergence and improved accuracy.

All passive distributed transmission-line structures and junctions including bends, tran-

sitions, and other discontinuities are fully modeled within the EM simulator to the PA’s
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Figure 2.1: Half-PA simplified circuit schematic with all resonant structures highlighted in
yellow.

3rd harmonic (330 GHz) for model continuity reasons in large-signal harmonic-balance simu-
lations. Lumped passive devices such as MIM capacitors and TaN metal resistors use the
supplied design-kit compact SPICE models. Capacitor leads are modeled in EM simulations.
Parasitics associated with the HBT wiring are fully modeled with EM simulations, as well

(S-parameter models).

Simulation Limits

Prior measured data on from the Ka-band designs show that > 1.7 V collector-voltage
operation is possible, but large-signal simulations are extremely problematic above 1.5 V
because of simulation convergence issues with the active-transistor HBT models, and very
limited simulation convergence occurs > 1.5 V.

The initial Ka-band design iteration #1 was designed and optimized around collector
voltages of 1.4 V because large-signal harmonic balance simulations could converge reliably
across all powers and frequencies. Convergence becomes a problem at 1.5 V collector voltages
and problems continue to rise until 1.7 V| the limit of the for PA simulations under the
original VBIC transistor model. The W-band PA design attempts to center the design at
1.7 V with reduced large-signal simulation accuracy (convergence issues) and provide enough
bias tuning provisions and range to tune the DC & RF operating points on the measurement

bench as collector voltages are raised toward 2.3 V.
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32-Bit Computing and Simulation Complexity

Simulations are done using only 32-bit computing capabilities, which has significant
limitations in the addressable random-access memory (RAM). RAM is limited to 4 GB total
in a 32-bit system, and only 3 GB of that RAM is available for EM simulations since 1 GB is
reserved for the operating system. The computational limitations require simplification of
complex layout structures to yield < 3 GB simulation sizes and reasonable compute times.
The results are known to have reduced accuracy compared to full-wave 3D FEM analysis
on newer 64-bit systems with hundreds of GB of RAM. These EM simulation errors can
lead to an estimated 5-10% shift in transmission-line characteristics, which is still within
the SiGe process variation. P, and large-signal convergence issues are not being limited by
quantity of RAM, but by the circuit complexity and the limitations of the VBIC model at
high collector currents and high collector voltages.

The Agilent (now Keysight) Advanced Design System (ADS) CAD/design environment
and its harmonic balance engine, which was only available outside of the Cadence design
environment at the time, was the most useful and powerful microwave design tool for mmW
power amplifiers. The harmonic balance simulations are more robust to the HBT model
convergence issues since accuracy can easily be scarified by reducing the order of harmonic
used. In combination with other relaxed DC and RF convergence parameters, the reduced
harmonic balanced simulations can obtain some limited simulation data at high output powers
which are not extremely accurate, but enough to find some suitable matching points using
the original VBIC transistor models.

To use the microwave design tools and harmonic balance engines within Keysight ADS,
custom ADS models were manually ported to use the a standalone ADS environment— not
tied to the Cadence Virtuoso IC design environment. Since standalone Agilent (now Keysight)
ADS kits were not developed yet during the time of the W-band design, all required Cadence
Spectre models (HBT, MIM capacitor, TaN resistor, substrate resistor, and other lumped
passive elements) are ported manually into custom ADS components using Matlab and
custom scripting wrappers. The custom model-kit library is used to simulate the PA in the
native ADS design environment. At the time, harmonic balance simulation was not available
in the Cadence framework, and the ADS RFDE (RF Dynamic Link/Engine) was a new
product that still had many difficulties with ADS-based engines within the Cadence design

environment.
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HBT Simulations

The PA is designed using the early 8HP design kits with foundry-supplied VBIC-based
npn HBT models. ADS harmonic balance is the choice for the large-signal simulations rather
than time-domain simulations. Harmonic balance was not available in the Cadence Spectre
simulations environment at the time, so the HBT VBIC models are manually ported into
Keysight ADS via Matlab and manual scripting.

Harmonic balance solves the steady state response to a periodic input excitation while
time domain analysis finds the transient response to an arbitrary input excitation. Harmonic
balance is preferred for microwave design since microwave designers are more interested in
steady-state response than the transient response. Further, most EM models and passives
are described in frequency domain, e.g., S-parameters, and SPICE is not well suited for
distributed circuits. In addition, non-ideal transmission lines and microstrip discontinuities
are easier to describe in the frequency domain. However, many non-linear HBT transistor
models are tailored for SPICE and not harmonic balance, making harmonic balance more
difficult. Harmonic balance simulators often rely on nonlinear expressions being continuous
through their second derivatives. Discontinuities in the nonlinear expressions can result in
convergence difficulties [62].

In common-emitter configuration, below a collector voltage of 1.5 V, simulation convergence
is achieved most of the time. With collector voltages above Vo > 1.5 V, VBIC models have
simulation convergence, especially at large-signal levels when the transistor amplifier is in
compression. At 1.7 V collector voltage, there are very limited simulation points, even with
reduced accuracy and relaxed convergence settings in the simulator. At the high collector
voltages from 1.9-2.3 V, the PA simulation with VBIC transistors provides no convergence in
large-signal conditions within harmonic balance.

Reducing the number of nodes in the simulations, lumping parasitics into more simplified
models (e.g., converting eight parallel HBT ground inductances of 8 parallel HBT cells into a
single, large HBT cell with a single combined inductance) incurs some minor modeling errors,

but helps greatly with large-signal simulation convergence, even at modest collector voltages

from 1.5-1.7 V.

Passive-Structure Simulations

The majority of the mmW PA chip area is consumed by passive structures— pads,
grounding, transmission lines, capacitors, and distributed inductors— rather than active
transistor area (< 1% of total area). Accurate modeling of these passive structures, created in

back-end metals above the substrate, is critical. A 2.5-D planar method-of-moments simulator,
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Keysight Momentum (formerly Agilent Momentum) is used as the primary electromagnetic
(EM) simulator. Although more accurate 3D finite-element method (FEM) simulators are
available, the speed-accuracy tradeoff of a 2.5-D planar method-of-moments simulator is
preferred since the passive-structure design is a highly iterative process, and planar simulators
offer great advantages in simulation time. Material properties and layer thickness in GF 8HP
have fairly wide tolerances up to +20% in key inputs like layer heights, sheet conductivities,
and metal line widths.

Custom EM models are created that cover higher-order harmonics (2fy, 3fy) up to at
least 330 GHz to capture effects of the Class AB PA harmonic terminations. To simplify EM
simulations, high modeling accuracy is used up to the 2nd harmonic, 220 GHz, then reduced
accuracy speeds up simulations significantly from 220-330 GHz. 2 f; harmonic modeling is the
most important harmonic above W-band for this Class AB design. Although the S-parameters
do not need to be accurate for these higher-order harmonics, they need to well behaved over

frequency, e.g., without discontinuities, for proper simulation convergence [62, 69].

2.3 Schematic and Layout

The implemented W-band PA schematic and layout overview are presented here first,
and more detailed discussions of design considerations are presented later in the chapter
separately for each design aspect. For simplicity, the differential PA circuit schematics are
presented for a half-PA only. The two halves of the PA are symmetric, identical, well-isolated
PAs, designed to use differential inputs and drive truly differential 100 Q outputs.

2.3.1 Schematics

Fig. 2.2 is a high-level half-PA block schematic of the implemented 3-stage Class A
common-emitter PA. (The other half of the differential PA is identical and symmetric.) The
W-band PA consists of three gain stages made from aggregated HBT unit-cells to form
custom power cells: Q1, Q2, and Q3. Each gain stage has associated fully-integrated RF
matching networks to provide the necessary impedance transformation for target load and
source impedances. The RF input impedance to the half-PA is 50 Q at W-band (or 100 €2 for
the differential PA), and the output RF impedance is 50 €2, as well.

Each gain stage has its own independent collector-biasing and base-biasing provisions,
allowing the voltages and currents in each stage to be set and tuned independently from
other gain stages. The fully-integrated active-bias network sets the DC quiescent collector

currents for each gain stage independently. Voltage is applied to the integrated collector-bias
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Figure 2.2: W-Band half-PA block diagram.

feeds to set the operational collector voltage of each gain stage (1.7-2.3 V).
Fig. 2.3 presents a simplified schematic of one half of the differential/balance PA. The

other half is identical, but is driven 180° out-of-phase.
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Figure 2.3: Half-PA simplified circuit schematic. Elements marked QW are quarter-
wavelength transmission lines at 90 GHz. Elements marked stub are short
transmission-line stubs that appear inductive at 90 GHz.

Figure 2.57 shows a corresponding chip micrograph. The chipis X X Y =1.90 mm x 1.25 mm

= 2.36 mm?, which includes on-chip bypass capacitors, pad areas, and empty space available
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for interfacing structures or circuits at the input and output. The PA is symmetric about the

center symmetry plane.
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Figure 2.4: Annotated half-PA schematic. The differential PA schematic contains two identical
halves driven differentially with differential outputs (0°/180°).

2.3.2 Chip Layout Floorplan

Careful layout considerations are made in order to make the PA a symmetric, differential
amplifier with independent current & voltage biasing provisions for each of the three gain
stages. Fig. 2.5 annotates the W-band PA layout floorplan. Multiple large capacitors arrays
and active-bias circuits are fully integrated into the SiGe chip.

The 12 independent DC bias pads, not including DC ground pads, (with east-west
orientation) provide fine-tuning controls over all three gain stages of the differential PA.
Each half-PA has 3 DC pads for collector voltages and 3 additional DC pads for reference
voltages to bias on-chip active bias networks that set the DC collector currents of the power
transistors. The differential PA is perfectly symmetric across the illustrated north-south line
down the center, and each half may be operated separately as a single-ended PA for testing
& characterization (Pout pirr = Poutse + 3 dB).

Design tradeoffs in the PA half-circuit physical IC layouts are made in order to place all
biasing pads near the perimeter of the die of the balanced PA. The full chip, including pads
and integrated capacitor arrays, consumes an area of 2.4 mm?. The layout is designed for

on-chip RF micro-probing (north-south) and biasing through DC wedge probes (east-west).
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both halves of the layout are used for the mark-up labeling of different design
components.
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The RF input-to-output path is very short (400 wm), which along with compact 2-element
matching networks, makes the group delay very short. G-S-G-G-S—G input/output RF pads
have extra separation between the half-PA G-S—G halves for micro-probing configuration
flexibility— two separate G—S—G probes). This extra ground pad and its associated ground-
plane area can be removed later without any performance impact— the two sides of the PA
halves can be brought together more closely until probe clearance limits them.

All transistor biasing lines are quarter-wave-length transmission lines above or below the
global RF ground plane and provide 2 f; harmonic terminations at each gain-stage output.

The MQ layer is 0.55 wm thick and sits below the top two 1.25 um-thick LY and 4.0 pum-
thick AM aluminum layers. MQ is the uppermost copper layer in the metal stack and chosen
as the global RF ground shield that isolates top-level AM-metal transmission-line structures
from inducing currents in the lossy 13.5 2-cm p-type silicon substrate. Global DC ground is
routed throughout the chip using wide layers (> 50 um) of stacked AM, LY, and MQ tied
together for extremely low resistances and inductances.

Deep-trench isolation moats and structures with substrate grounding rings are incorporated
to prevent unwanted signal coupling between gain stages. Deep-trench lattice networks
separate the two halves of the PA, de-coupling the substrates electrically and decreasing
the amount of lateral heat spreading from the power-cell HBT devices. The entire PA is
then isolated with isolation rings and moats, using alternating regions of high-resistance
deep-trench isolation regions and well-grounded substrate-contacted conductive-substrate
regions, so that PA can be integrated into a large array of similar elements or with other
sensitive circuits (mixed-signal and digital) without causing excessive noise injected into

adjacent circuits

2.4 PA Topology

The balanced/differential PA consists of two identical PA half-circuits driven differentially
(0°/180°). The layout allows for simple testing with G-S-G-S-G differential probes and for
differential integration into a higher-level, differential transceiver module. The input and out-
put of each PA-half are matched to 50 €, resulting in a 100 €2 differential impedance referenced
to the balanced G-S-G-G-S-G RF input/output pads (with north-south orientation).

Although the PA is differential (balanced), the analysis presented from this point forward
will be based upon the single-ended PA (half-circuit), for simplicity. The design analyses
apply to each half of the symmetric PA identically. Measurements are taken single-ended
due to limited available source power. The differential output power is +3 dB more than the
single-ended output power of the half-PA. Total gain and PAE of the half-PA, however, are
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identical to the differentially-driven full PA (Gpirr = Gsg; PAEprr = PAEgE).
Each PA half-circuit consists of three common-emitter gain stages, associated bias networks,
and fully-integrated input, output, and interstage matching networks. These sub-components

are described in detail in the following sections.

2.4.1 Common-Emitter Topology

Fig. 2.6 depicts a basic common-emitter (CE) single-transistor amplifier configuration
with ideal inductive (RF-choke) biasing. RF matching networks and biasing networks are not

included.

Ve

RFC

RFC RFout

RFin Qce

Figure 2.6: Common emitter (CE) topology with ideal inductive, RF-choke (RFC) biasing.

The common-emitter transistor is simple configuration to aggregate into larger power-
cell transistors with manageable wiring parasitics. In a common-emitter topology, a key
RF feature is that the AC emitter ground is also a DC ground. Thus, no additional AC-
bypass capacitors are required, and the emitter is well-grounded with low inductance and
low resistance, resulting in little emitter degeneration, which preserves RF gain & HBT
performance. From a device layout standpoint, grounding the emitter in CE configuration is
straightforward. DC and RF ground can be distributed on the same ground bus that directly
contacts the emitters of each transistor unit cell without additional wiring parasitics.

The CE design is easily scalable to additional gain stages. Additional driver stages can
be easily added using similar biasing, input matching, and interstage configurations, as is
done in the PA Array in Chapter 4. The Ka-band PAs use two CE gain stages, the W-band
PA scales to three CE gain stages, and the PA array scales to four CE gain stages. All gain
stages use similar base & collector bias insertion, interstage matching networks, and layouts
in all three major designs.

Fig. 2.7 compares the available gains (maximum stable gain MSG and maximum available
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gain MAG) for a 5 um x 0.12 pm transistor at Vorp = 1.7 V. The simulated high-performance

transistor, in high- fr C-B-E-B-C finger configuration, is biased near its peak fr current

density.
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Figure 2.7: MSG and MAG for 5 um transistor with collector current I = 7.5 mA and
Vor = 1.7V, simulated with latest, updated HHCUM HBT models.

Although the cascode topology, which is a two-stage common-emitter and common-base
configuration, is a completely valid design approach, simulations showed that the benefits
over low-external base resistance-biasing of the common-emitter are small after parasitics
are considered. The base node of the common-base stage needs to be AC-grounded, which
is extremely difficult at 90 GHz, compared to emitter grounding in the common-emitter
stage, which is both a DC & AC ground terminal. The cascode topology can offer 0.5 dB
more output power, but the common-emitter PA is more easily tuned and optimized to push
collector voltages higher in the lab since the cascode transistors have coupled voltages and
currents.

See Appendix D for a more detailed discussion of the common-emitter versus cascode

amplifier topologies and their design trade-offs.
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2.4.2 Differential Amplifiers

Fig. 2.8 shows a simplified schematic of the implemented differential (balanced) W-band
power amplifier. The physical layout on the SiGe chip mirrors the schematic. The two
halves of the high-level schematic are symmetric about the ground nodes. The ground at the
symmetry plane is part of both the global DC ground and the global RF ground and shared
between the two differential PA halves. Each gain stage on each side of the differential PA
has its own active-biasing control for fine tuning all quiescent currents to target values. A
0°/180° differential RF signal is applied at the input and results in a differential 0°/180°
output. DC and RF ground is shared between the two PA halves of the differential PA. Each
half of the PA can be tested independently.
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Figure 2.8: Differential PA block schematic as implemented in the W-band work. The signal
ground around the point of symmetry is both the RF and DC global ground, so
no common-mode rejection is present in the overall amplifier.

The power transistors of each half-PA are separate by 350 um. The dedicated differential
layout allows the power devices to be close together for better device matching. The two
sides are separated enough such that no thermal coupling between halves is observable in
measurements. They can be moved closer together as much as the input measurement probes
can practically allow. The closer devices are together in distance, the better the device
matching, which is especially important for the power cells in each half of the differential PA.

Even though there is no true common-mode rejection (see next Section 2.4.2 built into the
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current differential implementation, careful layout symmetry and device matching (proximity
of key HBT devices to each other) can lead to improved suppression of differential-to-common-
mode signal conversion. The HBT power transistors from each half of the differential PA are
separated by 350 um limited by the RF input pad sizes and practical chip-probing limitations.
(The differential 0° and 180° RF inputs and outputs are separate by 350 pm as well.) This
ensures that HBT devices and passive components are well-matched components, locally.
In an integrated transmission design— without RF probe pads—, the special differential
floorplan allows the transistors from each half to be brought together as close as 150 pm,
only limited by the resonant interstage matching networks, for maximum transistor matching
characteristics not possible by simply placing two copies of a single-ended PA side-by-side. A
side-by-side PA instance placement would result in the power HBT transistors being at least
700 um apart with some high-current DC bias pads in the middle of the die, which is not
desirable for wirebonding dies (or for on-chip microprobe testing).

To bring the two halves of the PA together so that the HBT power transistors main
excellent matching between halves while keeping all RF and DC I/O at the periphery, base-
biasing transmission-line feeds must be done underneath the RF global ground plane in
custom inverted microstrip structures rather than on the low-loss, top-level AM metal Having
the DC I/O at the outer edges simplifies PA measurements, allowing on-chip RF & DC
micro-probing of the wirebond pads— the SiGe die does not need to be mounted to other
substrate for measurements. The DC I/O placement also allows for additional integrated
capacitors at the periphery, which is important for both high-frequency and low-frequency
stability.

Common-Mode Rejection

Strictly speaking, most mmW differential PAs are only pseudo-differential not truly
differential because the differential PAs provide no common-mode rejection (CMR) that is
typical of lower-frequency, truly differential amplifiers. The common-mode ground is DC
ground and not high RF impedance (as is the case for a differential pair with current-source
tail).

To have truly differential common-mode rejection, common-node points need to be AC-
grounded to differential-mode signals but high-impedance to common-mode signals. In lower
frequency designs with enough voltage headroom (small-signal conditions or high-voltage
technology), a high-impedance common-mode current-biasing tail can be placed at the
common-mode of a differential transistor pair to achieve common-mode rejection [70]. The
common-mode current tails consume too much voltage headroom that is that is essential for

achieving high output powers in mmW silicon PAs, but other passive-only strategies can
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achieve some common-mode rejection.

In pseudo-differential, balanced* operation, each of the two differential signals are refer-
enced to ground independently, and the differential inputs have opposite phase (0°/180°). Each
half is single-ended, effectively, or un-balanced, but combined to form a pseudo-differential,
pseudo-balanced signal to drive a differential load (e.g, dipole antenna or another differential
amplifier). (A truly differential signal would be independent to an absolute ground reference.)

In circuit with truly differential operation, the differential signals are referenced to each
other and are independent of absolute ground. Moreover, there must be proper common-
mode rejection (CMR) present to realize the full benefits of truly differential operation. True
fully-differential amplifiers have common-mode rejection (CMR) with low common-mode gain
and high differential-mode gain.

Fig. 2.9 illustrates the difference between pseudo-differential and truly-differential ampli-

fiers with respect to common-mode rejection and AC grounding.
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Figure 2.9: (a) Pseudo-differential amplifier with no common-mode rejection. (b) Truly
differential amplifier with high common-mode rejection and internal virtual AC
grounds at common-mode nodes.

The common-mode rejection ratio (CMRR) of a pseudo-differential amplifier is 0 dB— the

4Differential amplifier and balanced amplifier are differing terminologies for the same topology. Balanced
amplifier has its usage roots from the microwave engineering community while differential amplifier has
its roots from the more recent IC and RFIC circuit-design community. The two expressions may be used
interchangeably.
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differential-mode and common-mode have equal gains. By eliminating the shared common-
mode current source, pseudo-differential amplifiers can achieve higher output swings at the
expense of no common-mode rejection. The common-mode current source limits the output
swing and thus output power of a truly differential amplifier.

If the differential output of a PA are terminated in 100 €2, the differential-mode load
impedance is 100 Q (2x single-ended impedance). The odd-mode (single-ended PA or half
the differential PA) load impedance is 50 €2. The common-mode impedance is 25 €2 (half the

single-ended impedance).

Conversions for Common-Mode

Even at sub-mmW frequencies, to maximize signal swing and output power in PAs,
pseudo-differential /balanced circuit are still often preferred over truly differential amplifiers,
especially when increasing output power is a primary design goal. The pseudo-differential
amplifiers eliminate the common-mode current-biasing tail shared at the common-mode point
between the amplifier halves. The addition of common-mode current sources reduces the
output voltage swing considerably. At mmW frequencies, inductors may be physically small
enough such that they can provide significant common-mode inductive degeneration and tail
impedances in place of a current-biasing tail.

A truly symmetric, differential layout allows for possible DC bias injection at the symmetry
point that is also AC-grounded. This is particularly beneficial for AC-grounding the base
terminal in the common-base stage of a cascode pair, as demonstrated in [17].

The pseudo-differential W-band layout floorplan allows for truly-differential mode conver-
sion in the future. A truly differential layout, with proper common-mode rejection, is not
executed in the current design due to limited available input power for differential inputs. The
full differential PA is powered on, but only one half of the PA is measured at a time in order
to be able to saturate, properly, the HBTs in large-signal, high output-power conditions.

The pseudo-differential W-band PA can be converted to a truly differential PA with
common-mode degeneration by altering the global grounding structure that sits between the
two halves of the PA. Selective sections of the PA can be made into virtual AC grounds,
resulting in some limited common-mode rejection for the PA. Currently, the global grounding
between the two halves from input pad to output pad, connects all grounds on both sides of
the PA together. Selective choices can be made as to which portions are fully differential and
which parts are left pseudo-differential. For instance, there is option of placing common-mode
rejection on the input drivers (Q1 & Q2) only while the Q3 out is still left pseudo-differential
mode.

Fig. 2.10 shows, at the block level, how the pseudo-differential PA can be easily modified
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to a truly differential PA with common-mode rejection. DC grounds and AC grounds can be
separated such that certain common AC nodes can apply degeneration inductors without
affecting the differential-mode RF signal. The common-mode gains of the active transistors
are reduced via common-mode emitter degeneration while the differential-mode gain remains
the same, as a virtual AC ground exists. Even-ordered distortions, even those created within
the PA, are rejected as well in differential operation, which is normally beneficial for Class
AB harmonic terminations. The amount of common-mode rejection can set by which blocks

in the receive virtual AC-grounding only or common-mode inductance treatments.
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Figure 2.10: Block diagram of truly differential power amplifier with common-mode rejection.
HBT gain stages have common-mode inductors to DC ground and virtual AC
grounding. Red lines between the matching networks indicate connections that
have no explicit DC ground— virtual AC grounding only. Blue dots indicate
the nodes with virtual AC grounds from differential operation.

A common-mode inductance can be added to the tails of the each differential pair
(QIT/Q1~, Q27/Q27, Q317/Q37) to act as a shared, common-mode emitter-degeneration
inductance. Common-mode inductors at the tail node in a differential pair can successfully
act as common-mode degeneration without impacting the differential-mode signal. With
truly differential operation and common-mode rejection internally-generated even-ordered

harmonic distortions are cancelled since they are in-phase/common-mode for both PA halves.
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This improves the overall PA linearity, especially operating into gain compression or deep
Class AB operation.

Fig. 2.11 illustrates, at the transistor level, how a differential amplifier with true common-
mode rejection can be implemented with a common-mode tail inductance as well as matching

networks with virtual AC-grounding only.

Vee
é RFC
Vg
AC GND —»I RFout
RFC ‘g

| | -
(o, + | |
+ 11 { | ’e)

| Q" Q
Interstage Matching

oo

Vee
RFC

RFin <— ACGND Network
AC GND
o l A
Vg =

Figure 2.11: Circuit schematic for truly differential amplifier with common-mode rejection
and virtual AC grounding points. A common-mode inductor presents emitter
degeneration at W-band frequencies to a common-mode signal, only. Inductors
at the common nodes provide common-mode degeneration.

2.4.3 Measurements: Single-Ended

The PA has been designed and laid out as a symmetric, differential amplifier. The W-band
PA is designed to be driven with a differential input and to drive a truly differential 100 €2
load (e.g., antenna dipole element). Because of limited available source power, the output
power measurement is done on just half of the differential PA— a single-ended PA.

A W-band balun, as a measurement provision, have not been integrated on-chip or used
externally during measurements. The available source power at W-band is very limited, even
with low-loss WR~10 waveguide components. There is not enough available source power

from the measurement equipment to drive the differential power amplifier into compression,
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so losses in the measurement input-chain must be minimized as much as possible. Eliminating
the input balun increases the available source power into a single-ended PA measurement by
3 dB + balun losses (which can be 1 dB or more) for > 4 dB additional input power. To
utilize the additional input power, the differential PA needs to be measured in a single-ended
manner.

The measurements for the amplifier are only done in single-ended mode with RF input
and output only on one half/side of the differential PA. The other half of the differential PA
is powered on (DC) to check that thermal effects between the two PA halves are isolated.
Each PA half is measured separately single-ended, and results are within 0.2 dB measurement
error.

Because of the measurement limitations and challenges, when available measurement
input power is limited, common practice is to measure differential mmW PAs single-ended
without internal or external baluns, and add +3 dB to the output power results to obtain
the expected differential performance, as done in [14, 15, 17-19, 71-73] This methodology
can be applied to differential integrated-circuit PAs where the differential layout provides
symmetric circuits well-isolated from each other— no electromagnetic coupling between the
two sides— resulting in negligible common-mode to differential-mode conversion. In [14],
Pfeiffer, Reynolds, et al. validated this practice by taking fully-differential measurements
with external input and output waveguide baluns and comparing the results to single-ended
ones.

The expected, extrapolated differential output power is +3 dB more than the single-ended
output power of the half-PA. Total gain and PAE of the half-PA, however, are identical to
the differentially-driven full PA (Gppr = Gsg; PAEppr = PAESE).

2.4.4 Multi-Stage Design

A multi-stage amplifier is required to achieve sufficient PA gain because the power gain of
the HBT npn transistor is severely limited W-band frequencies (75-110 GHz). The maximum
available gain (MAG) per common-emitter transistor stage is approximately 5 to 6 dB. The
attainable gain per amplifier stage will be even lower than the single-transistor MAG value
since wiring parasitics (e.g. emitter inductance & resistance), mutual thermal coupling effects
within aggregated transistor arrays, matching-network losses, bias insertion feed losses, and
output mismatch for large-signal load-line conditions account for further degradation in
achievable gain. The losses of passive components and transmission lines are lower at 90 GHz
than 30 GHz, characterized by a lower quality factor Q = 7-30. The low gain-per-stage

limits the possible power-added efficiency since more amplifier stages are required to attain a
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reasonable total PA gain and larger driver transistors (Q2) are required to provide sufficient
input power into the final output stage power transistors (Q3).

Each PA stage must be able to provide enough output power to drive the subsequent PA
stage to the compression point (Piqg). Implementing such a scheme ensures that the last
stage, which is the largest and most power-consuming stage, becomes the limiting factor for
compression and not earlier PA stages. The driving stages, Q1 and Q2, are over-designed
in order to ensure that the limiting portion of the circuit is the Q3 output power transistor.
Additional PAE can be recovered from the design in future iterations by decreasing transistor
sizes (and thus quiescent currents in the transistors) and bias-reference currents. PAE can
also be improved by reducing quiescent current to bias the PA more into Class AB operation
at the expense of linearity, gain expansion from small-signal conditions, and maximum output
power P,,.. More details of the transistor sizing can be found in Section 2.9.2.

The common-emitter (CE) amplifier topology is chosen because of its high linearity and
independent-bias tunability to adjust for HBT modeling errors as collector voltages are
pushed higher in the lab. The common-emitter transistor is also very compact and simple to
aggregate into larger power-cell transistor with manageable wiring parasitics. The emitter is
both DC and AC grounded with the global ground plane, and additional AC/RF grounding
via bypass capacitors are not required. Providing a low-DC external base resistance in the
bias insertion network of the base terminal on the npn HBT allowed the CE topology to reach
similar breakdown voltages as the common-base configuration. Proper bias design allows
the CE configuration to boost the collector-emitter breakdown voltage from Vop = BVego
= 1.8 V to near BVgpo = 6.0 V.

Power amplifier design is highly iterative, especially when dealing with interstage matching
networks at high frequencies (relative to transistor fr) where parasitics are significant. Key
components and design discussions are covered in the sections to follow. The mechanics of
the design process include choosing a bias point (both current and voltage), studying the
simulated load-pull and source-pull responses of the design-kit HBT model for optimum
source and load impedance for maximum output powers, designing the preliminary output
matching network which affects the optimum source match of the output transistor, designing
the preliminary interstage matching network between output transistor Q3 and Q2 to match
optimum source load into Q3 to optimum output load presented to Q2, repeating this
interstage matching process for Q2 and Q1, and designing the input matching network for
QL.

In the large-signal design and gain distribution, the output stage transistor, Q3, limits
the compression and overall saturated output power. In other words, Q3 saturates (gain

compression) before Q2 or Q1 in the prior gain stages. This ensures maximum utilization of
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Q3 and improves peak PAE.

2.4.5 Linear Class A/AB Operation

The W-band PA is designed to operate in linear-mode Class A/AB (as opposed to other
linear modes Class B/C or switched modes Class E/F & beyond). Class A/AB power amplifiers
can deliver high linearity and high-gain in both small-signal and large-signal amplification,
across a wide range of output powers. Class A/AB amplifiers allow the operational frequency
to be pushed to the limits of the transistor gain better than other high-order classes [65]. At
mmW frequencies, especially in W-band around 90 GHz, transistors’ maximum available
gain is relatively low (< 6 dB in 8HP and other processes with fr ~ 200 GHz), and the Class
A/AB topology becomes attractive to push the transistor technology to its frequency limits.

For purely Class A operation, PA gain drops gradually and monotonically from small-signal
levels to the 1 dB gain-compression point. For Class AB biasing & operation, DC quiescent
biasing currents are reduced from Class A values, and the gain may expand and increase from
its small-signal case before the 1 dB gain-compression point. The gain expansion arises from
self-biasing of the current at higher input powers, resulting in slightly more gain. The gain
expansion with higher input powers leads to a degradation in signal linearity (IP3) compared
to the monotonically decreasing gain compression characteristics of purely Class A amplifiers.
Driver stages can be dynamically biased closer to Class A for better linearity while the output
transistor can be biased deeper into Class AB operation . High output powers and high PAE
can be achieved since the output transistor dominates the overall PA power and efficiency

characteristics.

2.5 HBT Transistors

The PA design overcomes the technology’s 1.8 V. BVcro by presenting low external base
impedances to the power transistor cells [74]. The external base impedance seen from Q1,
Q2, and Q3 is 20 Q at DC and ~120 2 (high impedance RF) within W-band frequencies.
The resulting effective collector-emitter breakdown voltage allows the output voltage at the
collectors to peak above 4.2 V, a factor of 2.5x improvement over BVgo.

In this work, the term ”power transistor” refers to the HBT npn transistors Q1, Q2, and
Q3— one power transistor per amplifier gain stage. Each power transistor is an aggregated
transistor array comprised of multiple 5 pm x 0.12 pm unit cells (Qp) arranged in a 1D (for
Q1, Q2) or 2D (for Q3) array °.

5The convention used in this text is to list the emitter length only when describing HBT device sizes since the
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Only the VBIC (vertical bipolar inter-company) transistor models were available at
the time of the W-band design, but newer HICUM models (high-current model) provide
valuable insights in subsequent discussions, especially at higher collector voltages where
VBIC could not converge successfully even in simplified simulation schematics with relaxed
convergence criteria. Large-signal harmonic balance simulations toward amplifier compression,
in particular, are the most difficult to simulate with VBIC models at collector voltages > 1.5 V.
VBIC models and HICUM models correspond well at lower collector voltages < 1.3 V, but
rapidly diverge with higher collector voltages and high currents.

The HBT transistor simulations presented here, unless otherwise noted, are using HHCUM
models since they are better correlated to foundry-measured hardware data. More de-
tailed discussion around the VBIC and HiCUM transistor-model limitations is covered in
Appendix C.

The large-signal model around the aggregated power-cell transistor is covered in more
detail in Section 2.9.3.

2.5.1 fT and fMAX

In this section, the GF 8HP npn HBT is examined for its high-frequency performance to
determine the size of the unit cell and its biasing for peak mmW performance. The choice
of the DC operating point greatly affects the resulting RF characteristics. One of the most
well-known metrics for HBT high-frequency performance is transistor fr. fr is the transition
frequency or cutoff frequency where the current-gain (AC short-circuited output) from the
HBT base to collector drops below unity or in terms of hybrid-parameters (h-parameters),
he1 = 1. The total transit time from emitter terminal to collector terminal is usually
dominated by the base transit time, which is a strong function of base width and germanium
grading that sets the built-in electric field.

The transistor fr can be described in relation to the total transit times of carriers within
the SiGe HBT, as shown in Eq. (2.1).
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7r is the forward transit time (emitter-to-collector transit time)

fr is a useful metric for direct HBT technology comparisons because it is less sensitive

emitter width is fixed at 0.12 pm. A ”5 um HBT” implies a 5 x 0.12 um? sized device.
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to layout choices around the intrinsic transistor. In particular, base resistance Rp and Ceop
capacitance do not affect the fr metric. Transistor f7 is highly dependent on vertical process
scaling while the parasitics Rpa.se and Cop are dependent on lateral scaling effects.

At a given collector voltage, fr initially increases with increasing collector current I
since base-transit times are reduced. After a certain collector current density, the HBT enters
a high-current injection regime where the minority-carrier density is on the order of the
collector doping concentration. The high current effectively widens the transistor’s internal
base width, causing an increase in the overall carrier transit times, reducing fr. The decrease
of fr with high I is known as the Kirk effect.

The Kirk effect can be reduced by increasing the collector doping concentration, which
helps to decrease carrier transit times, thus allowing for faster fr transistors at higher currents,
but the tradeoff is the collector breakdown voltage, BVcgo.

Transistor fyiax, the maximum frequency of oscillation, is also often used as a transistor

metric and is closely related to fr according to Eq. (2.3).

fr

— 2.
SWRBCCB ( 3)

frax =

fmax 1 sometimes a better metric than fr for transistors in mmW PAs since it gives the
maximum frequency that power gain is available. fyax takes into account the base resistance
Rp and C¢p collector-base capacitance at the HBT base terminal. Modern HBTs generally
have fyax > fr, and devices are able to provide power gain through voltage gain even when
current gain drops below 1. Vertical device process scaling reduces transit time, increases fr,
extends Kirk effect to higher current densities while lateral process scaling shrinks emitter

widths and reduces intrinsic base parasitics Rg and Ccp to increase fyax.

Maximum Available Gain

In this section, the effects of device size, collector current, and collector voltage on fr,
fuvax, and MAG are examined in detail for the GF 8HP SiGe HBT. The simulated data
guides the choice of the HBT unit-cell size as well as target biasing points.

Unless specified otherwise, all transistor-characterization plots are for the high-performance
npn HBT in C-B-E-B-C finger configuration with standard 0.12 pum emitter length. The
simulation results are for common-emitter configuration driven by an ideal current source
(presents an infinite external base DC resistance) at room temperature of 25°C. fr & fuax
are normally quoted for Vo = 0-0.5 V bias, which corresponds to Vog = 0.85-1.40 V,
depending on the biasing current.

Fig. 2.12 shows the simulated peak fr versus collector currents for different emitter
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lengths (using the most recent HICUM foundry models). All transistor widths are 0.12 pm,
high-performance (as opposed to high-breakdown) devices in order to obtain necessary RF
gains at 90 GHz. As emitter lengths become longer, the absolute currents for peak fr
also increase following a collector-current density of 1.35-1.50 mA /um length emitter (or
11.25-12.5 mA /um? per emitter area). Peak fr drops with longer emitter lengths because
of increasing intrinsic junction capacitances and parasitic capacitances. External wiring
inductances and capacitances are not included here, and they will reduce peak- f7 even further

for larger devices.
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Figure 2.12: fyiax vs. DC collector current I at Vog = 1.5 V for various emitter lengths of
the high-performance npn HBT. Emitter length = 1 pm, 2 um, 5 um, 10 pm,
and 15 pm. All emitter widths are 0.12 pum.

Maximum available gain (MAG) is based on fyax, which gives the maximum frequency
where the transistor can still generate oscillations (i.e., gain). MAG assumes ideal input
and output matching conditions, so practical small-signal gains under output mismatches
optimized for large-signal output will drop the maximum gain further, as will emitter
degeneration, layout parasitics, and loss matching networks and bias feeds. The maximum
available gain, MAG, can be calculated from the HBT’s small-signal two-port S-parameters
in Eq. (2.4).

MAG (dB) = 201log,,

g_ (i - VT =1) ' (2.4)
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where the stability factor K is given by

_ 1+ |511522 - 512521|2 - |Sll|2 - |822|2

K
2[S1251 |

(2.5)

MAG is valid when the transistors is unconditionally stable with Rollett’s stability factor
K > 1. MAG has a —20 dB/dec slope (—6 dB/oct) above frequencies where the transistor
is unconditionally stable. At frequencies below which the HBT is not unconditionally stable
(K < 1), the maximum stable gain (MSG®) is quoted, instead. MSG has a —10 dB/dec
slope (—3 dB/oct) below frequencies where K < 1 and represents the maximum stable gain
that can be achieved.

Fig. 2.13 is a plot of MAG at 90 GHz versus collector currents for different HBT emitter
lengths at Vog = 1.5 V. The peak MAG device is the 5 um HBT if no wiring parasitics
are taken into account. The peak MAG at 90 GHz for the 5 um HBT is 7.0 dB at 7.5 mA

current (at 1.5 mA/um current density).
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Figure 2.13: MAG vs. collector current I at 90 GHz for HBT emitter lengths 1, 2, 5, 10,
and 15 pm. Wiring parasitics are not included.

Fig. 2.14 shows the corresponding fyax values across emitter lengths for the high-

performance 0.12 pum-width npn HBT at Vog = 1.5 V. Discontinuities are present the in

6See Appendix A for maximum stable gain equations.
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graph because of discrete layout changes (wide via contacts) in the parameterized layout
cell (p-cell). Peak fr and peak fyax drop with larger emitter-length devices because of
increased device parasitics. At Vop = 1.5 V, the peak simulated fyax is 215 GHz for a 5 um
transistor. Putting multiple unit-cell transistors in parallel results in higher output powers—
higher total-current operation—, but the maximum available gain drops because of additional
inter-cell parasitics and mutual thermal coupling effects.

At high current densities, the Kirk effect reduces the fyiax and MAG in the same manner
that it impacts fr. Increasing the DC collector current /- above a certain current density

will result in degradation of the maximum available gain of the device at mmW frequencies.
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Figure 2.14: fyax vs. emitter length at Vog = 1.5 V. The discontinuities (steps) in the
chart arise from discrete-stepped geometry and collector-contact layout changes
in the parameterized cell (p-cell) for larger emitter-length devices.

For a fixed HBT emitter length, increasing collector voltage Vg slightly decreases the
peak fr, fuax, and MAG | as shown in Fig. 2.15 for peak MAG at 90 GHz.

Fig. 2.16 plots maximum available gain at different RF frequencies versus emitter lengths.
At emitter lengths < 1 um, MAG increases, but beyond 2 um lengths, MAG tends to decrease
with increasing lengths. At 90 GHz, MAG is < 7 dB for any emitter length before accounting
for additional external wiring parasitics. Practical PA signal circuit implementations will
move gain away from MAG because of additional external wiring parasitics and deliberate

impedance mismatches for large-signal Class AB power matching— optimal large-signal
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Figure 2.15: Peak MAG vs. HBT emitter length for Vop = 1.5 V to 2.1 V in 0.2 V steps.
The discontinuities (steps) in the chart arise from discrete-stepped geometry
and collector-contact layout changes in the parameterized cell (p-cell) for larger
emitter-length devices.
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output-power matching is not small-signal complex-conjugate matching the transistor inputs

or outputs for maximum power transfer.
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Figure 2.16: Maximum available gain (MAG) vs. emitter length at Vorp = 1.5 V for different
GHz-range operating frequencies.

2.5.2 5 pm npn Unit Cell

In this section, the GF 8HP npn HBT transistors’ DC and RF characteristics are discussed
to provide insight into choosing an appropriate unit-cell emitter length used throughout
the entire W-band PA design. All device characteristics are quoted for room-temperature
operation (25°C) unless specified otherwise. All HBT devices used in the PA are of the npn
type— no pnp transistors. For notational simplicity, since all SHP HBT transistors have an
emitter width of 0.12 um, only emitter lengths are quoted— the unquoted emitter width is
always 0.12 pm.

At the heart of power amplifiers, large-emitter-area HBT active devices are necessary to
deliver the necessary current and power. In GF SiGe 8HP, these large-emitter-area devices
must be created by aggregating multiple smaller cells. Very large devices (> 18um) are
not available as standard cells, custom HBT cells are not allowed, and the standard HBT's

< 18 um are not necessarily optimized for power operation. Large, multi-emitter-fingered
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HBT devices (with multiple emitter stripes) are not available or allowed in GF 8HP because
of current hogging concerns and thermal runaway within any multi-fingered HBT device.

A unit-cell approach is used for all the HBT devices. All transistors across the entire
PA have similar collector current densities, thermal profiles, and parasitics that response to
modeling errors, process shifts, and other non-idealities in the same manner such that the
HBT characteristics track across the entire chip. Process skews and modeling non-idealities
track across the entire PA chip.

All 8HP HBT p-cells are surrounded in a mandatory 1 wm wide and 6 pm deep-trench
polysilicon & oxide (DT) rings for proper device operation. At the time of the W-band
design, the foundry permanently changed and lifted key layout restrictions involving local-
density restrictions of dense deep-trench (DT) isolation networks in the silicon substrate.
The relaxation of deep-trench maximum-local-density rules allows tight packing of HBT
transistors into dense 2D arrays. The DT region of one HBT can now be shared with an
adjacent HBT transistor, and arrays of maximally, densely-packed transistors with all DT
edges shared are permissible. Prior to this critical rule change, the maximum packing density
of HBT transistors was two 1D arrays separated by > 32 um, as shown for a 60 um HBT
power cell in Fig. 2.17 for the Ka-band design iterations. Having the DT restrictions for
large transistors (> 40 pum) required vertical orientation of the two 1D arrays in the Ka-band
design. More complicated, higher-parasitic interconnect wiring is necessary to feed these two
arrays, and such a transistor layout does not work as well at W-band frequencies due to
increased losses and phasing issues from larger structures (relative to signal wavelength).

At W-band, packing the transistors together more tightly is a means of reducing significant
wiring losses and parasitics when using multiple HBT transistors in an array. Prior to the DT
rule change, large output transistors at W-band were best synthesized by using large standard
cell HBTs (e.g., 18 um) and combining the outputs of multiple cells with transmission-line
power splitters & combiners, which can have losses on the order of 1 dB at 90 GHz. The PA
design is the first to explore aggressive 2D HBT packing in maximally-dense (abutted) arrays.
Additional HBT modeling challenges arise from unmodeled, considerably more mutual heating
among transistor unit cells, but wiring inductances/resistances are drastically reduced, and
no power-splitting or combining structures are required within the power cells, which helps

to preserve gain and maximum output power at these high mmW frequencies.

Choosing the HBT Unit Cell

The section reviews some of the considerations in choosing the unit-cell size for the HBT
that is part of every transistor instance in the PA. For a given target aggregated transistor

size (e.g., 40 um), smaller unit-cells require more wiring overhead to aggregate together (more
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(Ground) (Ground)

to DC Bias
T-Line

Figure 2.17: Ka-Band 60 um power transistor layout. The original, former deep-trench
local-density rules allowed abutted HBT cells in 1D arrays, but not 2D arrays.
Two 1 x 6 1D arrays of 5 um cells are separated by 32 um, which is the required
deep-trench separation under the old 8HP local-density rules. For clarity, the
figure only illustrates connectivity, and metal layering is not detailed. The
emitters and collectors are wired up from the substrate to the top-level (AM)
thick metal. The base is wired up to the top-level metal, as well, away from the
power-cell core, to connect to RF transmission lines.
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resistance, capacitance, and inductance in the wiring), but less mutual-coupling thermal
effects exist. From a simulation perspective, modeling the EM effects of the wiring overhead
is much simpler than determining the electro-thermal effects of mutual thermal coupling
among the active devices, but from a performance perspective, reducing wiring parasitics
and need for power splitting/combining structures benefits the PA at W-band tremendously.

There are two high-performance npn HBT transistor layouts available: C-B-E and C—
B-E-B-C contact fingers. While the C-B—E transistor is more compact and requires less
inter-finger routing, the symmetric C-B-E-B-C HBT offers lower external base and collector
resistances and lower self-heating thermal resistances. The symmetry around the emitter
finger helps to ensure more even thermal profiles, which aids in stability in large-signal,
high-powered operation. All transistors used in the PA are the C-B-E-B—C type.

Fig. 2.18 shows a comparison of the 40 um power-transistor layouts from aggregating
different unit-cell transistors: 10 um, 5 um, and 2.5 pum emitter lengths. The layout using
10 wm unit cells is 35 pm x 13 wm in area. The layout using 5 um unit cells is 39 pm x 15 pm,
which is 11% wider, 15% taller than 10 pm unit-cell layout. The layout using 2.5 pm unit
cells is 39 pm x 20 wm, which is 33% taller than 5 pm unit-cell layout.

The 10 pm emitter-length cell is too large to use as a unit-cell current mirror because
it wastes too much standing DC current in each PA stage, making high efficiency and
PAE operation difficult. The self-heating and mutual thermal coupling among neighboring
transistors is stronger in larger unit cells because there is less DT isolating the active regions.
Larger cells have more issues with thermal stability and current hogging in densely packed
arrays, as thermal variation on long emitter fingers and long collectors can be problematic for
uniform current distributions with the HBT than shorter fingers. Finally, larger transistor
models (< 3 um) have more and more scaled modeling errors compared to foundry-measured
hardware both at DC and at RF beyond 60 GHz.

The 2.5 um HBT device, in contrast, is modeled more accurately, but associated wiring
and deep-trench overhead increases the overall size of the aggregated transistor, adding
additional inter-cell parasitics.

An additional consideration is that the 2.5 um emitter-length unit cells also result in large
16:1 current-mirroring ratios when using a 2.5 um device to control the bias of the 40 pum
power cell. Lower current-mirror ratios (< 10) in PAs help keep the bias point more stable
with larger standing currents in the bias circuits, especially under high RF-input drives when
HBT's go into compression with resulting high base currents that the active bias must support

The 5 wm unit-cell size is a tradeoff between large devices that are more compact &
have fewer wiring parasitics and small devices that are modeled more accurately and have

better thermal coupling characteristics. The 5 pm unit cell is small enough that it can be
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20 um

Figure 2.18: Aggregated 40 wm power-transistor layouts using (a) 10 pm unit cells, (b) 5 um
unit cells (implemented configuration), and (c) 2.5 pm unit cells. The required
deep-trench (DT) isolation rings are in gray, and inter-cell wiring connections

are not shown.
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used within the active biasing as the reference transistor operating at the same high current
density (1.5 mA/um?) with smaller impacts on overall power dissipation & efficiency. (For
example, to bias at the same current density, a larger 10 wm unit cell in the biasing network
needs to dissipate 2x the power over a 5 um cell.)

The same considerations are made for choosing the earlier Ka-band design’s unit cell, and
using the same 5 um unit cell at W-band has the advantage of having characterized data

from the measured Ka-band designs.

5 um Device

The 5 pm x 0.12 pm transistor standard parameterized cell (p-cell) is chosen as the
unit-cell building block, Qq, for all active transistors in the PA— from active bias-reference
transistors (Qp1, Qp2, Qps) to power transistors (Q1, Q2, Q3). 17 instances of the 5 um
HBT unit-cell appear in the half-PA (34 for the total differential PA). The Qo = 5 wm HBT
achieves a balanced tradeoff between size and accuracy of the available standard-cell npn
models as well as a tradeoff between size and interconnect-wiring overhead. In the design
kit, the 3-5 wm devices have the best hardware correlation for both DC and RF parameters,
as shown by the foundry’s measured characteristics. Above 5 um, the model scaling for
larger devices, up to 18 um emitter lengths, does not produce as accurate of results— the
model fitting is optimized around 3-5 um. Fig. 2.19 illustrates the expected fyax variation
over collector current I and collector voltage Vog. In the common-emitter configuration,
fr increases with higher Vg collector biasing. The forward transit time decreases with the
widening of the base-collector space-charge region until high-level injection effects in the
collector dominate.

The 5 um unit cell transistor is also small enough such that excessive quiescent, standing
bias current is not wasted in the biasing circuits for PAE concerns. The biasing transistors,
altogether, dissipate 20% of the DC quiescent power consumption. This is the maximum
fractional contribution to power dissipation when no input signal is present. At higher RF
input drives and PA output powers, the bias circuit contributes < 5% of the total DC power
consumption.

Fig. 2.20 illustrates the chosen 5 pm unit cell used throughout the power amplifier design.
The unit cell is a standard 8HP high-performance transistor cell (as opposed to the special
high-breakdown, lower fr device).

The HBT unit cell has a single emitter stripe 0.12 um wide and 5 um long. The entire
5 um unit cell measures 8.7 pm x 8.1 um (DT-bounded) and is configured in a C-B-E-B-C
finger arrangement. Dual base stripes flank the emitter and dual extra-wide collectors,

for increased reliability, contact the HBT subcollector region in the substrate. A required
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Figure 2.19: fyax vs. collector current I for 5 um emitter length HBT device. Vop = 1.5V
to 2.3 Vin 0.2 V steps.

8.7 um

Substrate Contact Ring

Figure 2.20: Chosen 5 pwm unit-cell transistor layout with required deep-trench (DT) isolation
ring. The outer boundary of the surrounding substrate-contact ring (in yellow)
is not shown. The HBT fingers are arranged C-B-E-B-C with a single emitter
strip, dual base stripes, and dual extra-wide collector stripes for reliability.)
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1 um-wide deep-trench (DT) ring surrounds the entire HBT structure with a 6 wm-deep
isolation oxide & polysilicon. The deepest active layer within the HBT extends only 2.6 um
into the substrate, and the designer must also place wide substrate-contact rings around the

HBT cell for proper substrate grounding and device isolation.

DC Characteristics

Fig. 2.21 is the Gummel plot (non-log scale) of the chosen 5 pm unit cell in common-emitter
configuration. The plot shows the transfer function of the HBT base-emitter voltage, Vgg
to collector current I with Voo = 1.5 V. The shape of the input-output transfer function
(Ve to I¢) changes with collector voltage, Veg = Voo, Veron for the 5 um device is
approximately 890 mV at peak- f7/peak-gain I current densities at the nominal Voo = 1.7V
operating point. As collector voltages approach 2.3 V, biasing becomes very sensitive to Vgg
voltages. Small changes in the Vgr DC bias point result in large changes in I. Integrated
on-chip active bias circuits address this bias sensitivity issue in Section 2.6. Separate external
biasing controls for each active bias allows precise current control over each gain stage of
the PA (on each half of the differential PA). Since RF performance is tightly coupled to the
DC bias point, achieving the target bias conditions is the first step in obtaining expected PA
performance.

Self-heating effects within the standalone 5 wm unit cell HBT cause the DC-IV curve of
the transistor to sag, at a given base biasing, with increasing collector voltages, Vog. Fig
2.22b illustrates this effect with thermal effects simulated in isolation of impact ionization—
no impact ionization modeled.

Fig. 2.22a shows the effects of transistor self-heating and impact ionization together.
Fig. 2.22¢ shows the effects of impact ionization in isolation— no thermal self-heating effects.
Lastly, Fig. 2.22a is an idealized DC-IV curve of the SHP HBT with no self heating and no
thermal self-heating effects. Impact ionization causes the collector current I to increase
rapidly beyond a critical operational collector voltage Viopgr while self-heating thermal effects

cause the DC-IV curves to sag at higher power dissipations.

RF Characteristics

For PA designs in SiGe at W-band frequencies, power gain is one of the most important
RF characteristics of the HBT, especially since available gain is low in GF 8HP technology
(< 7 dB) around 90 GHz. The HBT transistor RF characteristics are highly dependent on
fr & fumax, which are themselves strongly dependent on the DC bias currents and voltages.

In the W-band PA design, all transistors, power transistors and associated transistors in
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Figure 2.21: Gummel plot (I¢ vs. Vgg) for 5 pum HBT unit cell. Voo = 1.3 V t0 2.3 V in
0.2 V steps. As higher collector voltages are used, the collector current is more
and more sensitive to changes in Vgg.
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Figure 2.22: (a) Nominal simulated DC-IV curves for 5 wum npn HBT using HICUM models
under open-base biasing condition (base input is current-driven in 20 pA steps),
includes impact-ionization and self-heating effects, (b) without impact ionization
and with self heating, (¢) with impact ionization and without self heating, and
(d) without impact ionization and without self heating (ideal curves). The plots
show the isolated effects of impact ionization and self-heating on the DC-IV
curves.
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the active-biasing circuits, operate near their peak fr/fuax/MAG current density’. For
the 5 um unit-cell HBT, peak fr biasing occurs at 1.5 mA /um bias current density is per
emitter length (with fixed 0.12 um width), which is equivalent to 12.5 mA/um? current
density per emitter-area®. The foundry-measured peak fr and fy;4x for the 5 um device is
approximately 200 GHz and 285 GHz, respectively, at Vop = 0.5 V.

8 K ) LI |I ) ) ) ) LB |I ) ) i 8
6 | BN s
al q 4
= [ ]
3 - -
o 2 -1 2
< = -
= [ :
o Vee=1.5Vt0 2.5V 1o
2} ] -2
-4 [ [ Ll III [ [ [ [ Ll III \ -4
0.4 1 10 40

Collector Current I¢c (mA)

Figure 2.23: MAG vs. collector current I for 5 um unit-cell with Vop = 1.3 V to 2.5 V in
0.2 V steps.

Finally, Fig. 2.23 show the MAG of the 5 wm unit cell versus different collector biasing
for a family of Vg collector voltages.

At high current densities, the high mobile-charge density alters the electric-field profile
within the collector-base space-charge region and causes an effective widening of the base
region, known as the Kirk effect. At high HBT current densities, the Kirk effect degrades
both transistor Sr (base-to-collector current gain) and fr/fuax/MAG, dropping the high-
frequency gain. The Kirk effect results in an fr falloff at high current densities because of

spreading & widening of the neutral-base layer into the collector region [75]. The effect on

"For HBTs in PA Class A/AB operation, the biasing current density for peak fr, fuax, and maximum
available gain (MAG) are the same— biasing for peak fr is equivalent to biasing for peak fyax or MAG.
8The newer HiCUM transistor model now predicts peak fr biasing at 6.8 mA for 5 pm HBT, which corresponds
to 1.36 mA/um per emitter length or 11.3 mA/um? current density per emitter area, slightly lower than the

12 mA/um used and predicted by the early VBIC HBT model.
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fr can be delayed to higher current densities through heavier collector doping, but this leads
to a tradeoff of reduced collector breakdown voltages.

The simulated AC f (also called B4¢ or hgy) for the 5 um bias-reference transistor at
peak- fr currents is shown in Fig. 2.24 and Fig. 2.25. The DC S at currents near peak- fr is
170 (and even higher, > 400, at very small currents). 5 @ 90 GHz is about 2.3 for 1.5 mA/ um
for 5 um npn Q@ Vo =15V

140 m 140
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Frequency (Hz)

Figure 2.24: [Sac at peak fr biasing. Emitter length = 5 um, I = 7.5 mA @Q Vo = 1.5 V.

Emitter Inductance

Fig. 2.26 shows the effects of emitter inductance on MAG over frequency. For a 5 um
device, EM simulations indicate that emitter ground inductance for an individual 5 pm unit
cell is approximately 12 pH to wire all the way up to top-level AM-metal DC/RF ground.
This parasitic ground inductance results in a drop in MAG by more than 1 dB due to
inductive degeneration. Larger transistors, when used in aggregated arrays, have additional
inter-cell wiring inductances, and these additional parasitics must be taken into account via
EM simulation when connecting multiple HBT unit-cells together to form larger, aggregated
power-cells.

Low-inductance emitter-ground wiring is necessary to preserve the little gain available at

W-band. A wide, thick top-metal ground bus, pulled across the top of the transistor array to
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Figure 2.26: Maximum available gain (MAG) vs. frequency for emitter inductance = 0 pH
to 50 pH in 10 pH steps. Emitter length = 5 um, Vg = 1.5 V.
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contact the emitters, is necessary to minimize the ground inductance.

2.5.3 Breakdown Voltage Limitations

The section discusses the breakdown characteristics and limitations of the chosen 5 pum
unit-cell HBT transistor. Since power amplifiers’ primary function is to convert DC into
large RF/AC waveforms, the HBT’s DC current and voltage operating points have great
influence on the overall performance of the PA. There are two primary operational boundaries
in HBT's within power amplifiers: voltage limitations and current limitations. Voltage limits
are determined by collector breakdown voltages while operational current limits of the HBT
are primarily determined by electromigration and thermal-dissipation limits of connecting
metal lines and vias.

In addition to limited gain at high frequencies, the breakdown voltage is a significant
limitation for high-powered mmW PA design in advanced SiGe technology. The collector is
very heavily doped in order to shorten the charge transit times and increase the speed and
gain of the device at high frequencies (fr), and but at the expense of decreased collector-base
junction breakdown voltages. Heavier collector doping pushes out the peak-fr to higher
current densities, which is helpful for high-current PA operation, but the collector-emitter
breakdown voltage, BVcgo, decreases.

The Johnson limit describes the fundamental tradeoffs between an npn transistor’s fr
and its breakdown voltage BVgo arising from the collector doping [76]. The limit describes
the first-order relationship between BVigo and fr based on the semiconductor material

properties of the bipolar transistor.

Ema:): Vsat

BVCEO X fT (06 2— ~ 200 GHZ—VOltS (26)
m

where FE,,.. is the dielectric breakdown strength of a semiconductor material and vg,; is
the saturated drift velocity of carriers.

The fr x BVego product is approximately constant for a given collector material. The
limit assumes uniform collector doping and is conservative for predicting breakdown voltages
of modern HBTs. For silicon homojunction bipolar junction transistors (BJTs), the Johnson
limit is approximately 200 GHz-V, based on simple one-dimensional drift-diffusion models.

Modern HBTs have collectors with more sophisticated, non-constant doping profiles and
strained & graded bases, and heterojunctions. HBT devices have successfully continued to
increase the BV x fr product with each successive generation of new devices [1, 67]. A
modified Johnson limit for current high-performance SiGe 8HP HBT devices is on the order
of ~ 300-350 GHz-V.
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The Johnson limit illustrates the trends of fundamental device limits and reveals that there
is a gain-power limit for each technology. Fortunately, a circuit-design work-around exists to
8HP’s low BVcgo = 1.8 V collector-breakdown voltages because the assumed npn open-base
condition in the Johnson limit and BVgo collector breakdown voltage can be modified with a
proper low-resistance external bias circuit to push collector-emitter breakdown voltages closer
to the 8HP collector-base breakdown voltage BVepo = 6.0 V. Details of the bias circuits to

achieve higher collector breakdown voltages are found in Section 2.6.

Operational Collector Voltage BVcgr

This section discusses the high-level underlying physics of carrier events in the HBT that
determine the collector breakdown voltage. Attaining higher operation collector breakdown
voltages is possible through circuit techniques in the external base-biasing configuration.

Beyond a critical Vg value, impact ionization events and avalanche multiplication in the
collector-base space-charge region (SCR) cause collector currents to increase rapidly until
avalanche breakdown. The operational collector-emitter breakdown voltage, BVcgr, is highly
dependent on the on the external® base-biasing resistance at the base of each power transistor
terminal, which ballasts currents created by impact ionization at higher collector voltages.

Electrons in the base-collector (BC) space-charge region (SCR) usually experience some
scattering before reaching the collector region. The amount of scattering is dependent on
the collector-to-base bias voltage Vg, which is directly related to Vg in common-emitter
configurations biased near peak-fr operation. With enough energy (1.1 eV for a silicon
npn collector), electron scattering within the base-collector space-charge region can generate
an electron-hole pair from the silicon lattice in an impact ionization event. The generated
electrons drift toward the neutral collector region while the generated holes drift into the base
region. The electrons are eventually swept through the collector, causing a rise in collector
currents, while the holes recombine or exit depending on biasing configurations. Under ideal
open-base current-source biasing and high external resistance (k2) base-biasing conditions,
the excess holes cannot exit the base terminal and instead, recombine with electrons being
injected from the emitter. The excess recombination results in a generation of even higher
emitter currents, which results in more electrons flowing into the base-collection region
and more electron-hole pairs being generated by impact-ionization scattering events in the
collector space-charge region. The now-multiplied number of excess holes then recombine to
causes a rise of even more emitter current— a positive feedback process known as avalanche

multiplication. This collector current is known as the avalanche current, and the rapid rise of

9”External” resistance refers to resistance outside of (external to) the HBT standard p-cell, beyond the M1
first-metal layer.
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current is known as avalanche breakdown. In isolation— without other stress effects such as
thermal instabilities—, avalanche breakdown itself is a non-destructive, reversible breakdown
process. Avalanche breakdown is an operational boundary and not necessarily a destructive
limit.

With an infinite external base resistance— HBT biased and forced with a base current set
by an ideal current source— the DC-IV curves experience avalanche breakdown effects from
impact ionization processes in the collector near Vg voltages of BVogo = 1.8 V. The precise
voltage at which avalanche breakdown effects dominate depend on the DC bias-current point,
and higher DC currents result in lower breakdown voltages (< BVogo). In addition, higher
current-gain devices (higher Sr) result in higher current feedback, which leads to reduced
collector-emitter breakdown voltages. The feedback effects can be eliminated or significantly
mitigated by allowing the excess holes generated by impact ionization to exit the HBT base
terminal via a low-resistance external DC biasing resistance. The generated holes ballast
through the base terminal rather than recombine with electrons injected from the emitter,
breaking the feedback loop.

By using biasing closer to voltage-mode (low external base resistance) rather than current-
mode (high external base resistance), the operation breakdown voltage BVgr increases from
BVogo = 1.8 V toward the ultimate BVego = 6.0 V limit (open emitter). With proper
low-resistance base biasing, the common-emitter topology can approach the breakdown
voltage of the common-base transistor

8HP also has optional high-breakdown BVgo = 3.6 V HBT devices created from selectively
altering the collector doping profiles with lighter doping implants. These high-breakdown
devices have only peak fr below 57 GHz, and do not provide any RF gain for W-band
operation. Thus, only the ”high-performance” high-fr HBTs with BVego = 1.8 V are
considered in this W-band design.

In the implemented PA design, a very low external base impedance of 20 (2 is presented
to each HBT power cell while maintaining high RF impedances with a custom inverted
microstrip transmission line and resonant RF-shorting MIM capacitor. The active bias
network maintains stable operation and pushes the resulting BVegr > 5.0 V, well beyond
the 1.8 V BVcgo. 20 € is the lowest external base resistance known to be used in a W-band
SiGe HBT design and allow the common-emitter configuration to be pushed to its device
limits. More details of the implementation are found in Section 2.6.

Fig. 2.27 shows the simulated data for breakdown voltages with different Rp ey base-
biasing resistances. If the external biasing circuit is an ideal current source (Rpexi — 00 €2),
setting the DC base current to a fixed point, then the operational collector-emitter breakdown

voltage is simply BVego =1.8 V. If the external bias circuit presents is an ideal voltage
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source (Regternat = 0 ), setting the DC base voltage, then BVogr = BVepo = 6.0 V as
holes generated by the impact ionization process are free to ballast out of the HBT base
terminal. The implemented external Rpex; = 20 €2 in the W-band PA leads to operational
breakdown voltages close to BVcgr = 4.2 V. (The dynamic RF load lines follow different
curves than depicted on the DC-IV curves since the non-idealities in the curves at high
currents and voltages are DC effects.) Measured hardware data from the foundry shows that
the newer HICUM HBT models still have difficultly predicting breakdown behavior at the
device’s voltage and current extremes [77], but the HICUM model still correlates to measured
hardware better than the older VBIC HBT models.
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Figure 2.27: Simulated DC-IV curves (HICUM model) for 5 pm HBT with DC external base
resistance of 20 € in red, 200 €2 in blue, and oo 2 (open-base) green.

At high collector voltages, the electric fields cause impact ionization events in collector-
base junction, causing electron-hole pairs to be generated. The holes drift back into the
base region (from the electric field) and recombine with electrons injection from the emitter,
leading to an overall decrease in forward base current. In the case of a high-impedance current
source at the base terminal, the BC breakdown current feeds back into the BE junction,
causes a rise in the BE voltage, which in turn injects more electrons from the emitter into
the base & collector. At a critical base current, this impact-ionization process becomes a

positive feedback mechanism and causes the collector current to rise exponentially.
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For a constant Vg biasing condition, the critical base current in Eq. (2.7) is the current
at which the impact ionization causes a reversal in the DC base current from flowing into
the base terminal to flowing out of the base terminal [78]. The base-current reversal has
to potential to induce electrical-feedback instabilities within the HBT. Ballasting the base
terminal via a low-resistance external base impedance delays the onset of negative effects

arising from impact ionization.

. VT — ’I“el%
Bz + sz(I%)

where I% is the critical base current, V7 is the thermal voltage (~ 26 mV at 25°C), I% is the

I = (2.7)

corresponding emitter current at the onset of the critical base current, r. is the small-signal
emitter resistance, ry; is the small-signal value of the internal base resistance (dependent on

Ig & I%), and rp, is the external base resistance.

Reliability and Safe Operation

Efforts are made to make the PA compliant to all foundry-recommended reliability
guidelines for long-term, continual operation in commercial electronics at 100°C with > 100,000
power-on-hours (100K POH = 11.4 years) expected lifetimes. Metal lines, vias, MIM
capacitors, TaN resistors, and HBT's are all chosen to operate within thermal, electromigration,
and device-stress limitations for long-term reliability.

For HBT devices, the primary guidelines pertinent power amplifiers are (1) the DC
forward-bias emitter current density should be < 15 mA/um? or equivalently, < 9.0 mA /um
per emitter length; and (2) the collector-base DC voltage should be < 1.5 V to avoid
reliability issues from impact ionization and avalanche multiplication effects. For the common-
emitter PA, this limitation equates to an equivalent Vg collector-emitter voltage of < 2.4 V
since Vpgon = 0.87-0.9 V for the active device near peak-fr/fyax/MAG DC biasing in
common-emitter configuration.

Fig. 2.28 shows the conceptual DC operational limits of a general npn transistor [79]. DC
and RF stresses outside HBT safe-operating areas result in performance degradation, circuit
instabilities, or expected lifetime shortened, or even immediate catastrophic device failure.

Additional voltage and current headroom exists, beyond those set by the DC-IV curves,
when the RF/AC dynamic load line is considered. The safe operating voltages have been
measured to be ~ 10% higher than the load-line condition for DC currents & voltages [80, 81].
The RMS (AC/RF) swings have less effective energy than static DC currents & voltages,
and RF load lines may cross out of DC safe operating areas [82, 83]. The failure voltage

for the RF dynamic swing at the collector is approximately 10% above BVipo + VBEon OF
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Figure 2.28: Forward-bias HBT safe operating area and general conceptualization of voltage,
current, and power operating limits.

~T7.6 V, which is well beyond peak voltages expected in the designed Class A/AB W-band
PAs operating at a maximum DC Vg = 2.3 V. The combined effects of both electrothermal
and impact-ionization are examined in [84] and provide additional insight into the tradeoffs
for stable operating regions.

The foundry estimates, under mixed-mode stresses (DC & large-signal RF), that base
current is expected to increase up to a maximum of 25% over the lifetime, which results
in an increased 5% collector-current difference. Shifts in DC g are observed, but RF/AC
performance generally stays the same, even after extreme DC and RF stress into breakdown
[85, 86]. For instance, measured fr and fyax metrics remain the same after stresses.

To offset long-term stress effects, designs need be able to adjust the DC biasing to
compensate for the forward-biasing degradation effects. Having proper provisions to re-tune
DC bias currents aids in ensuring PA operation remains nominal as HBTs stress and age
over the years.

Operating with Vop < 1.5 V (Vop < 2.4 V) leads to little fr degradation: a 10%
worst-case shift in the long term. The small shifts in DC characteristics caused by the
mixed-mode RF & DC stresses can be compensated in DC bias adjustments. Once DC bias
adjustments are made to account for any stress-related biasing shifts, the RF performance
remains essentially the same. RF performance is not degraded with stresses as long as proper
DC bias adjustments are made. More device degradation and base leakage current is observed
in low-current operating regimes after large DC & RF stresses with DC S shifting as much

as 20%, but this impact is minimal for PAs biased well above the base-emitter turn-on voltage
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in typical high-current Class A and even reduced-current Class AB operation.

For reliability considerations in the W-band PA, there are two predominant operational
limits for the SiGe HBT in common-emitter configuration: maximum safe current and
maximum collector voltage. The maximum current specification is set by the electromigration
of metals and contacts feeding the HBT, and the maximum voltage is set by the operational
collector-emitter breakdown voltage BVgRr, as discussed previously in Section 2.5.3.

No significant aging has been observed during the measurement of the designed W-
band PAs after over 500 hours of mixed testing on a single chip. More data is detailed in

measurement reports in Section 2.11.

2.5.4 Aggregated Power Transistors

A key layout limitation involving deep-trench maximum local density was lifted after the
Ka-band design work just before the W-band design phase. After major improvements of
the STI (shallow-trench isolation) planarization process in the fab, the foundry improved
and qualified the 8HP process to the point where the strict deep-trench (DT) local pattern
density requirements could be lifted. The new process design rules allow the HBT unit cells
to be densely packed together in 2D arrays with adjoining, shared deep-trench structures—
butted DT structures. The prior DT local-density rules disallowed any 2D arrays of npn
transistors, forcing custom large, aggregated power cells to split into different long 1D arrays
separated by > 38 um. The restrictions created significant area overhead, and total transistor
footprints became large with significant parasitics to wire 1D arrays together. The additional
inductances and capacitances of the wiring overhead were particularly problematic at W-
band, robbing the transistors of precious gain at mmW frequencies. The new rules allow
densely-packed HBTs and greatly reduce the inter-cell connection parasitics and preserve the
low available transistor gains at W-band frequencies.

Aggregating and packing multiple 5 wm unit-cells into dense, overlapping-DT arrays
has not been attempted in SiGe 8HP until this work. Prior to this W-band design, large
transistors in W-band had to be broken into larger unit cells and separate 1D arrays had to be
power combined at the collector outputs. Packing many cells tightly together reduces inter-cell
wiring parasitics as well as the need for power-splitting and power-combining structures to
synthesize large transistors.

Since large (> 18 pum) and multi-emitter finger HBT cells are disallowed in 8HP because
of internal thermal runaway and current-hogging issues, larger area emitters must be created
by aggregating multiple single-emitter-striped HBT cells. Following the general unit-cell
design approach of the PA, the HBT power cells are made from aggregating identical HBT
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(npn) unit cells with 5 pm emitter lengths. These same unit cells are also used in the active
bias circuits, detailed more in Section 2.6.

The HBT unit cell is Qp = 5 um emitter length and 0.12 wm in width. The aggregated
power transistor in the first gain stage (Q1) uses the unit cell in a 1 x 2 array: Q1 =2 X Qg
= 10 um emitter length, Fig. 2.29a. The power transistor in the second gain stage uses the
unit cell in a 1 x 4 array: Q2 =4 x Qp = 20 wm emitter length, Fig. 2.29b. The third
and final gain stage has a power transistor aggregated from the unit cell HBT in a 2x4
array: Q3 = 8 x Qo = 40 um, Fig. 2.29c. The aggregated Q3 output transistor measures
15.1 um x 31.5 pum.

For each gain stage, a unit cell element Qg is also used as an active-bias reference transistor,
Qpr = Q2 = Qpz =1 x Qp = 5 um. (Qp is also the same 5 wm unit-cell transistor used
and studied throughout the two earlier Ka-band PA design iterations.)

A dense lattice of DT, made of 1 um-wide and 6 pm-deep oxide & polysilicon trenches,
isolates each unit cell and the aggregated array both electrically and thermally. Finally, the
entire aggregated power-transistor structure is surrounding by a large moat of connected
substrate contacts for proper substrate grounding and device isolation.

The electrical effects of shared DT structures and a shared perimeter substrate-contact
ring is not modeled for the aggregated power-cell HBT. The HBT model assumes that a
substrate ring surrounds the npn cell. When transistors are aggregated and abutted, the
default substrate modeling does not reflect the physical layout, and some minor modeling
errors are expected. from aggregating the unit-cells densely, but the net electrical effects
are expected to be small relative to the process variation. The unmodeled thermal effects
of dense packing at shared DT, however, are not insignificant and must be addressed in a
custom thermal model.

Additional isolation-moat structures are placed around the aggregated HBT power-cells.
These reduce the substrate coupling between HBT gain stages and are formed using regions
of high-resistance substrate (STI and DT) surrounded by shunted low-resistance substrate-
contact rings that shunt noise to the large global RF & DC ground planes. The isolation-moat
structures provide high-resistance paths between critical HBT elements and low-resistance
paths to substrate RF & DC grounding.

2.5.5 Q3 Power Transistor Cell

The output power-transistor layout cell is a key element in the PA design. It delivers
the necessary power and has the largest RF voltage and current swing of all the PA stages.
Unlike other III-V foundry processes that are tailored to power amplifiers, the GF 8HP SiGe
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Figure 2.29: Implemented W-band PA layouts of densely-packed 5 um unit cells aggregated
into power transistors with overlapping deep-trench isolation (DT) areas (a)
Q1 (10 pm), (b) Q2 (20 um), and (c) Q3 (40 um). The substrate ring (in yellow)
surrounds the aggregated transistor cells in a large, low-resistance, grounded
ring. The outer boundary of the substrate ring is not shown. Inter-cell wiring
of the unit cells (dual-base stripe, dual-collector stripe, single-emitter stripe) is
not shown.
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foundry process does not offer special pre-designed power-transistor cells nor does it allow
custom emitter layouts beyond the single-striped npn device. The task of creating large power
cells is left to the foundry user, and large devices beyond 18 um x 0.12 um must be created
by placing smaller standard cells in parallel. These custom cells must then have their wiring
parasitics extracted separately, and mutual-heating effects between cells is not modeled.

Electro-thermal coupling within a custom power cell is not easily modeled, especially
for dense power-cell layouts, and this must be taken as a known model limitation during
simulations. To obtain the higher output powers, larger device sizes are desirable, but as
discussed in Section 2.5.2, larger devices result in lower RF gain at 90 GHz which in turn also
reduces PAE and the PA’s usefulness in system applications like multi-element SiGe transmit
phased arrays. For the PA to be easily integrated as a element such integrated phased arrays,
target PA performance is set to gain > 10 dB and PAE > 10% while considering attainable
matching network values using compact matching networks. After simulating the power,
gain, PAE, and ease of proper matching network design tradeoffs, the 40 um emitter length
is chosen for the 90 GHz output transistor Q3.

The transistor size of the Q3 output HBT, aggregated from 8 unit-cell transistors, is
40 um x 0.12 pm. The Q3 HBT layout and associated terminal wiring is illustrated in
Fig. 2.30. Power transistors Q1 and ()2 are wired in a similar configuration with emitter
grounding on the top-level AM metal pulled over the entire power-cell HBT structure. The
HBT emitter is wired ”top-down” from the AM top metal all the way down to M1 and the
emitter contacts within the substrate.

The collector emitter fingers are pulled out from a stack of lower M1-M4 copper metals
underneath the AM emitter for an extremely short 2.5 pum run before joining together and
contacting back up a metal stack to the low-loss, AM top-level metal interconnects and
transmission lines (illustrated in blue). Only metals up to M4 are used above the active
collector, rather than rather than higher metals closer to the AM emitter ground, to reduce
collector-to-emitter capacitances. The base fingers are also pulled away from the emitter
grounding bar, but connect up only to LY (2nd aluminum layer from the top) in order to
connect directly to the bottom plate of the series MIM capacitor, which is both a reactive
matching element as well as a necessary DC block.

For additional reliability and lower parasitics inductances, the emitter is wired with a
metal stack beyond the minimum required for DC and RMS high-current electromigration
compliance. The DC and RF grounds around the HBT transistors are stacked wide metals
on AM, LY, and MQ, providing a very low-impedance ground termination.

The wide emitter ground bus, pulled over the entire power-cell structure, also acts as a

heat spreader to evenly distributed the dissipated heat and as a heat sink to wick away heat
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Figure 2.30: Q3 = 40 um power transistor cell layout made from 2 x 4x 5 um units cells.
The emitter ground is pulled across the entire power transistor and contacts the
8 emitter from above— top-level AM metal all the way down to the substrate
contacts. The collector and base fingers are connected from the north and south,
respectively, and connect back up to higher metals once clear of the emitter
grounding bar.

into the wide, stacked (thick) global ground planes surrounding the HBT.
More small-signal and large-signal aspects of the aggregated power transistors Q1, Q2,

and Q3 are covered later in detail in Section 2.9.3.

2.5.6 Custom Thermal Modeling

In purely Class A and mild Class AB (closer to Class A than Class B) amplifiers with high
standing DC quiescent currents, significant heat is dissipated in the power transistors, even
if there is no RF input drive present. Thermal effects from high power dissipations (either
quiescent or under full RF drive) in multi-fingered transistor designs can cause stability issues
in HBTs. Compared to traditional bipolar BJTs, however, SiGe HBT Sz DC current gains
have less positive temperature dependence than their silicon homojunction counterparts.
Compared to GaAs, silicon-based substrates have 3x the thermal conductivity, aiding
the thermal stability of HBT devices. Compared to CMOS FETs, which have stabilizing
negative temperature coefficients with respect to current draw, SiGe HBTs exhibit positive
temperatures with current— more current causes HBT emitter fingers to heat up, and more
heat in the emitter causes the emitter current to rise, a positive feedback process.

This section examines the circuit-design impacts of thermal conditions arising from the
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tightly-packed unit cells aggregated together as custom power-transistor cells. Custom mutual
thermal-coupling models are extracted from measured data, and the thermal stability of the
aggregated HBT's are characterized.

The foundry lifted process design rules for the maximum allowable deep-trench local
density, allowing the 5 pm transistors to be packed with shared DT structures. Densely-packed
unit cells in the HBT power transistor reduce, significantly, the intra-cell wiring parasitics
and help to preserve the available gain in the transistors. However, the maximally-compact,
minimum-spacing layout leads to increased mutual thermal coupling and HBT heating. These
electro-thermal effects cause shifts in DC & RF characteristics that need to be modeled for
thermally-stable, optimal designs at W-band. Efforts are made to use prior Ka-band PA
measured data to model the mutual thermal coupling of the 2D array of 5 um unit cells in
order to adjust the PA design accordingly.

The foundry-provided HBT models include internal self-heating thermal effects for single
HBTs, but no electro-thermal models or coupling coefficients are available for different
transistor-packing arrangements of multiple HBTs. Designers must model any additional
mutual thermal effects through the thermal impedance multiplier, my,. Proper estimation of
the thermal effects of densely-packed transistor cells helps to predict, more accurately, proper
DC operating points, optimal RF matching values, and safe thermal operating conditions
(emitter ballasting requirements).

Fig. 2.33 shows the effects of HBT self heating on the DC-IV curves. Without self-heating
modeled, the collector currents, for a given base-current bias, do not drop with increasing
collector voltages. A unit-cell within the aggregated power-transistor array experiences
mutual-heating effects from adjacent transistors that have a similar effect as increased
self-heating on the DC-IV behavior.

Thermal Resistance Ry,

The source of the heat generation within an HBT is located just below the emitter finger
stripe. The temperature of the internal emitter junction can be described by a thermal

resistance and the DC power dissipation [87]:

T‘junction = Lambient 1 RthPDC (28)

where Pp¢ is the DC power dissipation within the HBT, Ry, is the thermal resistance of the
device (in K/W), and Tymbiens is the ambient chip temperature (in K). The HBT DC power

dissipation is Ppo = VopXxlic.
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Figure 2.31: DC-IV curves for 5 pm npn HBT with self heating (red) and without self
heating (blue). The HBT is biased with an ideal current source at the base in
common-emitter configuration at 25°C.
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The rise in device temperature due to HBT self heating is then described by Eq. (2.9):

AT = Ry Ppe (2.9)

The characteristic HBT thermal resistance is a function of the transistor device size and

effective thermal conductivity. Ry, can be estimated from the classic Eq. (2.10) [88]:

1
4rvV LW
where £ is the thermal conductivity constant in W/(m-K), L is the emitter length, and W is
the emitter width.

Rth X (210)

A more recent, more accurate estimation in [89] of device thermal resistances in modern
HBTs describes Ry, as a series combination of thin slabs along the direction of heat propagation

z with thermal resistances x;, areas A;, and thicknesses d;:

d; 1
Ry, = ;Rth,i = Z i / K(Z)A(z)dz (2.11)

The general expression, when applied to substrates that are much thicker than the HBT
finger width and length, simplified into Eq. (2.12):

B 1 (W +2ta) L] 1 L
B = 26(L — W) I { (L + 2tq) W} ~ 2(L—W) ln (W) (2.12)

where g, is the substrate thickness, assumed to be much larger than the emitter L or W.

The deep-trench (DT) ring around the HBT isolates, both thermally and electrically,

each device from nearby adjacent ones [90]. The thermal conductivity of the 1 um-wide,

6 um-deep DT oxide isolating ring around each 5pum unit cell is 0.014 W/(cm-K), >100 x
lower than that of the silicon substrate at 1.56 W /(cm-K) [68]. (For reference, the deepest
HBT conductive layer, the subcollector, is only 2.8 um deep into the substrate.) The DT low
thermal conductivity increases the HBT self-heating, but also restricts the lateral thermal
dissipation (heat flux), reducing the mutual thermal coupling between adjacent transistor
cells.

The work in [89] applies Eq 2.12 for modeling cases where deep-trench oxide walls confine
the heat flux, raising the effective thermal impedance of an HBT.

In the presence of DT isolation structures, the thermal resistance of the HBTs increase with
decreasing emitter areas— Ry, increases for smaller emitter lengths in a given technology [91].
For the same current density, however, smaller HBT's, despite their higher Ry, experience less
temperature rise from self-heating than larger transistors because the ratio of DT-enclosed

area to emitter area is larger, thus providing more cross-sectional heat dissipation per emitter
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area and better overall thermal stability. Mutual thermal coupling, as studied in [92], is also
decreased when densely-packed arrays use smaller unit HBTs.

The nominal thermal resistance for the standalone 5 pm C-B-E-B-C unit-cell HBT,
including effects of deep-trench enclosure, in 8HP technology is Ry, = 2590 K/W at 25°C10.
Heat is also dissipated through the large areas of thermally-conductive metal wiring and
contacts that sit above the HBT.

Effects of Mutual Thermal Coupling on Ry,

The thermal resistance Ry, models an HBT’s temperature rise due to self-heating effects,
but mutual thermal coupling from neighboring cells must be included in order to predict
proper DC operating points and to ensure that the arrayed power-cell is thermally stable—
that there are no electro-thermal positive-feedback run-away conditions. To account for
mutual heating effects from neighboring transistors within a aggregated array, the effective
thermal resistance Ry, e must be adjusted for the packing density and arrangement for each
power-cell layout.

Since thermal coupling from neighboring cells result in additional temperature rise (over
self-heating) within a unit-cell transistor, the total rise in temperature can be modeled as an
effective increase in the HBT thermal resistance Ry,. Thermal simulations of SiGe HBT's
in [90, 92] show the effects of mutual thermal coupling on the effective thermal resistance of
transistors packed together.

A mutual coupling factor between transistors, myy,, is necessary to described the effective
increase in thermal resistance for each of the aggregated power cells Q1, Q2, and Q3. The
effective thermal resistance caused by increased mutual thermal coupling is then given by 2.13

and the emitter junction temperature rise over that of self-heating alone is given by 2.14.

Ripet = munRino (2.13)

where Ry is the thermal resistance of a unit-cell HBT with only self-heating effects— no

mutual thermal coupling.

AT = Ppthho (mth - 1) (214)

10Densely-stacked emitter wiring, from copper all the way to the aluminum top metal acts, as a heat sink from
the top side of the HBT and can result in small changes in the effective thermal resistance, depending on
layout specifics.

100



Thermal Resistance Modeling

Custom thermal models are made for each W-band aggregated power-cell array (Q1,
Q2, and Q3) using measured data collected from prior Ka-band PA designs in Chapter 3 .
Since the W-band HBT's employ packing configurations that were not supported in earlier
Ka-band design, initial W-band thermal-coupling estimates are used based on the measured
data and simulated scaling factors from Rieh et al. [92]. After the W-band measurements,
the estimated thermal models are further refined to reflect the latest measurement data and
presented here.

Differences in my, manifest themselves as differences in quiescent currents within the
power transistors. my, accounts for the majority of operating differences between the reference
unit-cell transistor in the bias circuit and the aggregated power transistor. The active-bias
reference transistor, operating at the same peak- f; current density as the power-cell HBTs,
is physically separated from the power cells by at least 300 wm, and the difference in local
transistor temperatures leads to a fixed shift in mirrored collector current, which can be
measured and characterized through a mutual thermal coupling coefficient.

Although HBT Sr can vary by +20% even in adjacent transistors, the active-biasing
circuit compensates for g differences, leaving mutual thermal heating, which is unmodeled
by the HBT model, the dominant factor in DC current shifts. The unmodeled current
dependence on mutual thermal heating can be used to extract first-order estimates of my.
Since each gain stage of the PA has its own active biasing circuits and voltage-reference pins,
the current dependence shift from my;, can be extracted in-situ— within the PA directly.
More advanced methods of extracting HBT thermal parameters exist [93-95], but for this
work, the necessary simplified models can be created simply by using the large data set of
DC current and voltage for each gain stage and each active-biasing circuit.

The differences in expected DC collector currents with no mutual thermal coupling effects
that of measured collector currents with mutual thermal coupling can be used to extract the
thermal resistance multiplier my;, to model mutual thermal coupling. The increase of total
collector current from mutual thermal coupling is primarily attributed to an effective increase
of Rype, the effective thermal resistance

Mutual-thermal coupling in the power transistors makes my, > 1.0 and causes the
temperature of the power transistor to rise accordingly. In contrast, the 5 um bias-reference
transistor does not experience the any rise in temperature from adjacent unit cells— only
self-heating effects. The differential increase in temperature between the power transistor
and the biasing-reference HBT unit cell causes the power HBT to have more quiescent
current than expected under no mutual thermal coupling (self-heating only) my, = 1.00.

Adjusting the custom HBT model my;, to match currents observed in the power HBT cells
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under active-bias mirroring gives a useful estimate of the mutual thermal effects of each array
packing configuration: 1 x 2, 1 x 4, and 2 X 4 arrays.

Ryp e and myy, are estimated by matching DC quiescent current values measured in each
PA stage. Multiple dies are measured to average out readings of increased collector currents
from mutual thermal coupling. A range of biasing currents and voltages are used to capture
multiple data points on each Q1, Q2, and Q3 aggregated power cell.

Measurements for thermal models are done at room temperature and at a lower collector
voltage Voo = 1.3 V in order to eliminate any high-voltage impact-ionization effects on
measured collector DC currents. This separates the Ry, modeling effects from the impact
ionization modeling effects, which are known to have model-to-hardware correlation issues at
high voltages. Operating at lower collector voltages allows capturing an effective thermal
resistance that is primarily influenced by the mutual thermal coupling of the aggregated unit
cells.

Ryp e values in back-simulations are increased until the simulated power-transistor collector
currents match that of the observed measurements. my, is simply the effective thermal

resistance multiplier or scaling factor, given by Eq. (2.15).

My, = —oueft (2.15)

Although HBT (r can vary by +20% even for adjacent transistors, the effects on the
power-cell collector currents are also scaled down by Sr = 170 because of the active-bias
tracking. Small skews and variations in Early voltages are also scaled by a factor of ~5.
Measurements of several separate PA chips (dies) averages out transistor variations further,
leaving only the fixed, unmodeled mutual thermal coupling as the predominant factor altering
expected collector currents in the aggregated power HBTs. This results in a first-order model
of the mutual thermal effects. In the future, to obtain even more accurate results, more parts
from multiple wafer lots should be measured to refine the custom thermal modeling even
further.

Fig. 2.32a and Fig. 2.32b illustrate the implemented Q2 20 pm aggregated power-cell
HBT as well as the Q3 40 wm HBT, respectively. In the 20 wm device, only 2 of the 4
unit cells share 2 edges with adjacent HBTSs, alleviating the overall effective mutual thermal
coupling compared to devices packed in long 1D arrays in Fig. 2.32c. The 2D-packed 40 pum
HBT device has no unit cell completely surrounded by adjacent HBTs on all edges and
corners, which reduces the mutual thermal coupling of unit cells compared to those modeled
in Fig. 2.32d. Avoiding maximum long 1D and 2D arrays decreases the effective mutual

thermal coupling my;, compared to those modeled in [92].
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Figure 2.32: (a) Implemented 20 um HBT layout (b) Implemented 40 pm HBT layout (c)
Long 1D array of HBTs with the center transistor sharing 2 edges (d) Long 2D
array of HBTs with the center transistor completely surrounded by adjacent,
overlapping HBT's on all edges and corners.
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Table 2.1: Extracted thermal impedance multipliers and thermal resistances for the 5 um
unit cells that make up the power transistors.

Parameter Value

Mth,Qo 1.00
Meh,Q1 1.10
Mih,Q2 1.14
Mih,Q3 1.34

Rin51m,qo 2590 K/W
Rensumor 2850 K/W
Rinsum,q2 2950 K/W
Rin 5um,q3 3470 K/W

Rinjopm,q1 1425 K/W
Rin2oum,q2z 738 K/W
Rin.a0pm,q3 434 K/W

Extracted Thermal Models

The results of the custom thermal model extractions are presented here. Using DC
measurement data from Ka-band and W-band PA circuits across different die samples, the
effective thermal resistance of densely-packed 1D and 2D HBT structures is characterized
and used in the modeling of the W-band transistor arrays.

Table 2.1 gives the extracted thermal multiplier correction factors for a 5 wm unit cell to
account for mutual thermal coupling effects in the different implemented arrays. To obtain
the equivalent thermal resistance of the aggregated transistor, as a whole, the Ry, g must
be divided by the number of unit cells within the array. So, while each of the eight 5 pum
transistor within the Q3 array is modeled with Ry, g3 = 3470 K/W, the aggregated Q3, as a
whole, has Ry, = 3470/8 K/W = 434 K/W.

Rinq, = 2590 K/W and my, q, = 1.00 for a 5 um unit-cell device modeled with only
self-heating effects— no mutual thermal coupling. Transistors in the active bias circuits
fall under this thermal model. For the first gain stage Q1 with two 5 um unit cells joined
side-by-side, each of the two HBT unit cells has a characteristic my, = 1.10 of mutual thermal
coupling, which results in the aggregate power cell with Ry, 10um.q1 = 1425 K/W. For each of
the four unit cells in the Q2 small 1D array, my, = 1.14, and the aggregate power cell has an
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Table 2.2: Effective junction temperature rise from mutual thermal coupling effects (over
that of self-heating alone) for Voo = 1.7-2.3 V at peak- fr biasing current density
(1.5 mA/pum).

Parameter Value

AT 3.3-4.5°C
AT} g2 4.6-6.3°C
AT o3 11.2-15.2°C

equivalent Ry 20um,q3 = 738 K/W.

Finally, for each of the eight unit cells in the Q2 2D array, my, = 1.34, and the aggregate
power cell has an equivalent Ry, aoum,qs = 434 K/W. The implemented 2D HBT packing in
the Q3 40 um power transistor avoids completely surrounding and enclosing any individual
HBT cell with other adjacent cells. In other words, each cell in the power transistor has
at least one un-shared edge. This arrangement reduces the mutual thermal coupling and
thus temperature rise since all transistors have at least one un-shared edge. A completely
surrounded unit cell may have a thermal multiplier closer to my, 2.0, which would require
additional emitter ballasting to stabilize thermally.

The resulting Ry, . captures the aggregated average of the power-cell transistor. Outer
unit cells will have less mutual thermal coupling than the inner cells, for example. For
the 5 um unit-cell transistors in the Q3 output power transistor near peak f; biasing and
1.7-2.3 V collector voltage, this results in an average increase of about 11.2-15.2°C over
nominal, non-coupled emitter-junction temperatures.

The equivalent average temperature rise in each unit-cell within an aggregated power
transistor is given in Table 2.2.

To make simulations faster with more consistent convergence, each 5 pwm unit-cell HBT
within the same power-transistor array has the same my, applied, even though HBTs at
the end of the array have slightly different thermal profiles than the center ones. Applying
multiplicity to the power-cell modeling allows considerable simplification of the simulations
without appreciable errors.

The effects of increased thermal resistances are illustrated in Fig. 2.33. Maximum available
gain (MAG) is plotted for the 40 um aggregated power transistor across different mutual-
thermal coupling coefficients my, for the constituent unit-cell 5 um HBTs. The solid lines

represent expected MAG in with no layout parasitics.
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Figure 2.33: Maximum available gain (MAG) at 90 GHz for Q3 40um HBT with mutual
thermal coupling coefficient my;, from 1.00 to 2.00 with layout parasitics (dashed)
and without layout parasitics (solid) for the constituent unit-cell 5 um HBTs.

Vee = 1.7 V at room temperature, 25°C. External DC base-biasing resistance
is 20 © (low).
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In terms of gain at 90 GHz, the effects of layout parasitics dominate over thermal
effects for 2D-packed 40 um HBT, and a more compact power-transistor layout provides
more improvement in gain than decreasing the thermal coupling between adjacent unit-
cells elements of the power-transistor array. A more compact power-cell HBT layout will
benefit the PA at 90 GHz as long as the resulting power-HBT is thermally stable. For much
larger transistors that require more densely-packed 2D arrays, thermal stability may not be
guaranteed without emitter ballasting resistor, and there is a trade-off between aggregated
transistor size, thermal stability, and gain, and layout parasitics.

Ry, increase from 1.0 to 1.22 only impacts the maximum available gain (MAG) by 0.3 dB
at 90 GHz at a fixed collector current while wiring parasitics alone, assuming no thermal
coupling, can impact MAG more than 1 dB. The penalty of decreased MAG under higher
mutual thermal coupling is less than that of additional parasitics wiring larger transistor cells

or transistor-level power splitting and combining.

Thermal Stability

Thermal stability in the HBTs must also be examined to ensure that an aggregated power
device does not destroy itself in a thermal runaway condition. Variations in the current and
voltage distribution of the emitter fingers can lead to a positive feedback process where the
center emitter fingers are hotter, thermally, than adjacent finger and begin to steal current
from its neighbors: current hogging. A critical point in this process results in all of the
intended current going to the hottest emitter finger, destroying the device after internal
silicon junction temperatures reach a failure point.

Stability in heterojunction HBTs is as not sensitive to thermal effects as homojunction
BJTs since the DC forward base-to-collector current gain Sz drops slowly with increasing
temperature, rather than increase rapidly with temperature [96]. This makes current-hogging
in hotter transistor cells less of a stability issue, but thermal runaway can still exist under high-
power dissipation conditions. Thermal conditions must be analyzed carefully to determine
whether additional negative feedback measures are necessary for thermal stability.

Emitter ballasting is typically required within very large multi-emitter-fingered or very long
emitter power devices [97, 98], but ballast-free designs have been proven thermally stable [99]
under the right conditions. The unit-cell approach alleviates the ballasting requirements
because of the electrothermal isolation between adjacent cells. The emitter area is split,
effectively, among multiple cells with DT thermal isolation.

For a quick estimate of the required emitter ballasting resistance, equations can be derived
from ideal bipolar junction equations. A simplified estimate of the required ballast resistance

for guaranteed thermal stability in silicon bipolar homojunction transistors (BJTs) is given
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in Eq. (2.16).

R, > ];TT(@RthVCC —1) (2.16)
where o = 0.05xI¢ mA /°C for ideal silicon bipolar transistors [100].

For a standalone 5 pm unit cell with Ry, = 2590 K/W (no mutual thermal coupling)
operating at peak-fr/fuax/MAG current of 7.5 mA at Voo = 1.7 V, the estimate results
in RE panast > 2.2 Q. For the 5 um npn unit-cell, the extrinsic emitter resistance Rp = 2 €2,
and the extrinsic base resistance R = 46 (), not accounting for additional wiring parasitics
to the HBT cell. An additional external emitter wiring resistance of > 0.6 {2 results in a
total of > 2.6 €2 built-in emitter ballasting from contact and wiring resistances per unit cell.
Both emitter and base resistances, along with additional layout parasitics, provide localized
voltage feedback around the HBT and help to stabilize the thermal feedback effects!!

The simplified estimates of emitter ballasting requirements in Eq. (2.16) only apply
directly to ideal, traditional silicon homojunction bipolar transistors with no mutual thermal
coupling. Determining more accurate thermally-stable operating regions for modern HBT's
requires circuit simulation with the extracted mutual thermal-coupling factors.

Simulations with additional thermal effects determine that my;, > 1.7 is amount of effective
mutual thermal coupling required such that the built-in emitter ballasting within the 5 um
unit cells and local wiring can no longer guarantee thermal stability under nominal peak- fr
biasing conditions. Varying DC conditions are simulated to look for I vs Vg flyback
points'? to determine points of potential thermal feedback instability.

At the extracted my, = 1.34 for the Q3 output HBT, no thermal stability issues are
expected, and none have been observed in any subsequent measurements of the W-band PAs.
Omitting the requirement for individual emitter ballasting resistors preserves the precious

gain at 90 GHz and greatly simplified the aggregated power-transistor layout.

2.6 Active Bias Circuits

As power amplifiers convert large amounts of DC power to RF power, the design of
DC biasing networks is equally important as the RF design in mmW PAs. In particular,
pushing the HBT to its voltage and power limits requires aggressive biasing schemes that

are also adjustable in the lab. The ability to tune, precisely, DC currents and voltages in

1 The effect of base ballasting resistance is much less than resistive emitter ballasting by a factor of approximately

Br-
12Flyback is the point where the I versus Vs, at a given I biasing, bends back on itself, indicating a critical
collector current where the device is potentially thermally unstable.
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each gain stage enables more flexible optimization of the PA on the as collector voltages are
pushed higher in measurements. This section covers the details of the active-bias circuits and
networks that enable operational collector voltages Ve > 1.7 V in the power HBT as well as
stable PA operation across frequency and increasing collector voltages.

On-chip active-bias circuits allow power transistors to better track the reference bias
circuits over process, voltage, and temperature (PVT). Bias circuits set and maintain a
well-regulated DC operating point of the power transistors and supply necessary, stable
DC base currents to the power transistors, especially under high RF drives. They must be
designed to limit interference with RF signals and to be stable even outside the operating
frequency of the amplifier.

Active biasing of the HBT power transistors refers to the use of active-transistor current
mirroring (with localized feedback in bias circuits) and not simply purely resistive networks
to set the DC operating currents & voltages. Integration of active on-chip bias is imperative
for practical PA integration into a larger system, and biasing currents can be controlled
precisely, even with expected transistor Sx'® variations across the chip.

In this W-band PA design, the integrated-active bias circuits allow very low external base
resistances to be presented to the power HBTs while maintaining fine current-tuning controls
in the bias circuits. The power HBT’s low external base resistance results in much higher
BVcgr operational collector breakdown voltages over BVogo = 1.8 V', which allows more
power to be delivered to the PA output, discussed more in Section 2.6.2. The active bias
circuit, in conjunction with novel inverted-microstrip distributed transmission-line base-feeds,
allows de-coupling of the DC base external resistance from the RF impedance presented to the
power-transistor base. The base bias-insertion network allows extremely low DC resistance to
be presented (20 €2) while the RF impedance remains high (> 120 Q) relative to the RF base
input impedances. High standing currents in the active-bias reference HBTs and low HBT
current-mirroring ratios allow for fine tuning of the power-transistor HBT currents as well
as extremely stable bias references when the power cells are in compression (high-current
operation).

In the prior Ka-band designs in this dissertation, 40 {2 external base resistance have been
presented to the power transistors’ base terminals. The low external base resistance of the
bias circuit allows for higher collector-emitter breakdown voltages. Breakdown increases
from the collector-emitter (with open base) BVego = 1.8 V closer toward the maximum
collector-base (with open emitter) voltage BVepo = 6.0 V. BVpo represents the absolute

DC voltage limit on the collector-base junction, regardless of an npn transistor’s external

BBr= Bpc = hrg is used for DC base-to-collector current gain, Sac = ho = h¢c is used for AC base-to-collector
current gain.
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terminal impedances [101].
The separate bias-voltage references allow fine tuning the bias currents of each power
transistor. Moving each stage closer to Class A or deeper into Class AB can increase overall

efficiency and output power while tuning the gain and harmonic distortion components.

2.6.1 Schematic Summary

Fig. 2.34 shows the simplified schematic for the active-bias circuit. This active-bias circuit
is the unit-cell active-bias generation block across the entire PA. A voltage-feedback bias
network sets a target reference current based on a diode-referenced voltage drop across a
reference 250 2 precision tantalum nitride (TaN) thin-film metal resistor within the back-
end-of-line metal stackup. This network provides a stable, nearly independent with RF
PA input powers, base-emitter voltage reference for the power transistors operating near
peak- fr biasing current densities. Each power transistor (Q1, Q2, and Q3) has its own,
independent active-bias network with 5 um Qg active-bias transistor. Each of the three
active-bias networks has an independent voltage-reference pin separate from the power-cell
collector voltage pads. The bias-reference transistor is the 5 wm HBT unit-cell transistor
while the power transistor is an array of m such 5 pm unit cells where m = 2, 4, or 8 for Q1,

Q2, and Q3 gain stages, respectively.
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Figure 2.34: Active bias circuit.
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In this bias-reference circuit, the external DC base resistance (ballast resistance) presented
to power-transistor base will be dominated by Rp;. The biasing has additional Rp; and
Rpo resistors for local feedback that results in improved Sz matching with the HBT power
transistors. Rp; and Rps are scaled inversely to the ratios of areas between the aggregated
power-transistor array and the 5 um bias-reference HBT. In other words, Rp; is scaled
by the transistor mirroring ratio: Rg; = m X Rps. In the case of the Q3 HBT and its
bias-reference circuit, Rg; = 120 Q. At peak-fr/ fuax/MAG biasing current densities, the
DC base-to-collector forward current-gain is S = 170-200.

The Mj34 quarter-wavelength base-feed transmission line connects the active-bias network
to the power-cell HBT base terminal. It is made from stacking lower-metal copper layers
M2, M3, and M4, which reside beneath the global RF ground plane metal. In conjunction
with the 440 fF MIM capacitor, which is resonant at 90 GHz and acts as a low-impedance
RF-shorting termination, the My34 transmission line becomes a quarter-wavelength resonator
that presents a high-impedance (170 €2 at 90 GHz) shunt for DC-bias insertion at the HBT
base terminal and 2.4 Q2 DC series resistance. More details of the quarter-wavelength bias
feeds are covered in Section 2.8.4.

Biasing HBTs near peak fr & fuax results in usable 5-6 dB RF gains at 90 GHz, but
the intrinsic HBT devices also have tremendous gain (> 40 dB) at low frequencies that
must be stabilized. Two separate wideband MIM capacitor bypass arrays, discussed in
detail in Section 2.7.3, stabilizes each active-bias network, which in turn, provides additional
feedback stability to power-cell transistors at low frequencies below W-band. Additional
lower-frequency (< 10 GHz) stability is achieved using off-chip de-Q’d network of SMT!
capacitors on the needle probes very close to the DC bondpads. Finally, sub-MHz frequencies
are additionally filtered by large electrolytic capacitors near the DC power supply terminals.

2.6.2 Biasing and Impact Ionization

The impact ionization base currents is pushed out to higher collector voltages if the
generated base currents have a low-DC impedance ballast at the external base node. The
active biasing technique in Fig. 2.34 presents 20 €2, which is nearly a purely voltage-mode
biasing. The reference current is set between the externally applied Ve and the internal
diode-voltage of Qp across a precision TaN metal resistor R..t. Resistors Rg; and Rpy provide

localized voltage feedback to improve the DC forward-current base-to-collector g matching

HSurface-mount technology, SMT capacitors may are also known as SMDs (surface-mount devices).
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since +25% variations are expected, even between adjacent transistors. Rp; is sized by the
mirror ratio, m, to split base currents evenly. Rp; and Rp, attenuate any unwanted RF/AC
from entering the bias circuit, stabilize the bias circuit below W-band.

The active bias network presents a very low base impedance of 20 €2 to the external base
terminals of the power transistors. This bias configuration is extremely aggressive and allows
the power transistors to push higher collector voltages [101]. The effects of impact ionization
on operation collector voltage is covered in Section 2.5.3 while the transmission-line structures
are covered in Section 2.8.4.

The collector-emitter breakdown voltage, BVcgo = 1.8 V, is effectively pushed higher
toward the absolute device-breakdown limit BVego = 6.0 V and leaves more headroom for
RF/AC dynamic load-line swings. The operational collector voltage increases from Vee

= 1.3-1.6 V to Voe = 1.7-2.3 V in the common-emitter configuration.

2.6.3 Bias Currents
Standing Bias Currents

A high standing bias current in the reference transistor of each active-biasing network is
important for bias stability when using presenting such a low external base DC resistance
(20 ©2), which is closer to voltage-mode biasing than current-mode biasing. The PA design uses
higher currents in the active bias circuits than most analog/RF designs in order to create a low-
impedance, stable bias reference that does not shift even when the PA is in gain compression.
The biasing insures stable thermal operation to prevent runaway catastrophic breakdown in
the power-transistor cell. Diode active biasing provides a very low-impedance voltage source
reference with high standing DC quiescent currents. Bias stability is achieved with a high
standing diode current such that a near-constant DC quiescent voltage is maintained at the
base of the PA power cell.

The simple high standing-current (7.5 mA or 1.5 mA/pm) diode-referenced current-mirror
biasing ensures high DC bias stability in the aggregated HBT power-cells. More complex
biasing schemes with precise temperature compensation can be incorporated later as needed
in the system design. The current mirror has base current splitting with TaN resistors ratioed
properly to track the transistor ratioing. This provides local negative feedback around the
reference transistors and improves the improve power transistor’s current-density tracking to
the active bias reference transistor.

For stability for low base-resistance external biasing conditions, no S-helping transistor
structures are employed. Bias circuits with additional S-helper transistors are designed to

source current into a transistor base, but they are not necessarily suitable for HBTs that
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are operating well beyond BVcgo = 1.8 V, where HBT DC base currents may actually
reverse due to impact-ionization ballasting. The external base terminal needs to have the
ability to sink current (ballast) coming from the power-cell base terminal at high collector
voltages. A S-helper structure typically assumes a current-mode (forced base) condition, not
a voltage-mode, low node-resistance condition, which would sink much of the extra §-helper

current in the form of increased power dissipation.

Low Mirroring Ratios

Typical mirroring ratios in large-signal circuits are between to 10:1 to 20:1 or more for
bias efficiency, but unusually low mirroring ratios are used in this PA in order to maintain
an extremely stable reference while presenting a low external base resistance. The bias
transistor and power transistors are biased near the same 1.5 mA/um peak-f;/ fuax/MAG
current density as the power-cell HBTs for better transistor matching and bias tracking.
The resulting 7.5 mA reference current in each active bias circuit results in 2:1, 4:1, and 8:1
mirroring ratios for Q1, Q2, and Q3, respectively, which is also directly related to the number
of aggregated unit cells in each power transistor. The small mirroring ratios allow fine bias
control of the collector currents while maintaining a stable reference voltage when the power
transistors require more base currents at high RF input drives.

The bias-reference current is much larger than required base currents for the power-cell
HBTs at any RF input drive level well into full PA compression. The extra standing bias
current ensures that the biasing transistor tracks the power transistor and does not limit the
compression characteristics of the power transistors in gain compression. The bias networks
can supply/sink the required base currents throughout the RF input power range. The overall

PA linearity also improves when bias currents stay constant over a varying AM envelope.

Bias Matching

The reference transistor and standing currents for Q1 and Q2 are particularly oversized
since 2:1 and 4:1 mirroring ratios are extremely low, but the extra power dissipation is
necessary to maintain the unit-cell design methodology so that all bias circuits and power-cell
HBTs shift with process (and un-modeled effects) together. The penalty on efficiency is
minimal since Q3 is still the dominant limitation on PAE and efficiency.

The low mirroring ratios in the current mirrors allow for very precise current settings
in the HBT power-cells, especially at higher collector voltages (> 2.3 V) where collector
biasing becomes very sensitive. Low mirroring ratios also results in less bias sensitivity to

beta matching and transistor matching, which is particularly helpful since the bias-reference
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transistor and power-cell transistors are not physically close to each other (separated by
~ 300 um) in order to implement quarter-wave transmission-line bias insertion networks.

Although the bias circuit and associated power-cell HBT are separated by ~300 um
(straight-line distance) and not directly thermally coupled, the internal junctions temperatures
do track together, on the first order, because the bias circuits are operating at the same
quiescent, current density. The mutual thermal coupling between a power transistor’s densely-
packed 5 pum cells causes thermal differences between power transistor and bias circuit that
must be manually compensated using the independent reference-voltage provision in the
active bias circuit. The packing arrangement of the unit cell, mutual thermal coupling effects,
and distance arising from quarter-wavelength transmission-line biasing all contribute to device
mismatches between the unit cells in the power-cell transistors and the unit-cell transistor in
the reference bias.

The bias transistor and power transistors have similar current density, resulting in
approximately m times the current in the power transistor compared to the reference current.
However, this scaling relationship is not exact due to non-idealities in the current mirror
which result in differences in effective DC Sp between bias and power transistors: (1) mutual
heating of the m transistor cells causes uneven temperature increases across the cells and is
not modeled in the transistor models. (2) Low early voltage, i.e., V4 = 2-5 V, with lower
values at higher bias currents results in significant variation of collector current with Vgg.

DC forward Sr (base-to-collector current gain) is ~ 170 around high-current, peak- fr
biasing, and Sr can vary as much as £25% between adjacent, identically-sized HBTs and
even more for different-sized HBT's that are separated from their reference transistors, as
the case here with current mirrors and quarter-wave transmission-line base biasing. Lower
mirroring ratios reduce transistor mismatches, and the bias structure scales the mismatches
down further by approximately Sz = 170.

The bias circuits in the half-PA consume a total of 22.5 mA of DC quiescent current.
This is 18% of the total quiescent DC power dissipation in the half-PA in light Class A/AB
operation!'®. In overdriven Class A or Class AB operation near gain compression, the total
PA DC power dissipation increases beyond that of the quiescent values, and the standing
bias circuits in the active circuits, which effectively do not change with RF input powers,
become a much smaller fraction of the power consumption.. The efficiency characteristics of

the final Q3 output stage still dominates the overall efficiency of the PA.

I5Light Class AB means that the Class AB operation is much closer to Class A than Class B in terms of
conduction angles and associated DC biasing
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Biasing for Device Aging

The HBT RF small-signal and large-signal characteristics are highly dependent on the DC
biasing point. The RF performance can be normalized and tuned by adjusting the DC biasing
voltages and currents to expected design values. Fixed offsets in expected DC biasing points
arise from modeling shortcoming in device effects (e.g., thermal coupling, impact ionization).
In contrast, shifts in biasing points with time (age) arise from long-term stress-related aging
of HBT devices. As long as DC currents and voltages can be adjusted, RF performance can
be re-tuned, and any stress-related HBT device shifts can be recovered.

Variation in DC g between two similar transistors (ideally identical, but different due
to expected mismatch) does not appreciably affect RF performance as long as the devices
have the same DC voltage & current biasing conditions Vog and Io. HBTs can also have
varying DC g (hrg) across the same die, but the active-bias circuit scale down these errors
by approximately a factor of S = 170.

Base current is expected to change throughout the lifetime of the device. Although
the precise mechanism is not understood yet by the research community, the shifts in base
currents are thought to arise from the changes in oxide interface properties between the
polysilicon and silicon crystal emitter. Transistor characteristics such as Sr can reduce by
5% over the expected lifetime of the device, and designs must be able to account for these

aging DC characteristics [102] with proper bias provisions.

2.6.4 Biasing Tuning Provisions

Each gain stage has both collector current and collector voltage biasing provisions that
allow the PA to be adjusted from pure Class A (and overdriven Class A) to various depths of
Class AB with reduced conduction angles. The independent current-tuning provisions are
essential to optimize the PA over the higher collector voltages on the measurement bench
since simulations have limited convergence or limited accuracy beyond 1.7 V at W-band.
The independent bias adjustments also allow the gain stages to be fine tuned separately to
counter the effects of process variations or modeling errors.

The PA biasing design takes into account that collector voltages, Vo', will be raised
from the nominal 1.7 V to explore higher voltages and output powers where simulations
under the VBIC model did not converge under large-signal conditions. As collector voltages
are raised beyond Voo = 1.7 V, the power-cell HBT DC-bias points become more and more

sensitive to minor DC adjustments. Since proper RF performance is directly coupled to

6For common-emitter configurations with no external emitter ballasting/degeneration, the HBT Vgg is
approximately the supply Voo less the voltage (IR drop) across the collector bias feedlines.
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obtaining target DC current & voltage operating points, having separate bias controls for
each gain stage is essential for re-centering each gain stage as DC collector voltages are raised
beyond 1.7 V.

The Early voltages for the HBTs are only 2-5 V near peak- fr biasing and Voo > 1.7 V.
This makes the collector current sensitive to the applied collector voltage: increasing the
collector voltage without adjusting the reference-bias provision increases the quiescent DC
collector current beyond the target design values.

At higher collector voltages, the effective Spc of the HBT increases because of the Early
effect. The increased collector-base voltage increases the depletion width of the collector-base

junction, effectively narrowing the base width, which causes the Sp¢ to rise.

Br = Bro (1 + %) (2.18)

where [Brq is the base-to-collector gain at zero collector bias, and the effective Early voltage,
Vi = 2-5 for the SHP HBT, depending on specific currents and voltages. Vj itself has a
strong dependence on collector voltage and current.

The active bias circuits are tuned accordingly to set and fine-tune the DC quiescent
collector currents independently in the power-cell HBTs. Re-centering the DC bias currents

also re-centers the expected RF performance as collector voltages are increased beyond 1.7 V.

2.6.5 TalN Unit-Cell Bias Resistors

Precision tantalum nitride (TaN) back-end-of-line resistors are used as the unit-cell
resistor throughout the design. All resistors on the chip are TaN, and similarly-functioned
resistors (e.g. bias-reference resistors and local-feedback base resistors) are sized identically
in dimensions in all the PA biasing networks of all three gain stages.

TaN thin-film metal resistors are high precision, have no voltage-dependent resistance
and little parasitic capacitance, and are capable of handling relatively high currents found in
the in the active bias-generation circuits. Of the available IC resistors, TaN thin-film metal
resistors are the best tolerance resistor within GF 8HP with £8% tolerances (compared to
polysilicon resistors or substrate resistors at £20%). TaN resistors have a low sheet resistance
of Ry = 60.5 /00 at 25°C, which is appropriate for synthesizing the necessary small-valued
resistances (i.e., 3-300 €2). As a unit-cell component, similarly shaped TaN resistors offer the
best matching across the PA chip, compared to any other resistor, with better than 0.08%
matching between resistance values.

The dimensions of the precision 250 €2 reference bias resistor in the PA are W = 20 um

and L = 82 pm. These 250 (2 reference TaN resistors are kept far (> 50 um) from the

116



reference-bias HBT's and other supplemental TaN resistors to ensure that heat generated
from the resistors do not affect the reference HBT and vice versa. The self-heating effects
and nearby copper-metal auto-filling effects (for local density requirements) are included in
the foundry resistor models.

The current handling limits of this resistor is 0.5 mA /um width, which translate to 10 mA
for temperatures below 70°C or 7.5 mA at 100°C. The resistors used throughout the biasing
circuits follow the 100°C limits for 100,000 power-on-hours reliability guidance.

Identically-sized, wide, 3 2, W x L = 25 um x 3 um TaN resistors are used as de-Q

resistive elements in all of the MIM wideband bypass networks discussed in Section 2.7.3.

2.7 MIM Capacitors

Metal-insulator-metal (MIM) capacitors are key components throughout the W-band
PA design. Only MIM-type capacitors are used!” in the PA because of their compactness
and high capacitance density as DC blocks, lower-frequency bypass filtering, RF reactive
matching elements, and RF low-impedance references (AC shorts) in both DC bias-insertion
networks and RF matching networks. Over 55% of the total PA chip area is consumed by
MIM capacitors and their associated wiring.

The MIM capacitor is the highest capacitance-per-area density device within 8HP. A
62 nm nitride insulator dielectric with relative permittivity €, = 7.0 is sandwiched between two
aluminum plates. The resulting capacitance density is 1 fF/um?, which is 10x the capacitance
density achievable by using a silicon dioxide (SiO,) capacitor from two vertically-adjacent
metal-wiring levels (e.g. M3-to-M4 or M2-to-M3).

Eq. (2.19) is the equation for the low-frequency capacitance of a parallel-plate capacitor,
applicable to the compact MIM capacitor away from self-resonance. The bottom-plate and
perimeter parasitics are not taken into account here, and they are typically 6% of the nominal

parallel-plate capacitance.
A

C = eregg (2.19)

The MIM capacitors are essential components in the unit-cell design approach. The
MIM is chosen to be the only capacitor type used in the PA design for several reasons.
Firstly, the high-density capacitance allows for compact in-line layouts that easily integrate
with the low-loss top-metal AM transmission lines. Additionally, since MIM capacitors are

located near the top-level metal, they can be easily connected between transmission lines

17The exception is a design variation experiment with metal-oxide-metal (MOM) capacitors in the matching
networks, discussed further in Section2.10.1
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with smaller wiring parasitics. Further, any process variations and modeling errors shift all
MIM capacitors in the same direction, ensuring that the design does not severely de-tune
because of component skews. Where possible, similar aspect ratios (width/length or W/L)
are used for all MIM capacitors, regardless of absolute capacitance values.

Throughout the PA design, MIM capacitors are used for several functions:
1. as matching reactances and necessary interstage DC blocking;

2. as RF-shorts (zeroing capacitors) at their natural resonant frequency for terminating
quarter-wavelength transmission lines and as high-impedance elements at the second

harmonic (2fy) for PA harmonic termination management;
3. as RF-shorts in resonant interstage matching network structures with DC blocking;

4. as elements in wideband bypass arrays for reducing gain outside of W-band (for RF

and low-frequency stability) and for DC-bias noise filtering.

The MIMs in the matching networks and resonant interstage matching support the

necessary voltage and RMS currents for reliable 100,000 power-on-hours operation at 100°C.

MIM Modeling

The MIM compact models from the foundry are only directly modeled with measured
data up to 40 GHz, and some unmodeled second-order effects of losses at W-band are
expected. Despite these limitations, MIM circuit modeling used for the PA relies heavily
on the design-kit scalable SPICE-based model for several key reasons: (1) all the necessary
physical constants of the MIM are not available to designers; (2) the foundry MIM model
is based on many lots of measured hardware-correlated data with statistical distribution
modeling; (3) design-kit model has integrated the effects of surrounding copper metal-fill and
mandatory active-layer fill within the substrate; and (4) planar (or 2.5-D) EM simulators have
difficulties with thin dielectrics (~62 nm) and dielectric bricks (non-infinite-plane dielectric
layers). The EM modeling and simulation of the metal leads to the MIM capacitors are

absorbed into the connecting transmission lines.

MIM Quality Factor

Compared to Ka-band, where the MIM capacitor quality factor ) is ~ 20-30 @ 30 GHz,
the MIM @ is just 7-10 @ 90 GHz for all implemented MIM capacitors in the W-band PA.
The MIM capacitors have high operating voltage limits of 17 V. The operational current

limitations are determined by the contact vias to the top plate, and the number of vias are
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maximized for all implemented MIM layouts to ensure that reliability guidelines are met for
with 100,000 power-on-hours (POH) reliability at 100°C.

Given the relatively low-() nature of MIMs at 90 GHz compared to transmission-line
distributed elements, as few MIM capacitors are used as possible in the RF portion of the
PA (non-DC-bypass filtering capacitors). Matching networks are kept to as few elements
as possible so that only the minimum number of capacitors are used to avoid excessive RF
passive losses. The advantage of the MIM over other higher-Q) capacitances is the extreme

compactness, high precision, and device matching across the chip.

MIM Tolerances

The PA designs must take into account capacitor tolerances; otherwise, shifts in expected
reactance values can result in severe degradation of RF performance. Since many capacitors
are used as reactive matching elements and resonant circuit elements, the tolerance is
particularly important, and the choice of using a lower-QQ nitride MIM capacitor over a
higher-Q (~20) metal-oxide-metal (MOM) capacitor is essential in the design.

The 8HP fabrication process results in MIM capacitances with tight £10% tolerances
around their designed capacitance values. This is a small tolerance compared to custom metal-
oxide-metal capacitors designed in the lower-level copper metals and SiO, dielectric. The
copper damascene process in 8HP results in large variations of copper and SiOs thicknesses:
the oxide thickness between two vertically-adjacent copper metal layers has a variation of
+23%, and each metal plate can vary in thickness by +38%. The excellent tolerance and
compactness of the MIM result in very predictable reactance values at 90 GHz, making
the MIM preferred over higher-Q solutions like MOM capacitors (poor tolerances) or large
transmission-line capacitors.

For this iteration of the PA design, the MIM capacitor is chosen over MOM capacitors
since achieving precise matching networks across the entire PA is more important than
loss penalty incurred from the lower MIM Q. More discussions of an experimental design
implemented with both MIM and MOM capacitors is found later in Section 2.10.1. For the
same capacitance, MOM capacitors are, at best, 10x the area (3.2x larger in each length &
width linear dimension) compared to MIM capacitors. The precise matching among MOM
capacitors on the same chip is not characterized, and local copper densities can affect the
MOM capacitors differently, resulting in possible high component mismatches between MOMs
on the same chip. In comparison, although MIM capacitances can vary £10% from design
values, the capacitance matching across the chip is better than 0.06% for identical capacitors.
The outstanding device matching allows matching-network reactances and resonant circuits

to track together closely despite process skews, resulting in a more robust PA design.
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The unit-cell approach takes advantage of the excellent MIM matching by re-using
similarly-dimensioned and valued 91 fF MIM capacitors in the input, output, and Q1-to-Q2
interstage matching networks. A 440 fF unit-cell MIM capacitor is used as low-impedance
(RF-short) references in all the base and collector quarter-wavelength insertion feeds. The
same 440 fF MIM capacitor is used in a resonant LC interstage matching network.

The only MIM capacitor that is slightly different is the 130 fF Q2-to-Q3 interstage
matching capacitor because a larger MIM device with additional via contacts is required to
satisfy the current handling at the very low-impedance node (~4 Q looking into the Q3 HBT

power-cell input).

2.7.1 Matching-Network Elements

The MIM capacitors in the input, output, and interstage matching network act both as
reactive elements as well as necessary DC blocks between gain stages, input, and output.
Except for one larger 130 fF!® Q2-to-Q3 interstage matching-network MIM and 440 fF
RF-shorting MIMs, all other MIMs used as reactive matching elements are identical 91 fF
unit cells, following the general unit-cell approach of the entire PA design. The capacitors
have ) = 10, and the wide, low-inductance leads to the MIM plates result in > 350 GHz
self-resonant frequencies.

The PA design pushes the MIM capacitor to its reliability limits as a 91 fF reactive
matching element and series DC-block at 90 GHz. At the time of the design in the early SHP
foundry process, the 91 fF are the smallest MIM in 8HP that are compliant to handling the
necessary RMS AC currents in the matching networks. MIM capacitors smaller than 91 fF
would violate electromigration limitations set by the number of MIM top-plate contact vias.
Process improvements since have allowed more vias to contact the top plate, alleviating any
current-handling reliability concerns from RMS AC currents and electromigration.

Fig. 2.35 highlights all 91 fF MIM capacitor unit cells used as matching-network elements
and DC blocks. The 130 fF MIM capacitor variant breaks from the unit-cell approach in
order to remain electromigration compliant and provide more optimal Q2-Q3 interstage

matching arising from the very low Q3 input impedance (4-5 2).

2.7.2 RF Short

A major difficulty of RF design at W-band is the lack of a compact low-impedance reference

(RF short) that also blocks DC currents— a very large ideal capacitor that presents very low

BQuoted MIM capacitance values are for low-frequency operation where parasitic inductances, which reduce
effective capacitances at mmW frequencies, can be ignored.
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Figure 2.35: Half-PA simplified circuit schematic with all 91 fF unit-cell matching-network
MIM capacitors highlighted in yellow and single 130 fF MIM variant highlighted
in orange.

impedances within W-band. Inductive parasitic lead inductances in large capacitors (> 1 pF)
resonate the capacitors at frequencies well below W-band, making non-ideal capacitors look
effectively like inductances with relatively high impedance magnitudes (> 5 ) at 90 GHz.

To obtain a very low RF impedance reference at 90 GHz, a resonant MIM capacitor
is used such that only a small residual real-part resistance exists— the equivalent series
resistance (ESR). The MIM capacitor is the most compact— highest capacitance density—
capacitor element, and its compactness makes it usable as a unit-cell RF-short termination
(low-impedance reference) throughout the PA design. Although even lower impedances can be
synthesized using distributed lines (e.g., half-wave resonator terminated in an open-circuit),
the resonant MIM capacitor solution is extremely compact and can be used repeatedly across
the PA chip with wide-bandwidth tolerances.

The aspect ratio of the capacitor influences the self-resonant frequency because of the lead
inductances in the top and bottom plates. Fig. 2.36 illustrates the affect of MIM capacitor
aspect ratio on self-resonant frequencies for a range of simulated 8HP capacitor values.

The low-frequency capacitance, from a reactance standpoint, appears as a larger effective
capacitance at W-band higher frequencies because of parasitic inductances arising from contact
vias and plate leads. Fig. 2.37 shows MIM effective capacitances at 90 GHz for different
capacitor values and aspect-ratio configurations. Small effective capacitances, necessary for
reactive impedance matching networks, become more difficult to achieve at higher mmW

frequencies. Wider-aspect ratio (WW/L) capacitors have less lead inductance and higher
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wider aspect-ratio MIM capacitors result in higher self-resonant frequencies.
Discontinuities in the plot are attributed to discrete-stepped geometry changes
for smaller MIM capacitors.
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resonant frequencies. By choosing capacitor dimensions carefully and modeling the lead

inductances in EM, a target resonant frequency can be attained.
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Figure 2.37: MIM effective capacitance at 90 GHz vs. low frequency capacitance. W /L aspect
ratio = 0.33, 1.0, 2.0, and 3.0. Vertical lines indicate self-resonance points—
MIM appears effective inductive @ 90 GHz beyond these lines.

440 fF MIM Capacitor

A compact, but very large-valued (relative to typical W-band capacitances ~100 fF)
440 fF, W x L = 24 pm X 18 um nitride MIM capacitor is used near its natural self-
resonant frequency as a shunt RF-shorting or zeroing capacitor— a very low-impedance
(< 1 Q) termination at W-band frequencies. Following the unit-cell design approach, the
PA design uses identically-dimensioned 440 fF MIM capacitors at circuit nodes that require
low-impedance terminations (RF-short) at 90 GHz. A total of 8 identical 440 fF MIMs are
used in shunt as equivalent RF-shorts throughout the half-PA (16 in the full differential PA).
The MIM’s compactness and vertical proximity to the transmission-line top-metal above and
global RF/DC ground below makes it flexible for fitting into tight layout nodes.

The 440 fF MIM allows an extremely compact W-band RF-short to be placed at the
proper physical termination point on each quarter-wavelength line while allowing additional

DC lines and larger capacitors to be placed beyond the 440 fF MIM capacitor. In a sense,
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the 440 fF MIM capacitor acts a pre-fixed sliding RF-short design element.

To achieve maximize the capacitance and thus minimize the residual equivalent series
resistance (ESR) at resonance in W-band, a W/L = 1.33 is used for the 440 fF' MIM capacitors.
Larger W/L ratios are allowed in the process up to 3.0, but the layout compactness and
re-usability in different layout scenarios as a unit cell is reduced if the ratio is skewed too far
from a square aspect ratio (W/L = 1.0).

The 440 fF MIM capacitor, by itself, self-resonates near 100 GHz. When placed within the
PA layout, a MIM’s additional inductive lead parasitics from wiring bring down the resonant
frequency to 90-95 GHz— closer to W-band midband. The parallel-plate capacitance forms
a series RLC resonator (R = 0.6 2, L = 6 pH, C' = 440 {F) with its vias and lead/wiring
inductances & resistances.

At the resonant frequency, the MIM capacitor’s impedance is purely real at 0.6 2. As
shown in Fig. 2.38, near the resonant frequency, the 440 fF MIM capacitor provides < 1 €2
impedance over £11% bandwidth (22 GHz) and below 1.5 Q for a 38 GHz bandwidth,
providing a wideband low-impedance reference point that covers all W-band frequencies.
The MIM capacitance values have a +10% tolerance over process variation, so a maximum
center-frequency shift of 5% is expected (95-105 GHz, before parasitics) since f; oc 1/y/C.
Despite the +10% absolute tolerance, the identically-dimensioned 440 fF MIM have better
than 0.1% relative matching among themselves, so all RF-shorting capacitors are unit cells
that track each other closely with process variations, ensuring that variations in resonant
frequencies also track closely. Additional lead parasitics to the 400 fF MIM capacitor re-
centers the resonant frequency of the entire structure close to 90-95 GHz, depending on the
layout specifics.

The @ of the RF-short MIM capacitor is 7 @ 90 GHz. This includes the losses of the metal
leads and vias to the MIM from the top-level (AM) metal. This @ is relatively low compared
to distributed transmission-line techniques (Q = 20-30)and custom metal-oxide-metal (MOM)
SiOy capacitors (Q > 20), but the MIM capacitors have significantly more compact and
higher tolerance allowing critical W-band structures to be significantly smaller and to track
closely as unit cells.

In conjunction with quarter-wavelength transmission lines in the collector transmission-line
feeds and the base transmission-line feeds, the shunt 440 fF RF-shorting MIM capacitors
terminate these transmission lines in a near short circuit, creating an effective transmission-
line resonator that presents a high impedance (near open-circuit) at the opposite end at the
feed-insertion points of the HBT power cells.

Fig. 2.39 highlights all self-resonant 440 fF MIM-capacitor unit cells used throughout the
half-PA.
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More details about the effects of MIM terminations in the transmission-line bias insertion

networks is covered in Sections 2.8.3 and 2.8.4.

Perils of Multiple, Parallel Capacitors at Resonance

For circuit involving capacitors operating at or near resonance, arraying multiple resonant
capacitors must be avoided. This issue is not normally a concern when using parallel MIM
capacitors well below their resonant frequencies, but at W-band, all SHP MIM capacitors
> 600 fF have self-resonant frequencies < 100 GHz. Adding more similar, parallel resonant
capacitors may seem to be an obvious means of reducing the RF impedance at resonance
further by reducing the collective equivalent series resistance, but multiple capacitors close in
resonance frequencies can easily experience anti-resonance in this configuration.

Small shifts in resonant frequencies among the arrayed capacitors near resonance can
lead to anti-resonance conditions where the impedance becomes much higher than expected.
Although adjacent MIM capacitance matching is excellent (< 0.1%), very small differences
(1-3%) in lead inductances either from fixed design differences or from process variation in the
vias and lead metals can lead to high-impedance anti-resonance peaks because the poles of
the two parallel RLC resonators interact when their resonant frequencies do not correspond
exactly.

For example, between two nearly-identical 440 fF MIM caps, a small 3% shift— just
0.2 pH out of the total 6.0 pH parasitic— causes a high-impedance anti-resonance within
W-band, as illustrated in Fig. 2.40 for the two-component case. Adding additional resonant
capacitors in parallel only exacerbates the problem, resulting in multiple anti-resonance peaks
close to the resonant frequency and directly in the bandwidth of interest where low impedance
is desired. The in-band anti-resonances can lead to amplifier instabilities and oscillations
as well as extreme notches in the gain response that lead to severe problems with signal
linearity and integrity. Thus, only one resonant capacitor should be used in the RF-shorting
structures (unless others are de-Q’d with resistors, as done with the wideband MIM array,

presented in Section 2.7.3).

2.7.3 Wideband Bypass

A fully-integrated array of MIM capacitors is used as the unit-cell element to terminate
nodes in the PA with low impedance over a wide range of frequencies well out of W-band,
from 10 GHz to 200 GHz (at the PA’s second harmonic). 9 identical instances of the array are
used in the half-PA (18 total for the differential PA). Each array instance is approximately

250 pm x 200 pwm, including the surrounding low-resistance grounding structures. Although

126



3.0 LI B B B N N N N B L N N B B NN B B B B L N R N LN B B 3.0
Two MIM with 3% (0.2 pH)|parasitic shift
2.5 2.5
2.0 2.0
(o
E 15 15
1.0 1.0
0.5 0.5
0.0 PR W W W N Y MO T M Y W M N : £N 0.0
80 85 90 95 100 105 110

Frequency (GHz)
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the wideband-bypass MIM arrays consume large amounts of chip area, the fully-integrated
capacitances allow for further circuit integration, especially tiling multiple PA instances in
larger arrays, as shown later in Section 4.

The array of MIMs provide compact, low-frequency bypass and bias-noise filtering ca-
pacitance in the bias circuits and at each DC wirebond pad and within the active biasing
circuits.

At mmW frequencies below W-band (10-75 GHz) where the intrinsic transistor gain
increases significantly, the wideband MIM bypass arrays stabilize the W-band HBTs by
presenting low-impedance terminations to all HBT power-cell transistors’ collector and base
terminals. At the W-band second harmonic 2 fy = 180 GHz, the MIM array, together with the
440 fF MIM, collector transmission-line feed, and base transmission-line feed present a < 3 €2
impedance to the second harmonic content for Class AB harmonic control. (The quarter-
wavelength base & collector transmission-lines at W-band are half-wavelength transmission

lines around the second harmonic, 180 GHz.)

o
J_440fF 30 (30 30 130 l3a
I 2.1pF | 1.2 pF | 660 F | 370 fF | 91 ¢F

- LT T T 70
T

Figure 2.41: Wideband bypass array (unit cell) circuit schematic. All capacitors are MIM
types. Resistors are unit-cell 3 2 n* subcollector diffusions resistors, all identi-
cally dimensioned.

The wideband bypass array consists of 91 fF'?, 370 fF, 660 fF, 1.2 pF, and 2.1 pF MIM
capacitors, each with its own 3 Q de-Q resistor to provide a wideband response and to avoid
high-impedance anti-resonance peaks in the AC impedance response.

The MIM capacitors within the array are weighted & scaled to give the desired wideband
frequency response. The wide range of capacitors result in a wide range of low-impedance
resonant frequencies where the impedance of a corresponding self-resonating capacitor is
lowest. The MIM array avoids similar or repeated capacitor values in parallel to avoid
anti-resonance peaks. MIM capacitance values are roughly scaled 2x to synthesize a wide
range of self-resonant frequencies.

Series resistors are used in each individual MIM capacitor to de-Q the network in order

19This is the same unit-cell MIM capacitor used throughout the RF input, output, and interstage matching
networks.
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to widen its impedance response and prevent unintended impedance responses from coupling
between multiple resonant structures that cause antiresonance peaks (spikes of high impedance)
which can cause instabilities in the active circuits below W-band.

The 3 € resistor is an n* subcollector diffusion resistor formed from an unsilicided NFET
source/drain junction. The substrate resistor sits on top of the silicon p-substrate and below
the shallow-trench isolation (STI) oxide. The sheet resistance is only 8.8 ©/[0 and allows for
a compact resistor in the capacitor array layout for which a precision TaN metal resistor is
too large.

The entire bypass array sits in parallel to the 440 fF RF-shorting unit-cell capacitor,
which does not have a de-Q resistor in order to provide the lowest possible 0.6 €2 impedance
at self-resonance within W-band.

Fig. 2.42 illustrates the overall wideband capacitor array response along with the natural
self-resonant frequency responses (without de-Q resistors) of the individual MIM components
within the array. The wideband bypass capacitor array presents an impedance < 2 €2 from
15-190 GHz, < 3 ©2 down to 10 GHz, and < 5 §2 down to 6 GHz, and < 10 2 down to 3 GHz.
The array aides in the second-harmonic termination (impedance < 2.6 2 @ 2f;) necessary
for Class AB operation.

The low-frequency (< 3-6 GHz) capacitive filtering is distributed between both on-chip
and off-chip capacitance networks. The off-chip capacitive networks are integrated into
custom DC needle probes that provide bias to the PA’s DC wirebond pads. Each DC probe
needle has 120 pF of bypass capacitance to an adjacent ground probe needle. An additional
0.1 uF bypass capacitance (with a 5 € de-Q resistor) sits on each line of the DC wedge probe
board. Additional very large capacitances (100s of puF) are part of the DC measurement
cabling setup. (See Section 2.11.1 for more details on the off-chip capacitors on the DC wedge
probes.)

2.8 Transmission Lines and Distributed Inductors

The unit-cell design concept is also applied to the transmission lines used throughout the W-
band PA. Similar transmission-line structures, with similar characteristics, are used throughout
the PA for RF input/output lines, shorted shunt-stub matching network elements, collector
feedlines, and transmission-line elements in the interstage resonant matching networks. The
transmission-line behaviors track together closely— matched— across the entire PA chip, and
expected process shifts and minor modeling errors do not de-tune the sensitive PA design.

With the dielectric constant (relative permittivity) of silicon dioxide (SiOj) at ¢, = 4.1,

transmission-line structures are approximately /4.1 or half that of free-space wavelengths.
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Figure 2.42: Impedance response of the wideband bypass array and the native impedance
responses of the individual 91 fF, 370 fF, 440 fF, 1.2 pF, and 2.1 pF capacitors
without the de-Q resistors. Off-chip capacitors included in the DC needle probes
for used for further < 10 GHz bias filtering are not included here.
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The precise characteristic guided wavelengths vary slightly with transmission-line cross sections
and their effective guided ¢,, which are characterized in dedicated 2.5D EM simulations.

The characteristic guided®® wavelength within a transmission line is given by Egs. (2.20)
and (2.21) [103].

P %; (2.20)
Ay = Ao (2.21)

VEreff
where [ is the transmission line’s characteristic phase constant (imaginary part of the complex

propagation constant).

Eq. (2.22) gives the phase velocity of the wave.

vy = — (2.22)

where w (in radians) = 27 f with f the frequency of operation (in Hz).
The transmission-line structure’s effective dielectric constant is determined from comparing

the free-space wavelength to the guided wavelength in Eq. (2.23).

A 2
Ereff = <)\—O> (2.23)

g
The nominal SiO, dielectric within 8HP has a dielectric constant €, = 4.1, but its
effective value can be as low as 3.6 due to effects of forced copper-metal fill (or alternately,
the effective dielectric thickness within copper layers shrinks from the small pieces of floating
metal fill).
At W-band frequencies, skin depth plays an important role in the expected losses of the
metals. The skin depth of a good conductor is given in Eq. (2.24) [62].

1
VT fuo

where f is the frequency, p is the material permeability, and ¢ is the conductivity. Within

§= (2.24)

a chosen conductive material, the skin depth d, decreases with increasing frequency by a
factor of y/f. The skin depth of aluminum in 8HP (layers AM and LY) is 05 4; = 0.28 pm
@ 90 GHz while the skin depth of copper is 05 ¢, = 0.23 pm @ 90 GHz (layers MQ, M4, M3,
M2, and M1).

20The ”g” subscript is sometimes used in this text to indicate ”guided” wave in order to distinguish from
transistor parameters that also use 3.
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2.8.1 AM-Layer Transmission Lines

In the GF 8HP back-end process, the top-level metal (8HP layer: AM) is suitable for
low-loss RF transmission lines at mmW frequencies. Fig. 2.43 illustrates top-layer aluminum
AM-metal structure used in all AM transmission lines in the PA.

11pm 8um 11lpum
- P <

2 4 um Al
\\'>° Top Metal
@
N
Side Shield S Side Shield
Ground < Ground
9.25 um
1.25 pm Al
Vias 3.55 “mI 0.55 um Cu
Ground Plane

Si Substrate (13.5 Q-cm)

Figure 2.43: Transmission line cross section within GF 8HP.

Except for the collector-feed transmission line, which carries particularly high DC currents,
all top-level (AM layer) transmission lines are 8 wm wide with 11 pm lateral spacing to side
RF-ground shields and 9.25 um vertical spacing to the global RF ground plane on layer M(Q
beneath. The resulting transmission line has a characteristic impedance of Z; = 50 € in
W-band. This is the unit-cell transmission-line used throughout the PA and for the 50 €2
input and output lines that interface to external 50 2 (single-ended) microprobes.

The global RF ground plane is chosen to be copper layer M(Q, which has a 0.55 pm
thickness and sits below the top-level AM aluminum metal. The MQ RF-ground plane
isolates the top-level (AM) transmission lines from the lossy p~ doped silicon substrate below
with a bulk resistivity of ps, = 13.5 Q-cm. The global RF-ground plane on layer MQ covers
the majority of the PA area except over HBT transistors, MIM capacitors, TaN resistors, and
RF & DC bondpads. The ground plane also is tied to additional DC-ground wiring on the
uppermost two thick, low-loss aluminum metals (AM & LY) using arrays of vias throughout
the PA chip.

Together, the wide side-shielding structures and large ground plane (below) form a fully
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RF-shielded tub around the microstrip transmission line. (The top side of the transmission
line is not covered/shielded.) Shielding for the top-level AM transmission lines is necessary
to ensure that AM collector lines do not couple to adjacent collector lines on the same layer
or to base-feed transmission lines and other structures underneath the AM transmission lines.
The sidewall shields prevent unwanted lateral coupling to adjacent structures and allows the
AM transmission lines to be packed closer together. The bottom shield (RF-ground plane)
also prevents field penetration into the lossy substrate, increasing the overall quality factor of
the transmission line.

The transmission-line side and bottom shielding increases the transmission-line loss and
lowers its characteristic impedance Z; compared to an unshielded line, but the isolation is
required to maintain PA stability across all frequencies, from near-DC to W-band. (Without
side shielding or MQ ground plane, an microstrip transmission line on AM has a characteristic
impedance closer to Zy = 60 €2 at 90 GHz.)

Fig. 2.44 show EM simulations results of line-to-line isolation (from lateral coupling) versus
separation distance for shielded and unshielded microstrip lines using top-level (AM) metal.
The shielded transmission lines improve the isolation between adjacent lines by 15-20 dB
over unshielded lines at 90 GHz. Two shielded microstrip AM transmission lines separated
by 40 um have a simulated isolation of > 40 dB @ 90 GHz.
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Figure 2.44: Isolation versus line separation for shielded and unshielded microstrip transmis-
sion lines on top-layer metal AM.

The transmission line sits in silicon dioxide (€. .¢ = 4.1), but the top side dielectric stack is
composed of 1.35 pm layer of silicon dioxide (SiOs), 0.45 um layer of nitride (¢4 = 7.1), and
1.0-7.5 um (2.5 pm nominal) layer of polyimide (.. = 3.4). The dielectrics above increase
the €, ¢ of top-level transmission-line structures to €, ¢ = 4.3. The transmission-line series

insertion loss for the Zy = 50 €2, 8 pm line with 11 pum side spacing (notated as 11-8-11 pm)
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is 0.48 dB/mm @ 90 GHz. More details of the transmission line characteristics are covered in
Section 2.8.3.

The global DC ground plane is formed from a via-connected stack of the top three metals
AM, LY, and MQ. (MQ is also the global RF ground plane metal, and the global RF ground
plane is connected to the global DC ground planes.) Most of the PA area, active and passive,
is covered in the stacked grounding metals except for cut-outs necessary for the active and
passive structures. The extent of the global DC & RF grounding can be in the AM top-metal
coverage in Fig. 2.45.
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Figure 2.45: Top-level view of AM metal across the W-band differential PA with DC & RF
I/O pads annotated.

Fig. 2.46 highlights all the unit-cell transmission lines used through the half-PA. Trans-
mission lines of the same unit cell have the same cross-section, but not necessarily length.
The quarter-wavelength base-biasing lines (in green) are the same length; the two quarter-
wavelength collector-biasing lines for Q1 and Q2 are also the same length. The 16-12-16 pm
(12 pm wide, 16 wm spacing to side shields) quarter wavelength collector-biasing line for
Q3 breaks from the other unit-cells in order to be strictly compliant with electromigration

guidance. It has similar transmission-line characteristics, however, as the 11-8-11 um unit

134



cell (in yellow) used throughout the rest of the PA. The wide interconnects between each gain
stage are also unit-cells with 11-32-11 um cross sections that look similar to the 11-8-11 wm

unit-cell. The lengths of the interconnects are different.
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Figure 2.46: Half-PA simplified circuit schematic with all unit-cell transmission lines high-
lighted. 11-8-11 pum unit-cell transmission lines are in yellow, 11-32-11 um
unit-cell interstage interconnects are in blue, My3s stacked-copper inverted-
microstrip unit-cell transmission lines for the base-biasing insertion networks are
in green, and the Q3 16-12-16 wm collector feed transmission line is in orange.

2.8.2 Transmission-Line Inductors

Distributed transmission-line inductors are used throughout the W-band PA rather than
small spiral inductors because large-valued (> 300 pH) spiral inductors have self-resonant
frequencies well below W-band. High-() inductors at 90 GHz can be synthesized from
short-length (I < A\;/4) transmission lines terminated on one end with an RF short-circuit.

The general expression for the complex input impedance Zy of a lossy transmission line
(with characteristic impedance Zj terminated with complex load Z, is given in Eq. (2.25) [104].
The Z;y in Eq. (2.25) applies to the W-band PA interstage matching-network inductors,
which are short transmission-line sections terminated in a 440 fF MIM capacitor that is

self-resonant at 90 GHz (RF-short circuit) with some residual series resistance.

Zr, + Zytanh vl
Zo+ Zp tanh vl

Zin(l) = Zo (2.25)
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where v is the complex propagation constant of the transmission line, given in Eq. (2.26).

v=a+j8=(R+jwL)(G+ jwC) (2.26)

a and § make up the two components of the transmission-line complex propagation
constant . (3 is the phase constant and « is the attenuation constant. R is the series resistance
per unit length, L is the series inductance per unit length, GG is the shunt conductance per
unit length, and C' is the shunt capacitance per unit length. The characteristic impedance Z,
is related to the R, L, G, and C' by Eq. (2.27).

R+ jwlL
Iy =4 ———— 2.2
"V G+ jec (2.27)

Like Zj, both a and 8 can be characterized over frequency for a given transmission-line

structure. For low-loss lines (R < wL) with small dielectric losses (G ~ 0), « is simplified to

Eq. (2.28) and § to Eq. (2.29).
1 C R
=g (R Z) =2z (2.28)

B wVLC (2.29)
For the simplified case of a lossless line, the input impedance from Eq. (2.25) simplifies

to Eq. (2.30).

. ZL —i—jZotanﬁl
~ 7 + jZ tan Bl

When the transmission-line is terminated in a short circuit, Z; = 0. The input impedance

ZIN,lossless<l> (230)

of a short-circuited, lossy transmission-line stub with length [ is given in Eq. (2.31) [105].

The expression takes the transmission-line’s characteristic loss « into account.

Zinsc(l) = Zp tanh[(a + jB)I]

tanh al + 7 tan 5l
1+ j tanh ol tan gl
_z 1 — j tanh(al) cot(B1)
~ 7% tanh(ad) — j cot (1)

(2.31)

where Z; is the characteristic impedance of the transmission line. (§ is the phase constant

and « is the attenuation constant from Eq.(2.26).

136



Ignoring the losses (the real part of Z;y) of the short-circuited transmission line, the

input impedance of a short-circuited, lossless transmission line simplified to Z;n jossless,sc 1
Eq. (2.32) [106].

ZIN,lossless,SCU) = ]ZO tan(ﬁ” (232>

A simplified equivalent inductance for a shunt short-circuited transmission-line stub of
length [ is given in Eq. (2.33) [107].

Leg(l) = % - % tan(5l) (2.33)

RF Ground Plane

Two types of ground plane structures are used throughout the PA chip for the transmission
lines. Top-level AM transmission lines use pre-slotted ground plane structures (on the MQ
layer) in order to prevent automatic cheesing (hole-punching) algorithms on the copper MQ
metal for local-density compliance. For the custom Msz, inverted microstrip transmission
lines used for the base-biasing quarter-wavelength lines, a solid ground plane structure is
used for higher density shielding to the top-level AM structure above. The final M) copper
local-density above the Mas4 transmission line will be similar to that of the pre-slotted MQ
ground plane, but with smaller openings/holes more random in nature than the pre-slotted,
parallel cutouts. This results in better overall shielding for the Mgy line.

All transmission lines throughout the PA are EM-modeled for more accuracy in their
specific use cases and terminations. Fig. 2.47 compares the EM-simulations results of an
11-8-11 pum (8 wm width, 11 wm side spacing) shorted shunt-stub AM transmission-line
element with solid, contiguous MQ ground plane versus one with a pre-slotted M(Q ground
plane.

The EM simulation & modeling (via Keysight ADS Momentum) of transmission lines with
solid MQ ground planes does not include the effects of the required patterned cheesing and
filling of copper metals layers. The cheese (and fill, if there are voids) is unknown, precisely,
to the user, so exact modeling is not possible.

The transmission line with pre-slotted ground plane has less loss, but is much more difficult
to simulate at junctions and discontinuities. The transmission line with solid, contiguous
MQ ground is far simpler to simulate, but the losses are slightly higher, and the contiguous
MQ ground plane will be automatically cheesed with small holes punched into structure to

comply with local-copper density requirements.
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Figure 2.47: Simulated complex input impedance of a 135 pum AM, top-metal 11-8-11 pum
transmission line segment (with MQ ground plane) terminated in a short-circuit
on one end: real (red) and imaginary (blue) components of impedance comparing
effects of a solid MQ ground plane versus a pre-slotted MQ ground plane.
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Table 2.3: Inductance synthesized from shunt-stub, shorted transmission-lines using 11-8-
11 um unit-cell AM transmission lines. Reactance, equivalent inductance Leq, and
@ are given at 90 GHz.

Stage Length Reactance Leg Q
Input MN 135 um 4528 Q 50 pH 57
Q1-Q2 Interstage 60 pm +712 Q 20pH 15
Q2-Q3 Interstage 30 pm +56 10pH 8
Output MN 110 um  +522 Q 40 pH 60

The PA design uses the pre-slotted ground plane structure for the input & output
transmission line stubs, input & output transmission lines, quarter-wavelength collector lines,
and interstage matching transmission-line stubs (terminated in resonant MIM capacitors for
RF-short circuit). The solid MQ ground plane structure is used at junctions where multiple
transmission-lines meet and above the custom Mss, inverted microstrip line that runs beneath
the RF ground plane (MQ).

All transmission line stubs use the same 11-8-11 pwm transmissions line structure with
characteristics listed later in Table 2.4 with oy, = 55.3 Np/m, 8, = 3900 rad/m, and Z
= 50 © at 90 GHz.

A summary of the shorted transmission-line stub structures is presented in Table 2.3.
The input-matching network uses a 135 um shunt element, shorted transmission-line stub
with slotted ground plane. The shorted transmission-line stub presents an equivalent 50 pH
(+728 Q) at 90 GHz with @@ = 57. The output-matching network has a similar 110 pm shunt,
shorted stub that presents an equivalent 40 pH inductance (+;22 2) at 90 GHz with ¢ = 60.

The Q1-Q2 interstage matching network uses a shunt 60 wm transmission-line section
terminated with a resonant 440 fF MIM capacitor. The shorted transmission-line presents an
equivalent 20 pH inductance (+512 ) with @ = 15 when RF-shorted with the relatively
low-Q 440 fF resonant MIM capacitor () = 7). The Q2-Q3 interstage matching network uses
a shunt 30 wm transmission-line section terminated with a resonant 440 fF MIM capacitor.
The shorted transmission-line is presents an equivalent 10 pH inductance (476 €2) with @
= 8 when RF-shorted with the MIM capacitor (Q = 7).

See Appendix E for more discussions regarding metal-density limitations and their effects

on the design of passive structures.
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2.8.3 Quarter-Wavelength Collector Feeds

Compact, large-valued spiral inductors are not suitable for inductive RF-biasing chokes at
W-band because of their low self-resonance frequencies limited by parasitic capacitances. (An
RF-impedance of 170 2 requires a 300 pH inductance at 90 GHz, for instance.) The collector
bias-insert networks also require wide linewidths for electromigration current compliance,
which results in additional parasitic capacitances that lower self-resonance even further.

All top-level AM transmission lines have a common characteristic RF impedance ~50 €2
in order to follow a unit-cell approach and track together with process variations and residual
modeling errors. Except for the Q3 collector feed line, the same cross-sectional dimensions
are used (line width and spacing to side and bottom shields) throughout the design where
distributed transmission lines are used. For the Q3 collector transmission line, which must
carry more DC quiescent current when there is no RF input drive, the line width is increased
to satisfy electromigration constraints for 100°C operation, but the transmission-line spacing
to the side shields is adjusted so that the transmission-line characteristic impedance is kept
nearly the same as the other unit-cells.

Separate quarter-wavelength (QW?! or \,/4) transmission lines feed the HBT collectors
of each PA stage. Although quarter-wavelength collector-bias feedlines, ~ 400um in length,
occupy significant PA area, they are low-loss, high-bandwidth distributed elements that
present the frequency-dependent impedances required for Class AB PA operation: low
resistance at DC, high impedance at fo = 90 GHz, and low impedance at the second harmonic
2fo = 180 GHz.

The short-circuited quarter-wavelength transmission-line resonator inserts DC at the HBT
collector node while presenting a high-impedance RF at the operating W-band frequencies,
providing a low-loss broadband RF inductive choke, equivalently. The collector transmission-
line is a quarter-wavelength structure at 90 GHz, and each Q1, Q2, and Q3 power-HBT
collector has a separate quarter-wavelength line.

One end of the quarter-wavelength transmission-line terminates at the HBT collector
while the other terminates near the DC wirebond probe pad with a low RF-impedance (high
capacitance), creating a quarter-wavelength resonator within W-band. The broadband RF-
short termination is created using a resonant 440 fF MIM capacitor and a wideband bypass
capacitor array, discussed in detail in Section 2.7. The wideband capacitor array presents
an impedance < 1 € within W-band and < 3 2 from 10-200 GHz covering the necessary
second-harmonic frequencies for Class AB operation. External DC voltage is applied by a

custom probe with additional capacitance for low-frequency power-supply off-chip filtering.

21 _ _
)\g - /\guided - /\free—space/\/ €r
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Quarter-Wavelength Resonators

Transmission-lines, with their distributed effects across frequency and distance, provide the
necessary quarter-wavelength resonator (with a supporting wideband bypass-capacitor array)
bandpass structures for proper low-impedance harmonic terminations above W-band and
low-impedance terminations below W-band for amplifier stability. The quarter-wavelength
transmission lines are used in conjunction with resonant 440 fF RF-shorting MIM capacitors
and wideband bypass capacitor arrays to form resonators that are used for DC bias insertion.
(Quarter-wavelength resonators terminated in MIM capacitors are also used for the base-
biasing insertion networks in all three PA gain stages, but the transmission-line is very
different.)

Eq. (2.34) gives the input impedance of a lossy quarter-wave transmission-line with one
end terminated in a perfect short— a quarter-wavelength transmission-line resonator [105].

Zy
Zn=R=2 (2.34)

The associated unloaded quality factor @ of the lossy quarter-wavelength?? transmission-
line resonator (shorted) is given in Eq. (2.35).

T _ B

ossy — = 2.35
Qawlossy da,l 20y (2:35)

Quarter-wavelength resonators are used as shunt-element, bias-insertion networks at the
base and collector HBT terminals, offering high bandwidth and RF impedances within W-
band while simultaneously injecting DC with very low loss (< 0.6 2). For quarter-wavelength
lines terminated in short circuits (QW resonators), the input impedance looking into the
shunt resonator is high. Quarter-wavelength transmission-lines resonators with higher ratios
of characteristic impedances to the HBT output-collector node impedance lead to wider
high-impedance bandwidths, as illustrated in Fig. 2.48.

Higher characteristic impedance lines (Zj) can result in higher shunt input impedances in
quarter-wavelength resonators, leading to less shunt loss and higher bandwidths, but for a
given metal & ground plane configuration within the stack-up, linewidths need to be narrower
to increase Zy, which result in higher characteristic line loss « as well as reduced current
handling. The Q3 collector top-metal AM transmission line width is primarily dictated by
DC current handling for electromigration while all other top-metal AM transmission lines,
carrying less DC current, are sized for Z; = 50 (2.

The quarter-wavelength bias-insertion lines are shunt elements with respect to the RF

22QW is the abbreviation for the quarter-wavelength (\,/4) transmission-line.
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Figure 2.48: Impedance magnitude of an ideal quarter-wavelength transmission line resonator
terminated in short-circuit for different impedance ratios Z jine/Znode = 0.5, 1,
2, and 4.
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Table 2.4: Q1 and Q2 collector bias-insertion transmission-line characteristics at 90 GHz:
8 um width, 11 pm spacing to side shields (11-8-11 pm).

Parameter Value @ 90 GHz

Zy 50 Q2

Return Loss > 35 dB (DC—220 GHz)
Oy 55.3 Np/m = 0.48 dB/mm
By 3900 rad/m = 0.224° /pm
Ecff 4.3

Ay 1610 pm

Ag/4 Length 402 pum

Ag/4 Series Insertion Loss 0.2 dB

Ag/4 Resonator @ 35

A¢/4 Rpc 0.3 Q (DC)

signal path, so the associated loss within as a shunt resonator element is less than that of
a series power-splitting/combining line. The PA’s RF-signal loss attributed to the shunt
quarter-wavelength transmission line (as a DC-bias-insertion feed) is less than 0.1 dB at
each collector output of Q1, Q2, and Q3 at W-band frequencies. Shunt short-circuited
quarter-wavelength resonant structures are more forgiving and result in high-bandwidths
because they do not need to present an exact impedance, only a high impedance relative to

the very low-impedance (5-47 €2) bias-insertion nodes at the HBT terminals.

Q1/Q2 Collector Transmission-Line Feed

The 11-8-11 pum transmission-line is the unit-cell used throughout the W-band PA. It is
an 8 um-wide microstrip line on top-level AM metal with 11 um separation to side shields and
9.25 pum separation above the RF ground plane (layer MQ). The cross-sectional structure is
used for all transmission lines except the Q3 collector (which requires a wider line) and custom
Masy base feeds. All transmission lines are fully characterized in EM simulations. Bends,
junctions, step discontinuities, and other effects are taken into account with full EM modeling
of the associated layouts. Table 2.4 summaries the 11-8-11 pum unit-cell transmission-line
with additional entries for the quarter-wavelength collector characteristics.

The input impedance looking into the Q1 and Q2 quarter-wavelength-resonator collector
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feeds is > 1400 2 at 90 GHz and > 200 €2 from 78-108 GHz. The wideband high impedance
ensures that the collector DC bias-insertion network does not load the RF output of the HBTs.
The transmission-line resonator also terminates the second harmonic 2f; in < 3¢ around
180 GHz, which in combination with the base-feed transmission-line resonator response,

results in < 2 € 2nd-harmonic terminations for Class AB amplifier operation.

Q3 Collector Transmission-Line Feed

The Q3 collector-feed transmission line is a 12 um-width top-level-metal AM line over
MQ ground plane with 16 um spacing to AM-sidewall shielding (16-12-16 um) at 90 GHz.
The transmission-line characteristics are summarized in Table 2.5. The transmission line has
loss characteristics of o, = 59.7 Np/m = 0.52 dB/mm, which corresponds® to a line loss of
0.52 dB/mm. The transmission-line 5, = 3900 rad/m = 0.224°/um, which corresponds to a
guided wavelength A\, = 1610 um and €, g = 4.3. The RF characteristic impedance is Z
= 48 Q). The return loss is > 36 dB from DC to 200 GHz (to the W-band second harmonic).

The resulting quarter-wave transmission-line length is 402 pm at 90 GHz with an associated
resonator () = 33. The series insertion loss of the 402 um is 0.2 dB at 90 GHz?**. The DC
series resistance of the quarter-wavelength 402 um line is 0.4 2.

The Q3 HBT collector-feed is equivalent to a quarter-wavelength transmission-line res-
onator terminated in a non-ideal short provided by the lumped-element self-resonant (at
90 GHz) 440 fF MIM capacitor and wideband bypass-capacitor array. The quality factor
of the quarter-wavelength transmission line resonator terminated in an ideal RF short is
@ = 33 @ 90 GHz. In the practical case where the RF termination is not a perfect short
at W-band, ) = 24 @ 90 GHz. Although the resonant 440 fF MIM capacitor terminating
the quarter-wave resonators has a () of only ~7, the combined resonant structure still has
a () ~ 24. Effectively, the resonant capacitor is in series with the quarter-wave resonator—
not in parallel—, so the residual real, small resistance terminates one end of the quarter-wave
line in a low resistance that gets transformed to a high impedance (400-1000 €2) at the bias
insertion point near the HBTSs.

At 90 GHz, the collector’s combined quarter-wave transmission line and terminating
MIM structure (RF-short) effectively look like an extremely large inductor or RF choke.
Fig. 2.49 shows the EM-simulated results of the input-impedance magnitudes of the Q1,
Q2, and Q3 quarter-wavelength collector transmission lines terminated in a resonant 440 fF

MIM capacitor and accompanying wideband bypass capacitor array. These are the effective

231 Np = 1 Nepers ~ 8.69 dB.
24Note that the transmission-line is used as a shunt resonant element in the PA and not a series line with
respect to the RF signal path.
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Table 2.5: Q3 collector bias-insertion transmission-line characteristics at 90 GHz: 12 pm
width, 16 wm spacing to side shields (16-12-16 pm).

Parameter Value @ 90 GHz

Z 48 Q

Return Loss > 35 dB (DC—220 GHz)
Oy 59.7 Np/m = 0.52 dB/mm
By 3900 rad/m = 0.224° /pm
Ecff 4.3

Ay 1610 pm

Ag/4 Length 402 pum

Ag/4 Series Insertion Loss 0.2 dB

Ag/4 Resonator @ 33

A¢/4 Rpc 0.2 Q (DC)

impedance seen by the HBT collector terminals.

The input impedance looking into the Q3 quarter-wavelength collector feed is > 1000 € at
90 GHz and > 190 €2 from 80-104 GHz. The Q3 transmission-line resonator also terminates
the second harmonic 2f; in < 2€2 around 180 GHz. The input impedance looking into the Q1
and Q2 quarter-wavelength-resonator collector feeds is > 1400 €2 at 90 GHz and > 200 €2
from 78-108 GHz.

The impedance responses are slightly higher than 90 GHz because additional parasitic
wiring inductances (to the HBT collector-output interconnects) are not included. The
implemented physical transmission-line lengths are slightly shorter (10-20 pm) than a full
quarter-wavelength in order to account for additional wiring and via inductances to interface
the HBT collectors on one end and the 440 fF MIM RF-shorting capacitor on the other end.

Although wider lines can provide even higher-() quarter-wave resonator feeds, further
increasing line width does not have appreciable effects on the collector HBT losses since
the bias-insertion network is a shunt, resonant, high-impedance element rather than a series

element.
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Figure 2.49: Input impedance magnitude of the Q1 & Q2 11-8-11 um quarter-wavelength
transmission-line resonator (in blue) and the Q3 16-12-16 um quarter-wavelength
transmission-line resonator (in red). All resonators are terminated on one end
by a 440 fF MIM capacitor and a wideband bypass capacitor array.
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2.8.4 Quarter-Wave Base Feeds

The bias insertion network is designed to extend the collector-to-emitter breakdown
voltage from BVego = 1.8 V closer to the fundamental BVigo = 6.0 V limits. As described
in Section 2.6.2, the extension in operational breakdown voltage BVcgr can be accomplished
by ballasting the excess DC base current caused by the impact ionization (weak avalanche)
process.

The approach used in this work is to use a quarter-wavelength transmission line resonator
in the external base-biasing insertion network. The quarter-wavelength bias-insertion network
acts as a wideband RF inductive choke, which presents low impedance at DC and high
impedance at RF (W-band) at the bias insertion point at the HBT power-cell base. This
design provides a very low DC impedance without affecting the RF. This methodology also
improves low frequency stability of the transistor. A custom transmission-line structure using
stacked lower-level M2, M3, and M4 metals that share the RF ground plane above it with

the top-level AM-metal transmission-line structures.

HBT External Bias Resistance

Base-biasing feeds in sub-mmW, small-signal bipolar amplifier designs are typically
implemented with resistors or resistor networks that present multi-K2 values to the HBT
base terminal— the external DC base resistance Ry, pias > 1000 2. With large power transistors
ICs at mmW frequencies, the Rp pias can be lowered further since HBT input impedances
drop significantly. At 90 GHz, SHP HBTs input impedances are < 30 {2 even for relatively
small (10 wm) transistors operating at peak-fr current densities. Lowering the external base
resistance Rp pias 1S possible in order to push operational collector breakdown voltages BVcgr
from the open-base case (Rp pias — 00, BVero = 1.8 V) toward BVipo = 6.0 V, as discussed
in Section 2.6.2.

Prior works have demonstrated base biasing with resistors Rppias > 300 €2 to increase
operation BVcgr [14]. In the presented W-band PA,| one of the main goals is to push operation
collector breakdown voltages even higher by using extremely low external-base resistances
presented to the HBT base terminal.

The W-band PA here pushes operational collector voltages even higher by reducing the
external base resistance down to Rp pias = 20 €2, the lowest-known resistance used in SiGe
mmW PAs. Using such low DC resistances pushes operational collector voltages higher, but
since 20 €2 is also on the order of the HBT input impedances, transmission-line bias-insertion
structures in the base feedlines are necessary to reduce the RF-loading impacts.

W-band frequency is too high for large-valued spiral inductors as RF biasing chokes
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(e.g., 300 pH for 170 Q impedance at 90 GHz) because the parasitic capacitances reduce the
inductor resonant frequencies to well below W-band. Using a distributed transmission line in
the base feeds allows a fixed, low DC resistance to be presented while maintaining a high
impedance at the operating frequency.

The function of the base-biasing feed line is to supply the appropriate DC quiescent base
current to the power-transistor cells while presenting a high impedance to RF signals at the
base node to prevent injection of RF into the DC biasing circuitry. The ideal base biasing
feed is an RF choke that present high-impedance to the RF signal and low-impedance to
the DC bias current. Quarter-wavelength bias-insertion networks used in the HBT-base
biasing allows for low external DC resistances presented to the HBT base terminal while
maintaining high RF shunt impedances at the HBT input, which minimizes unwanted RF-
loading. Lowering the external DC base resistances (e.g., from > 1 KQ down to 20 Q)
extends the operational collector-emitter breakdown voltage BVcgr from BVogo = 1.8 V
closer toward BVego = 6.0 V. All external base terminals in each gain stage have a < 20 2
DC resistance and RF impedance from DC to W-band, ballasting excess holes in the base
from DC and any large-signal carrier effects.

The quarter-wavelength transmission-line resonator, similar in operation to the collector
ones discussed in Section 2.8.3, are wide-bandwidth bias-insertion structures that allow the
DC resistance and RF impedance presented to the HBT base terminal to be set independently:
low 20 € resistance (with added series resistance) at DC, 170 2 RF impedance at 90 GHz,
and low impedance at 2f, = 180 GHz. Furthermore, the base-feed transmission-line resonator
presents a low impedance at lower frequencies (outside the operating bandwidth) arising
from filtering effects of the large wideband bypass capacitor arrays in parallel to the 440 fF
RF-shorting capacitors. The low-impedance terminations on all three HBT terminals stabilize
the HBT where its available gain is highest at sub-mmW frequencies.

In typical resistive biasing schemes, 300-2000 €2 resistors are used, typically, which result
in both DC and RF impedances to be 300-2000 €2, respectively, over wide bandwidths— DC
to W-band to 2nd harmonic and beyond. With a distributed transmission-line structure
terminated in a proper low-impedance, the DC resistance presented to the HBT base terminal
can be set low (20 €2) while the RF impedance at W-band remains high (170 €2) relative to
the node impedances (< 5-2012). Furthermore, at the 2nd harmonic, the quarter-wavelength
line at 90 GHz becomes a half-wavelength line at 180 GHz, transforming the low-impedance
(near short-circuit) termination at W-band to a low-impedance termination at 2fp, which is
used for harmonic termination control in Class AB PA operation.

The quarter-wavelength (at 90 GHz) base line is terminated in a resonant 440 fF MIM
as RF-short and a wideband MIM capacitance array. A 15 €2 series TaN inductor further
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de-couples the RF section from the active-biasing networks and also helps to set the 20 €2 total
external base resistance. The active-bias circuits have further MIM bypass capacitances to
ensure stability and reduce RF-signal injection. Below 15 GHz, the presented RF impedance
is < 10 €2, which along with the collector feeds and the high-pass matching networks, helps
to stabilize the low-frequency transistor response and guarantee stability.

By decoupling the RF impedance and the Rp pi.s DC resistance presented to the HBT
base terminals, the Rp pias DC-resistance does not affect the maximum available gain MAG
but does improve the large-signal breakdown characteristics over 300 €2 external-resistance

biasing.

M3, Line Characteristics

To support a differential PA layout— a symmetric layout that is mirrored about a center
line and has all the DC & RF 1/0 on the peripheries—, a special transmission line is necessary
to support a quarter-wavelength base-biasing feed & insertion network for each gain stage.
Without a differential layout requirement, quarter-wavelength base-biasing feeds can simply
be done on the top-level AM metal in the area where the mirrored half-PA sits in the
differential layout. (Moreover, if collector voltages did not need to be pushed higher, simple
high-resistance biasing could have been used).

The lack of many additional metals above the MQ ground plane necessitates use of
lower-level metals below the MQ RF-ground plane for quarter-wavelength bias feeds. These
transmission lines share the RF ground plane with the top-level transmission lines above.
A custom, non-standard transmission-line structure is created by stacking— connecting
vertically-adjacent metal layers together with arrays of vias— three of the lower copper-metal
layers to form an inverted transmission line that sits below the global RF ground plane on
layer MQ.

Moz, refers to the quarter-wavelength base-feed transmission-line formed with a stack of
M2, M3, and M4 lower copper metal layers (excluding M1) tied together electrically with
densely-spaced vias between each metal layer. The Mag, line is used in an inverted microstrip
fashion with the global MQ ground plane sitting above it and shared, indirectly, with the
top-level AM transmission line structures. Each HBT power-cell transistor has a separate
Magy transmission line connecting to its HBT base terminal for DC bias insertion.

The copper-layer conductivity (M1, M2, M3, M4, and MQ) is 1.5x that of aluminum
layers (LY & AM) with 5.35 U/m vs. 3.57 U/m), respectively. However, the lower M1-M4
copper metal layers are much thinner metals with 0.29-0.32 um thicknesses or equivalently,
only 1.50, cw at 90 GHz?| resulting in relatively high metal sheet resistances (R, = 0.058 2/0J)

25The skin depth of copper is ds cy = 0.22 pm at 90 GHz.
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5-9x higher than that of the top-level AM aluminum (R, = 0.007 Q/0J).

To overcome the relatively high metal sheet resistance of the individual copper layers,
3 copper layers are stacked for improved RF losses over a single metal layer. The stacked
copper transmission-line is formed with layers M2, M3, and M4, which is referred as the
Moz, base-feed transmission line. (The conductivity of the dense layer of vias between each
copper layer is about 1/5th that of the copper metal layers.) The stacked metal configuration
decreases the losses at 90 GHz and results in increased transmission-line Q at 90 GHz.

The cross-section of the implemented custom base-feed transmission line is illustrated in
Fig. 2.50. The stacked Mag4 base-feed transmission lines are sized 2.24 um wide, which is
the maximum width for stacked copper wires to be exempt from foundry auto-cheesing?®.
The lowest-level M1 is not used in the Msygy copper stack because of its close proximity
(0.60 pum) to the lossy 13.5 Q-cm SiGe p~ substrate. Avoiding M1 decreases the losses from
RF currents induced in a lossy substrate and prevent unwanted coupling into structures within
the substrate. Additional shallow-trench isolation (STI) in the substrate underneath the base
transmission line provides an extra 0.35 wm of oxide isolation from the substrate, allowing
the My structure to sit 22% higher above the silicon substrate at 1.59 um. Deep-trench
(DT) and shallow-trench lattice networks along the Magy signal path further reduce induced
eddy-flow RF-currents at the substrate surface and further decreases coupling to other nearby
structures.

The global RF copper ground plane sits 0.65 um above the stacked Mazs transmission
line, competing the inverted microstrip-line structure. The Maygy lines sit in SiO4 dielectric
with an effective dielectric constant €, ¢ = 3.9, supplied by the foundry, which takes into
account extra copper-metal fill-effects throughout the dielectric layers.

The transmission-line characteristics are extracted from EM simulations and presented in
Table. 2.6. The Masy inverted microstrip transmission line has a characteristic impedance of
Zy = 30 Q within W-band. The EM-simulated return-loss of the transmission line in a Z
= 30 Q system is better than 22 dB from DC to 200 GHz (2f).

The Masy characteristics transmission-line loss is given by «, = 416 Np/m = 3.6 dB/mm
@ 90 GHz. At 90 GHz, the transmission line has a characteristic §, = 4340 rad/m =
0.249° /pum, which implies a guided quarter-wavelength of A\;/4 = 362 pm. The corresponding
effective dielectric constant (effective relative permittivity) is €, .4 = 5.3. The effective
dielectric constant €, ¢ is higher than that of the surrounding SiO, because some fields are

penetrating into the silicon substrate below (e, .¢ = 11.7 for Si), but most of the fields are

26Stacked lines greater than 2.24 um can theoretically provide additional design freedoms, but in practice, they
are difficult to model accurately in EM simulations because stacked lines > 2.24 um are aggressively cheesed
(reducing local density up to 30-50%) by the foundry mask-preparation algorithms to meet strict copper
local-metal density requirements.
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Figure 2.50: Cross section of the custom inverted microstrip transmission-line structure on
stacked metal layers M2, M3, and M4. The stacked Ms3y line is internally
connected with dense vias. The line runs beneath the global RF ground plane

MQ.

Table 2.6: Mass base-feed transmission line characteristics.

Parameter

Value @ 90 GHz

Zy

Return Loss

30 Q
> 22 dB (DC-220 GHz)

oy 415.9 Np/m = 3.61 dB/mm
Bg 4340 rad/m = 0.240°/pm
€cff 5.3

Ag 1448 pm

Ag/4 Length 362 pm

Ag/4 Series Insertion Loss 1.3 dB

Ag/4 Resonator Q 5.2

A\g/4 Rpe 2.4 Q (DO)

still contained between the RF ground plane (above on layer MQ) and the stacked Magy

copper lines. The slightly higher effective dielectric constant also increases the effective

transmission-line phase constant 3, compared to top-level AM-metal transmission lines.

Fig. 2.51 plots the Mys, transmission-line characteristics across W-band: « (loss),
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(phase), and quality factor Q.
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Figure 2.51: Inverted microstrip Mys, transmission line (a) loss («), phase (5) and (b) quality
factor Q.

Msss RF Ground Plane and Isolation

Since the collector bias-insertion transmission-lines share the same RF ground plane on
layer MQ as the M3, base-feed transmission lines, the signal coupling through the ground
plane must be examined to ensure HBT feedback stability at all frequencies. The MQ ground
plane is a 0.55 pwm-thick copper metal that results in a sheet resistance R, = 0.034 2/ and
a skin depth of 0.23 um at 90 GHz.
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Rather than use pre-slotted MQ ground planes, as done with the top-level AM transmission
lines, the stacked Mazs lines use a solid MQ ground plane that is marked for automatic
cheesing at the foundry. During the foundry mask generation, small holes are punched into
the MQ ground plane to reduce the local density to 50% within any 200 pm x 200 pwm
window. The cheesed solid MQ ground plane still results in a denser MQ ground plane than
pre-slotting metal.

The worst-case Magy4 to top-metal AM line isolation occurs if My3s runs directly underneath
a collector transmission line and shares the same immediate ground plane metal on MQ. The
EM-simulated isolation between the AM transmission line and Mss, line in this case is still
> 40 dB within W-band and > 55 dB at 30 GHz. The side shielding and side-walls of the
top-level AM transmission line structure aid in reducing vertical field penetration into the RF
ground plane underneath. However, for additional signal isolation across all frequencies, the
collector lines and Mys, are placed such that they do not run coincidentally— on top of one
another. Masy lines only cross underneath top-level AM transmission lines in very small cross
sections— almost orthogonally— to avoid coupling together through the RF ground plane.

Side shielding of the Maysy lines is difficult to implement because of metal-density and
other copper layout-rule constraints. Since base-feed lines are not side-shielded, they are kept
at distances where line-to-line base-feed coupling between is negligible. The Mysz4 lines come
as close as 80 um to each other, in the worst case, between the Q1 and Q2 base feeds. Even
without lateral/side shielding, the EM-simulated isolation between the Mays4 lines is better
than > 60 dB from DC to 220 GHz since the distance to the adjacent My, is much larger
than the 0.65 pm vertical separation from the MQ global ground plane.

A series of orthogonal deep-trench isolation lines, within the substrate, along the Masy
transmission line axis helps to isolate any possible coupling from one gain stage to the next
and reduces induced RF currents in the substrate caused by the base-biasing lines.

A 3-dimensional view of the W-band PA layout is shown in Fig. 2.52. The magenta base
feeds are shown routed under the AM top-layer metal. MIM capacitors used for matching,

resonant RF-shorts, and wideband bypass are shown in yellow-orange.

M3, Quarter-Wavelength Resonator

The 350 um quarter-wavelength Mss, transmission line has a characteristic impedance
Zy = 30 Q. When terminated on one end with a 440 fF MIM (RF-short) and wideband
bypass capacitor array, the quarter-wavelength base-feed line becomes a transmission-line
resonator. The resulting RF impedance at the bias-injection node at the HBT base is 120
170 © within the W-band operating frequencies 80-100 GHz while the DC series resistance is
2.4 €. Around the second harmonic 2f; = 180 GHz the Mgy line is effectively a half-wave
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Figure 2.52: 3-D view of W-band PA layout. AM top-layer metal is shown in blue-green,
base feeds shown in magenta, and MIM capacitors shown in yellow-orange.

structure, transforming the terminating wideband RF-short near the DC bondpad to a low
impedance at the HBT. At 180 GHz, the My, line presents impedances < 7 €2, which in
parallel combination with the collector-feed transmission-line resonators, present < 2 €2 to
the harmonics at 2f; for proper Class AB harmonic terminations.

Additional 15 €2 TaN metal resistors and wiring resistances in the active bias circuits
increase the DC resistance to the desired 20 €2, the total external DC resistance presented
to the HBT base terminal. The feed length is slightly shorter than the A\,/4 = 362 um
quarter-wavelength in order to account for additional wiring and via inductances at the
connection points to the MIM capacitor at one end and the HBT base feeds at the other end.

The lower characteristic impedance Z; and higher RF losses a4 of the My, custom
transmission line results in lower RF input impedances when used in quarter-wavelength
resonator, as shown earlier in Eq. (2.34). As the earlier Fig. 2.49 shows, the higher @,
higher Zj collector transmission-line resonator results in higher input impedances. The M534
lower impedance magnitudes, however, are acceptable since HBT input impedances are very
small, even smaller than their associated output impedances, and the base feed is a unique
situation where the higher DC loss of the line is acceptable for HBT base biasing (compared

to requirements in the collector biasing) since a 15 € series resistance is added within the
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Figure 2.53: Input impedance magnitude of the 350 um Ms3, base-feed quarter-wavelength
transmission-line resonator. The transmission-line resonator is terminated on
its other end with a 440 fF RF-shorting MIM capacitor and a wideband MIM
bypass capacitor array. The other end connects to the HBT base terminal for

DC bias injection.
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active biasing circuit, anyway, to set the external base impedance to 20 ).

Using Masy as a quarter-wavelength resonator terminated in a non-ideal RF short-circuit
results in a resonator () = 5.2 at 90 GHz. Although the resonator @) of the base line is
not high relative to other passive components, its effects are reduced because its resonant
impedance is still high relative to the base-input node impedances.

The series insertion loss for 362 um line is 1.3 dB at 90 GHz, but since the line is used as
a shunt-element (resonator), the RF loss is much less. The associated loss of the shunt Magy
base-insertion quarter-wave resonator, including wideband capacitor termination, is 0.50 dB
at 90 GHz for Q1, 0.25 dB for Q2 stage, 0.13 dB for the Q3 stage. The My34 120-170 €2
impedance is relatively large compared to the 20 2, 10 €2, and 5 €2 input impedance of Q1,
Q2, and Q3 biased at peak-fr/fyax current densities.

Although 0.5 dB is not an insignificant loss, the penalty occurs at the input to the PA,
which impacts gain, but not saturated the saturated output power. In future designs, a
more optimal tradeoff (higher impedance or even lower loss line) can be synthesized to
recover additional gain at the PA input. In this first W-band iteration, the design choice
has been made to synthesize a custom line that is more predictable (via EM-simulation)
over incremental performance improvements that are not as predictable (e.g., wider Mysy
lines that are automatically cheesed heavily (up to 50%) into local-density compliance, which
are particularly difficult to simulate since the user does not have control over the cheesing

algorithms).

2.8.5 RF Input/Output Pads

For the W-band design, small, custom RF input/output bondpads are designed to reduce
pad parasitics at 90 GHz. (The earlier Ka-band designs use the larger standard wirebond
pads measuring W x L = 61 um x 101 um the RF input and output.) The custom W-band
RF input/output pads are designed with 50 pm x 50 pum top-level metal (AM) bondpads for
landing external 50 2 measurement probes in ground-signal-ground (G-S—G) configuration
at 100 pm probe pitch.

The CPW-to-microstrip RF-pad transitions are illustrated in Fig. 2.54. The 50 um-wide
on-chip RF-probe pads taper (over a distance of 21 pum) down to the 50 €2 input transmission
line with 8 um-wide signal conductor. The wirebond RF-ground pads also taper into the
input-transmission-line side-shielding, separated 11 um from the signal conductor. The
EM-simulated return loss the back-to-back pad transitions is > 22 dB within W-band, and
the associated back-to-back (total) losses of the input and output pads, combined, is < 0.2 dB
in W-band.
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Figure 2.54: On-chip microstrip to external CPW G—S—G probe transition on top-level AM
metal. A calibration thru structure is shown.
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Figure 2.55: On-chip microstrip to CPW probe transition (back-to-back): insertion loss and
return loss at W-band.

157



Special extra-long glass-cut openings, parallel to the G-S—G pad openings that open
beyond the top pad metal, provide extra clearance for the angle-of-attack of the external G-S—
G microprobes. The additional passivation openings aid in the reproducibility & precision of
the measurements while reducing the probability of probe damage. The lower-angle of attack
to the RF pads accommodates more consistent probing and probe overdrive— the amount
of skid after first contact with the aluminum pad metal. Overall, measurements are more
repeatable over many probings without wearing down or damaging the delicate microprobes.

The PA design absorbs the on-chip RF input and output pads into the input and output
matching networks so that the PA has 50 €2 input and output impedances referenced to the
probe pads. In future further-integrated designs with additional on-chip input drivers and
output structures, the pads and their transitions can be removed, eliminating the associated
0.2 dB losses.

The shorted shunt-stub transmission-line matching-network elements at the immediate
input and output of the PA provide shunt ESD paths to very large DC grounds, and no
additional ESD-protection diodes are required in RF signal path. ESD on the RF inputs
and outputs is possible, as demonstrated in [108, 109], but normally prohibitive because of
the degradation in RF performance: additional RF loss and signal non-linearities with large
signals.

The RF input/output pads are fully ESD compliant because of the shorted shunt-stub
transmission-line matching-network elements at the immediate inputs and outputs of the
PA that provide shunt ESD paths to very large DC ground. No additional ESD-protection
diodes are required in RF signal path. Placing ESD diodes on the RF inputs and outputs is
possible, as demonstrated in [108, 109], but normally prohibitive because of the degradation
in RF performance: additional RF loss and signal non-linearities with large signals, especially
at 90 GHz where available gain is low.

The ESD-protected RF 1/O allows the PA to drive a load like an antenna, directly,
without handling issues. In the current design, the DC bias pads are not fully ESD protected
from all possible ESD paths on the chip, but dedicated ESD-diode clamps can be easily
integrated at these DC bias pads in a future design iteration. The RF effects of the ESD
clamps would be negligible to the RF the RF design because of the isolation provided by the

quarter-wavelength resonator bias feeds.

2.8.6 Electromigration

One of the principles of the PA design is to adhere to reliability guidelines so that resulting

designs are practical IC implementations. Reliability guidelines are especially significant in
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high-powered designs because of the increased stresses of high RF currents & voltages, high
DC currents, and large thermal dissipations.

The expected PA lifetime is set by electromigration constraints in the metals and not
by aging or stressing of active devices within the substrate [110]. The top-level aluminum
AM carries the highest DC currents on the PA chip and set the overall expected chip
lifetime. Collector quarter-wavelength transmission-line widths are sized to comply with
DC and RF electromigration guidelines for continuous 100,000 (11.4 years) power-on-hour
operation at 100°C, which covers worst-case operating conditions for commercial electronics.
Operation below 100°C results in much longer expected chip lifetimes. For example, at 25°C
room temperature operation, the maximum allowed DC currents Ipc max for a given width
aluminium interconnect (AM layer) increases by 40x compared to the worst-case 100°C

design target. This operational electromigration headroom results in reducing overall PA

stresses.
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Figure 2.56: Calculated electromigration current limits for top-level AM metal at different
operating temperatures. Ipc is the DC current on the wire. I, is the root-
mean-squared AC current on the wire. Implemented designs target 100°C current
limitations (in blue). Below 70°C, maximum DC and RMS currents must follow
the 1,5 max limitations (in red).

Fig. 2.56 shows the electromigration current limits for the top-level (AM) aluminum at

different line widths across chip operating temperatures [110]. Currents limits are dictated
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by the line widths as well as temperatures of operation. Above 70°C, Ipcmax becomes the
current limit, and minimum AM linewidths must be sized appropriately in high-current PA
designs, particularly for the output collector. Below 70°C, the temperature-independent limit
for current on a wire current is given by the maximum RMS AC current, ;s max. Neither
I.;ms AC currents nor Ipc DC currents may exceed this current limit. AC RMS current limits
are dictated by local heating effects from losses in the metal while DC electromigration is a
function of both local heating from resistive losses as well as material drift from directional
current flow.

The 8 um-wide unit-cell AM-transmission line structure, used throughout the PA RF
signal lines in everything but the Q3 collector line and the base feeds, has a 44 mA DC current
limit at 100°C. The output power transistor’s collector feed line is designed with an AM
metal width of 12 um which results in a 67 mA current limit. The Q3 DC collector current
(half-PA) is 60 mA, nominally, and less at higher collector voltages because of deeper Class
AB biasing for efficiency optimizations. The 3-stacked My34 base-feed inverted transmission
line carries very low DC currents (< 400 pA), and the combined 2.24 pm-widths lines can
handle DC currents up to 20 mA at 100°C.

2.9 Large-Signal Design

In this section, the details of the large-signal design are discussed, including the RF
output matching network, interstage matching networks, input matching network and RF
input/output wirebond pads & transitions. For simplicity, only half of the differential PA—
single-ended schematic— is considered in the discussions since the mirrored half contains
identical circuitry mirrored about a center DC & RF ground plane.

Figure 2.4 shows the simplified circuit diagram of the implemented baseline W-band PA
design (design W1).

The large-signal designs are optimized around Voo = 1.7 V in Class AB operation near
P4 compression. Biasing voltage and current tuning provisions allow the PA large-signal
operating point to be adjusted to higher collector voltages and deeper Class AB operation
(reduced conduction angles). A unit-cell approach is applied at the PA system level by using
and re-using key active and passives structures.

The lack of dedicated large-signal power-HBT RF models based on measured data of
dedicated large power transistors within W-band, makes power amplifier design challenging
since the compact, scalable SPICE-based device models struggle to model the transistor
behavior at the current and voltage limits of the HBT. Accurate transistor RF-models are

especially challenging to extract directly at W-band, and parameters are typically fitted from
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Figure 2.57: Chip micrograph of the balanced PA. The total area, including pads and large
integrated MIM bypass capacitors arrays, is 1.9 x 1.25 = 2.4 mm?. The right
and left halves are identical and symmetric about the vertical center line.
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a core RF-model extra below 30 GHz.

The baseline PA design is optimized for operation at 1.7 V in Class AB operation.
Optimizing around higher collector-voltage operation was not possible using the older VBIC
models at the time because of large-signal simulation convergence issues. The biasing
provisions allow pushing the PA into higher voltage operation as well as deeper Class AB
operation (reduced conduction angles with lowered quiescent DC bias currents), resulting in

higher output powers and higher peak-PAE operation over nominal 1.7 V operation.

2.9.1 Large-Signal Design Approach

The W-band follows traditional Class AB, iterative large-signal design approach using
large-signal harmonic balance simulations to determine optimal load and source impedances
for high output powers and peak PAEs within each transistor stage with special focus on
the output transistor Q3. Interstage matching networks must be iterated to find proper
impedance-matching trade-offs between the optimal source impedance of one stage and the
optimal load impedance of the preceding transistor stage.

Large-signal design incorporates aspects of traditional small-signal design, but takes into
account large signal swings that push amplifiers into highly non-linear operating regions. Any
PA design applying small-signal techniques, such as S-parameter-based matching, must also
take into account power levels throughout the PA gain stages. From a simulation perspective,
this means sweeping S-parameters over a range of input/output power levels throughout
the design process and using large-signal harmonic balance techniques to capture effects of
non-linearities caused by signal compression and distortion.

The three-stage PA consists of common-emitter transistors biased at quiescent currents
resulting in Class AB, linear operation. Since no foundry power-transistor layout cells are
available, a power transistor is implemented by aggregating smaller, high- f7 npn standard-
cells.

Measured load-pull data is not available for the standard-cell transistors or aggregated
power transistors, but the wideband implementation and independent bias tuning provisions
in PA design allow re-centering the PA despite minor optimal-load mismatches, modeling
inaccuracies, and process variations.

The HBT’s changing S-parameters over RF input powers causes the matching networks to
have input-power dependencies, as non-linear capacitances are very different at the quiescent
DC bias point (small-signal levels) versus large-signal amplifier compression, where high
RF input powers result in highly non-linear behavior and even shifting of HBT bias points.

Circuits may be analyzed using a small-signal S-parameter approach only when an amplifier
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operates purely in Class A, but for overdriven Class A (into HBT gain compression) and
Class AB operation, large-signal analysis is necessary to set the proper RF matching network

targets.

2.9.2 Gain

The HBT of each stage is sized such that headroom is left to compress each stage into
gain compression for overdriven waveform clipping in either Class A or Class AB operation.
Variable bias control allows earlier gain stages to bias closer to Class A while later stages
bias deeper into Class AB for efficiency. Interstage, input, and output matching networks
shape the gain function of the overall PA, and the Q1 and Q2 sizing ensure that the driver
stages do not compress earlier than the output Q3 transistor.

The power transistors are biased near their peak-fr/fuax/MAG current density at a
quiescent current of 1.5 mA/um (12.5 mA/um?). Each common-emitter stage provides
4-6 dB of small-signal gain, and each transistor stage is scaled by twice the area over the
previous-stage transistor to ensure that the output transistor Q3 limits the large-signal
compression characteristics. The first-stage power transistor Q1 consists of two aggregated
5 um x 0.12 um HBT unit cells while the second stage power transistor Q2 is made from
4 units. The output power transistor Q3 consists of 8 units cells connected in a dense
two-dimensional array to form a 40 um emitter-length device. Each 5 x 0.12 um? unit-cell
transistor has a single emitter finger, dual-base fingers, and dual-collector fingers (C-B-E-B-
C). Within the power-transistor arrays, each unit-cell transistor is surrounded by deep-trench
isolation structures. Low-loss, 30 um-wide transmission lines connect the unit-cell collectors
together and feed into the inter-stage matching networks.

More available gain leads allows the use of larger output devices (for a fixed target gain)
or higher PAE or a combination of the two. To a certain point, increasing gain for a fixed
target output power leads to higher PAEs when the PA is gain-limited (below 20 dB, for
instance). For a fixed target current density, normally around peak-fr/ fuax/MAG, larger
HBT devices have lower input and output resistances, which leads to higher source-impedance
and load-impedance transformation ratios, making matching networks more narrowband and
more sensitive to component tolerances and IC process variations.

HBT power cells are sized large, relatively, for their frequency of operation in order to
achieve more output power, and the practical limitations of the device size fall on available
device gain as well as impedance-matching bandwidths and sensitivities to component
tolerances. Both gain and impedance at the input and output of the HBT decrease with

larger power device sizes. The input impedance of large devices, biased at near peak
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fr/ fmax/MAG, are even lower than their output impedance, and the interstage matching
networks have the most difficult elements to implement precisely due to the required small
component values and the limited area between transistor gain stages.

In the W-band PA design, the transistors are designed to have at least 3 dB gain near
Pigp so that the Class A/AB amplifier can be sufficiently driven into full compression for
maximum output powers Pi,. To ensure that driver transistors Q1 & Q2 are not the limiting
the Q3 HBT output-power capabilities, Q1 and Q2 HBTs are sized for PA output powers
near P, so that both transistors can deliver enough available power to fully compress Q3.
To meet the input-power requirements, a transistor’s area is sized to be the area of the
following (next-stage) transistor scaled down by the gain of the following transistor, i.e.,
A, = A,41/Gry1. Each transistor is sized to provide sufficient power to drive the following
stage into Ps,. The Q1 and Q2 power HBTs are thus conservatively oversized according to
Fig 2.58.
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Figure 2.58: Power Transistor Sizing

With a target minimum gain of 3 dB in each stage, each transistor is sized to be half
the size of the next stage transistor. The transistors are geometrically scaled with each
subsequent stage twice as large in total area. This scaling approach guarantees that the final
stage of the PA, 3, is the limiting stage when the PA enters gain compression at high output
powers. Q2 is 20 pm X 0.12 um, and Q1 is 10 um x 0.12 pm. Since the actual gain per stage
is higher than 3 dB at the 1-dB gain compression point, Pigg, this sizing methodology results
in slightly oversized transistors, but the headroom allows for current and voltage tuning of
the operation point, giving flexibility in tuning the RF matching by changing DC points, as
described more in Section 2.9.6. In future iteration, reducing the size of the transistors in the
first two stages can increase gain, reduce matching-network losses by easing the matching
conditions, and reduce overall DC power consumption, resulting in improved PAE, but at
the expense of headroom for bench-tuning the final PA in the lab.

The available gain (MSG & MAG) for the Q3 40 pm HBT (output transistor) is plotted
versus collector current for various collector voltages, V¢, in Fig. 2.59. Biased at 1.7 V and
the peak-fr DC quiescent current of 60 mA, the 40 um npn HBT has a maximum available
gain of only 5.6 dB at 90 GHz. Above 20 GHz, the 40 um transistor is unconditionally
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stable, and maximum stable gain (MSG), where K = 1, is plotted for frequencies below
20 GHz. The simulated gain responses take into account additional wiring capacitances of
the aggregated power-cell HBT layout as well as the emitter ground inductance. The effects
of transmission line feeds into and out of the power cell are not modeled here, but are taken

into account at later stages of the PA design within EM simulations and distributed models.
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Figure 2.59: Q3 40 um output transistor MAG @ 90 GHz vs. DC collector current I¢.
Vee = 1.3V to 2.5 Vin 0.2 V steps.

At high current densities, the MAG rolloff is slower at higher collector voltages. (Biasing
for peak fr also coincides nearly to peak fyax and peak MAG biasing.)

Since there is greater than 20 dB small-signal gain below 20 GHz and since the transistor
is potentially unstable, the response of the transistor must be managed. Decreasing the
low-frequency gain outside of W-band of the PA increases the overall amplifier stability.
Collector bias lines, base bias lines, and the input & output matching stubs all assist in
presenting low RF/AC impedances to the HBT terminals below W-band frequencies, which
prevents unwanted gain and bias instabilities at lower frequencies. Since the four matching
networks are all high-pass type and the base & collector quarter-wavelength transmission-line
resonator feeds with wideband bypass capacitor arrays are bandpass (high impedance) at
W-band, but low impedance outside W-band, the resulting gain roll-off at the lower end of
the PA bandwidth is very steep, and gain outside W-band is attenuated significantly for
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Table 2.7: W-Band Transistor Values. Qg is the unit-cell transistor also used in the active-bias

reference.
Uni Lemi Wemi Emitter Current Densit I
Transistor # nit emitter emitter Area 9 y C
Cells (um) (um) 2 (mA/um?) (mA)
(um?)

QB 1 5 0.12 0.6 12.5 7.5

Q1 2 10 0.12 1.2 12.5 15

Q2 4 20 0.12 2.4 12.5 30

Q3 8 40 0.12 4.8 12.5 60

transistor stability. The emitter of all HBTs are connected directly to a low-inductance DC
grounds.

Table 2.7 summarizes the chosen transistor sizing and biasing for all three W-band PA
gain stages.

The GF 8HP maximum recommended DC forward-biased emitter current density for
high-reliability operation is 15 mA/um?. The maximum recommended DC collector-base
voltage to avoid avalanche effects is Vop = 1.5 V which translates to a Vog = 2.4 V since
Veeon ~ 890 mV near peak fr current density. All DC current densities are identical and
below the 15 mA /pm limit recommended by the foundry for reliability and 100,000 POH at
100°C.

2.9.3 Output Transistor Q3

A 40 wm output HBT is close to the limits of HBT transistor sizing at W-band for
reasonable system gain and efficiency. In general, larger transistors have less gain than smaller
ones due to additional wiring parasitics, and beyond a certain size, impedance transformations
become large, narrowing the small-signal and large-signal matching bandwidth and making
the design very sensitive to small component variations as the impedance transformations
rise above 5:1. Transistors even larger than 40 um are also impacted by more thermal issues
from increased power dissipation and increased mutual thermal-coupling between unit cells
because of even higher 2D packing densities to achieve large aggregated power cells.

Fig. 2.60 illustrates the small-signal constant-gain circles at 90 GHz without parasitics
or mutual heating effects at nominal 1.5 mA/um current biasing at Voo = 1.7 V. The
Gp.max Mmatching point results in the maximum available gain (MAG) at 90 GHz, but the G,

matching point does not take any input mismatch into account. Some additional Q3 input
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mismatch will exist when the interstage matching network is optimized and iterated with the
load pull of the prior Q2 transistor. In addition, > 0.5 dB of small-signal gain is lost when
the wiring parasitics and additional mutual thermal coupling are considered in the transistor.

Fig. 2.61 shows the maximum stable gain and maximum available gain for the designed
40 um output power transistor Q3. The simulation includes EM-extracted parasitics related
to inter-unit-cell wiring, but does not take into account electro-thermal coupling effects.
The 40 pm transistor is unconditionally stable above 22 GHz (Rollett K > 1). On-chip
capacitive bypass networks terminating the quarter-wavelength bias insertion network at
both the collector and base nodes stabilizes the transistor. Small-signal MAG at 90 GHz
with extracted parasitics is just 5.7 dB. Losses from the biasing networks and interstage &
output matching networks are not taken into account, and realizable Q3 stage gain will be
less than 5 dB.

For K < 1, MSG is defined in Eq. (2.36). (See Appendix A for more details of K).

(2.36)

Gusa =

Gp (90 GHz)
Figure 2.60: G, output Smith chart for 40 pm transistor.

Fig. 2.62 illustrates the maximum available gain (MAG) at 90 GHz versus collector current
over various collector voltages Voo = 1.5-2.5 V for the implemented 40 um Q3 aggregated
power-cell HBT.

167



50 T 50
L | -
L N -
[ O, ]
40 |- 2: - 40
C | -
[ G, N
[
= 30 | - 30
z - [ -
£ - | .
m = -
© 20 4 20
10 F J 10
0 -_l_l_l_Lm [l [l Illlld [l IIIIIII' 7] 0
i0M 100M 1G 10G 100G 1T
Frequency (Hz)

Figure 2.61: Maximum stable gain (MSG) and maximum available gain (MAG) for
Q3 = 40 pm, Ve = 1.7 V.

Associated HBT wiring parasitics, inter-power-cell parasitics, and mutual thermal coupling
within the power-cell is modeled, but additional inter-stage wiring parasitics and losses are
not included. Inter-stage parasitics and transmission-line losses (Q2-Q3 and Q3 to output
matching network) are not included, but they are absorbed into EM simulations and included
in the final large-signal design optimizations. Peak-MAG biasing coincides with peak- fyiax
and peak-fr biasing at 1.5 mA/um. At the peak-MAG DC biasing and 1.7 V collector
voltage, the 40 um device draws 60 mA and has a corresponding MAG of just 5.7 dB at
90 GHz. Accounting for additional design-implementation losses, the overall Q3 gain stage
achievable MAG will be < 5 dB at 90 GHz. MAG is within 0.5 dB from its peak from
30-100 mA currents, but DC quiescent biasing above 72 mA violates reliability guidelines for
the HBT (15 mA/pm? or 1.8 mA/pm current densities).

Parasitic Model

Fig. 2.63 shows the simplified model for the aggregated 40 pm Q3 transistor. Rp e
= 0.03 Q, Lgexy = 1.5 pH, Cpr = 21 {fF, Cpc = 8 {F, and Ccp = 0.6 fF. Additional
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Figure 2.62: MAG vs. collector current I~ for 40 wm npn model with parasitics and mutual
thermal-coupling effects. Vop = 1.3 V to 2.5 Vin 0.2 V steps.

external Ro and Rp resistances and other external?’ | distributed parasitics are absorbed
into simulated EM models (S-parameter blocks) of the transmission-lines and interconnects
that connect to the HBTs’ external terminals. The additional parasitics around the 40 pm
HBT drop the peak fr below 180 GHz and peak fyiax below 200 GHz.

No emitter ballast resistors are used in order to preserve the gain at 90 GHz. The dense
layout of the aggregated 40 um HBT power cell and increased mutual-thermal coupling
between its 5 um unit cells does not lead to any thermal runaway conditions, as discussed
in Section 2.5.6. The custom mutual-thermal coupling coefficient, extracted from DC
measurements, my, = 1.34 (from Section 2.5.6) completes the large-signal model of the Q3
HBT power-cell transistor.

The external Rp piqs resistor in the schematic represents the DC external base resistance
which ballasts the excess holes generated from operating the HBT near and above BVigo =
1.8 V. Rppias is 20  in the W-band PA design for all HBT gain stages.

Z"Intrinsic HBT resistances are within the physical transistor cell (within substrate and not to any metal
contacts). Extrinsic HBT resistances are modeled within the HBT parameterized cell (p-cell). External
HBT resistances are external to the p-cell (additional layout resistances from wiring and also external bias
resistances/resistors).
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Figure 2.63: Simplified model for aggregated 40 um Q3 transistor. Intrinsic components
are in blue, extrinsic components are in green, and external components are in
red. The internal HBT model is contained within Q3 (in black). Rp pias is the
external DC resistance presented to the base terminal by the base-bias insertion

network.
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Bilateral HBT

The Q3 power HBT cell is a bilateral transistor device within W-band. The unilateral
figure of merit U is derived from 2-port S-parameters in Eq. (2.37) [104].

S12]|S21]|S11]]So2|
(1 —15ul?) (1 —[S2/?)

The output 40 um Q3 HBT power-cell has a simulated U = 0.17 within W-band, which
8

U:

(2.37)

includes parasitics and thermal-coupling effects. The error in the predicted transducer gain?
by treating the bilateral HBT device as an ideal unilateral device (i.e., |S12| = 0) is bounded
by expressions involving U, as detailed in Eq. (2.38).

1 Gr 1
7 < < 2
1+0) Grv (1-0)
Gr/Gry is the ratio of bilateral transducer power gain to the transducer power gain under
unilateral assumption (]Sis] = 0). The expression can be converted into log (dB) terms®®,

shown in Eq. (2.39).

(2.38)

GTU,dB — 20 10g10 (1 —+ U) < GT,dB < GTU,dB — 20 loglo (1 — U) (239)

For the 40 um Q3 HBT, simplified design approaches that assume a unilateral HBT
results in a possible gain error from -1.4 dB to +1.6 dB. With a 3.0 dB range in predicted
gain when the HBT only has a MAG of 6 dB at 90 GHz, the Q3 HBT must be treated as
a bilateral device— unilateral S-parameter simplifications do not apply well. The bilateral
nature of the HBT also implies that load matching will affect the optimal source matching,
which in turn affects the load matching of the prior-stage HBT, and so forth. The final
large-signal design needs to be optimized and iterated in the simulator to take the bilateral

behaviors into full account.

2.9.4 Matching Networks

All matching networks— input, Q1-Q2 interstage, Q2—-Q3 interstage, and output— use 2-
element L-matching networks with shunt inductances and series capacitances. The capacitance
comes from compact 91 fF unit-cell MIM capacitors, and the inductance is synthesized from
shorted unit-cell 11-8-11 pum 50 2 transmission-line stubs used throughout the PA. The
one exception to the MIM 91 fF unit cell use is the larger 130 fF MIM Q2-Q3 interstage

ZTransducer gain is defined as G (in dB) = 101og;o (Pload/ Pavailable)-
29The 20log;o(1 — U) term on the right side is a negative value, so the number adds to Gry.ap
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Table 2.8: HBT small-signal input and output resistances at peak-fr/ fyax biasing currents
and VCC =1.7V.

Power Emitter Length Input Re{Z;,} Output Re{Z,.:}

Transistor (pm) () ()
Q1 10 20 46
Q2 20 10 23
Q3 40 5 12

matching capacitor that is necessary to handle the larger interstage RMS/AC currents for
reliability compliance at the very low-impedance 5 2 Q3 HBT base node.

The MIM capacitors (1 fF/um? density) are described in detail earlier in Section 2.7. The
transmission-line stubs are detailed more in Section 2.8.1 and Section 2.8.2.

All RF four matching networks®® in the half-PA are high-pass-type matching networks.
The 91 fF capacitor is always the series element, and the distributed transmission-line inductor
is always the shunt element terminated in short circuit (or 440 fF resonant MIM capacitor as
equivalent RF short circuit at 90 GHz).

Using high-pass filter matching networks compensates for the natural low-pass behavior
of the HBT gain rolloff ( fr/fuax/MAG rolloff) at mmW frequencies and results in higher
operating bandwidths and less gain peaking. Gain roll-off at higher frequencies is due to the
intrinsic capacitances within the HBT device while roll-off at the half-PA lower band edge is
primarily set by the 4 high-pass matching networks and 6 quarter-wavelength transmission-line
resonator feeds (terminated on one end in wideband low RF-impedances).

The transmission-line stubs in the matching networks allow simple adjustments to the
design without requiring major re-work. The shunt stub can simply be made slightly longer
or shorter to adjust the design’s midband frequency and gain-shaping characteristics.

Table 2.8 lists the real-part of the small-signal input impedances, including wiring para-
sitics, of the aggregated power cells Q1, Q2, and Q3 biased at peak fr/fuax/MAG current
density of 1.5 mA /um at 90 GHz.

Fig. 2.64 shows the impedances of key elements of the PA. All impedances are given

30The term ”matching network” is used generically in this text and does not necessarily mean maximum
power-transfer matching. Strictly, "matching” implies complex-conjugate matching for maximum power
transfer while ”impedance transformation network” is technically more accurate terminology for networks
that simply transform one impedance to a different target impedance for any reason: maximum output power,
minimum noise, maximum power transfer, etc.
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at 90 GHz unless specified otherwise. The HBT impedances are given in Re{Z} while

transmission-line impedances are given in |Z|.

Collector Collector Collector
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Figure 2.64: Key input and output impedances for the W-band half-PA. All impedances
given at 90 GHz unless specified otherwise. Transistor impedances are Re{Z}
while quarter-wavelength impedances are |Z].

At the nominal PA biasing (1.5 mA/um) and collector voltage (Voo = 1.7 V), the real part
of the Q1 small-signal input and output impedances are 20 €2 and 46 €2, respectively, which
includes wiring parasitics and mutual thermal coupling effects. The real part of the Q2 small-
signal input and output impedances are 10 (2 and 23 2, respectively. The real part of the output
Q3 small-signal input and output impedances are 5 2 and 12 €2, respectively. Small-signal
HBT impedance scale down approximately 2x with each subsequent stage since transistors
are sized 2x larger while operating at the same peak-fr 1.5 mA/um collector current density.
Complex-conjugate matching would result in 4.6:1 impedance transformation ratios between
transistors (interstage) and approximately 4.2:1 output matching transformation, but power
matching via load-pull and source-pull iterations move matching networks away from ideal
complex conjugate-matching conditions. Only the PA input, a 2.5:1 impedance transformation,
is matched closer to standard complex-conjugate matching conditions.

As an example, even the optimal input matching of Q1 varies depending on the design
goal. For the capacitor in the two-element impedance-transformation network, 80 fF' is best
for small-signal input matching (close to conjugate matching for maximum power transfer),

but under large signal RF inputs close to gain compression, HBT capacitances change, and
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the optimum source matching for Q1 output power moves the optimal MIM values to 110 fF.
The chosen 91 fF MIM is optimal for the Q3 output matching for power and about the
midpoint between small-signal and large-signal power matching for Q1. Using the same 91 fF
capacitor at both input and output follows the unit-cell approach, and device mismatches
track extremely well. The input shunt stubs are adjusted accordingly at both the input and
output to complete the matching/impedance transformation networks based on large-signal
load-pull and source-pull sweeps over power, frequency, and collector voltages.

While smaller inductances can be readily synthesized with shorter transmission-line
sections, MIM capacitors face reliability concerns below 65 fF, because of their limited
number of vias for small MIMs. Only one or two vias, rather than four or more, contact
the MIM top plate, and any via failure or degradation may result in large shifts in MIM
operation. Moreover, with fewer than four vias, the vias begin to violate maximum allowable
peak AC RMS current densities at the PA output powers. In order to remain electromigration
compliant for reliability, larger MIMs (> 65 fF) must be used or MOM capacitors must be
employed. MOM capacitors, discussed later in Section 2.10.1, are much larger than MIM
and more difficult to model because of the forced auto-cheesing of the plates (up to 50%
local density reduction) and force auto-filling (around 10% local copper density) between the
plates. In terms of RMS/AC current compliant, MOMs are not via-limited since they are
much larger structures, but they have considerably worse tolerances (+38% metal thicknesses)

because their plates and dielectrics are involved in the copper damascene process

2.9.5 Matching Network Losses

The loaded @ of a 2-element L-matching network with 2 lossless, reactive elements

matching a complex load impedance to a real load (purely resistive) is given by Eq. (2.40),

where Ry > Rjy.
QMN loaded = \V/ R2/R1 — 1 (2.40)

For the interstage matching networks, which transform one complex impedance to an-
other complex impedance, the loaded Q of a 2-element L-matching network is given by
Eq. (2.41) [111]. (See Appendix B for detailed derivations.) The matching network is
illustrated in Fig. 2.9.5.

Rs X2
ded = 1] =2 1 . 2.41
QMN Joaded \/R1 + iRy ( )

The condition Ry > Ry is assumed. For the Q2-Q3 interstage matching network in the
W-band PA, Ry, = 23 Q (Q2 output), R; =5 Q (Q3 input), and Xy = —512 Q @ 90 GHz. The
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Figure 2.65: Two-element L-matching network with complex-load and complex-source
impedances. Ry > R;.

term X3 /(R Ry) = 1.25, and Qun Joadea becomes 2.2 for ideal, 2-element, interstage conjugate
matching conditions. (Note that analyzing only the real part of the complex impedances
ReZ using Eq. (2.40) gives @ = 1.9 for the 4.6:1 impedance transformation network.) For
the simplified case of matching a complex source impedance to a purely real load resistance,
(e.g., R =50 Q, Xo =0 (), a 4.2:1 impedance transformation ratio at the half-PA output
results in Qun joadea = 1.8 While a 2.5:1 impedance transformation ratio at the half-PA input
results in Qv joaded = 1.2.

Ideal loaded @ of each matching network are given in Table 2.9. Lower loaded-Q
matching networks implies smaller impedance transformation ratios within the matching
network, which generally results in wider matching bandwidths are less sensitivity to compo-
nent tolerances arising from IC process variations. The highest loaded () comes from the
interstage impedance-transformation networks, and the interstage gain response limits the
bandwidth of the overall PA small-signal response.

Since the HBT power cells are ratio 2x in area per stage, the impedance ratios and loaded
interstage () remain approximately the same, not accounting for the differing wiring parasitics.
In practical terms, these complex impedance values shift £15% with RF input powers, and
the matching networks must be optimized iteratively for large-signal performance targets
where mismatch away from complex-conjugate matching (maximum power transfer) results
in higher output powers and efficiencies.

The total transducer loss (PA input to output) from the finite-Q, lossy MIM in the
2-element matching networks is approximately 5.8 dB at 90 GHz, assuming ideal small-
signal conjugate-matching conditions, which change for large-signal load-pull and source-pull
optimizations, discussed in Section 2.9.6.

The conservative, low 2:1 transistor-area ratio from one gain stage to the next results in

lower loaded @) 2-element matching networks, which translates to higher bandwidths. The
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Table 2.9: Loaded quality factors for ideal, lossless matching elements and for dominant lossy
MIM (@ = 10) in the W-band PA matching networks at 90 GHz.

Network Lossless QnMN,loaded LOSSY Qlossy,MN,loaded L7 (Transducer Loss)
Input MN 1.2 1.1 1.0 dB
Interstage Q1-Q2 2.2 1.8 1.7 dB
Interstage Q2-Q3 2.2 1.7 1.7 dB
Output MN 1.8 1.5 1.4 dB

trade-off is increased total power dissipation and lowered efficiency. As mentioned earlier
in Section 2.9.2, each gain stage power-HBT is sized 2:1 in area to the prior HBT in order
to ensure that the last gain stage (Q3) is the limiting transistor when the PA is deep gain
compression. The 2:1 ratio ensure that each preceding HBT stage can provide the required
input power to fully drive Q3 into deep compression.

For the case of lossy reactive elements, (Qarn,ioaded decreases, resulting in a more wideband
response, but at the undesired expense of resistive losses (transducer losses) and overall,
lower system gain. When the MIM capacitor with relatively low Qurrar = 10 (unloaded)
dominates the loss of the matching network (since transmission-line elements have unloaded
@ = 30), the effective unloaded @ of the matching network elements is approximately Qunm,
the unloaded quality factor of the MIM capacitor alone [112].

The loaded @ of the resulting lossy matching network is given by Eq. (2.42).

QMN,loaded (2 42)
1+ (QMN,loaded/QMIM) .

The loss factor for the 2-element L-matching network with finite-Q), lossy elements is
given in Eq. (2.43) [1].

Qlossy MN,loaded —

Qv
LF = 2.43
QN Joaded T Qnitm ( )

The transducer loss of the 2-element L-matching network with finite unloaded-() elements

with losses dominated by the MIM capacitor is given by Eq. (2.44).

QMN,loaded) (244)

1
Ly (in dB) = 201log;, <ﬁ) = 20 log (1 + O

QMN loaded = 1.2-2.2 is the loaded () of the implemented 2-element matching network and
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Qv = 10 is the effective, unloaded Q of the 2-element network dominated by the MIM
capacitor loss.

With all input, output, and interstage matching networks as high-pass types and all
bias-insertion networks as high-impedance wideband quarter-wavelength resonators, there
is little midband reactive peaking, no severe gain ripples, and smooth gain roll-offs at each
band edge. The loaded @ of the matching networks are 1.2-2.2, which results in a wideband
matching and smooth gain response.

Adding additional L-C stages (ladders) to the matching network can make the matching
wider in bandwidth, but in practical implementations constrained by layout, the loss of
multiple L-C ladders is more than that of a single 2-element L-C section because of the
relatively low Q MIM capacitors. Metal-oxide-metal capacitors with ) > 20 are discussed
more in Section 2.10.1. For the same desired capacitance, MOM capacitors are 10x larger in
area than MIM capacitors and have much worse capacitance tolerance values, so they are
only used experimentally in the same 2-element matching networks to push the PA design
above 100 GHz.

The practical implementation of the matching networks involved detailed simulations that
sweep frequency as well as RF-input powers. The source and load impedances change with
frequency and power, and they change at different rates— the source and load impedances in
the preceding matching-network examples do not track together over frequency and power.
Additional parasitic wiring and EM effects from transmission-line discontinuities must also

be taken into account in the simulator.

Small-Signal Output Matching

Approximate values for a 2-element L-matching network can be found for the PA output
matching to 50 €2 at 90 GHz using the lossless matching network assumption. The impedance
match from 50 © to 11.5 Q (a 4.3:1 impedance match) corresponds to Q. ioadea = 1.83.
When using a 2-element L-matching network with shunt-inductor and series-capacitor, the
matching-network element values are found to be Lgyunt = 4350/ fan, (in pH) and Cieries =
7560/ fon, (in fF) where fon, = 90 for 90 GHz. For a fixed impedance-transformation ratio,
the component values scale inversely with frequency (i.e., 1/f). For a fixed center frequency,
the required capacitance increases with increasing impedance transformation ratio while the
required inductance decreases.

For maximum output powers, the output of the power amplifier is not conjugately matched
to the output transistor’s output impedance. Rather, the load is deliberately mismatched
to provide the required voltage and current dynamic load lines for maximum power. (The

output matching network becomes an impedance transformation network— it is not matching
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conjugately, but providing a necessary impedance transformation.) The large signal output-
matching is discussed more in Section 2.9.6. The optimal output-power match must consider
the changing HBT source and load impedances under high input & output powers as well as
the effects of increasing collector voltages Ve > 1.7 V.

One of the considerations for the limits of the output Q3 HBT size is the required
impedance transformation and component tolerances. Impedance transformations beyond
5:1 (50:10 Q) or Qv > 2 with a 2-element matching network at the output makes the PA
design much more sensitive to small shifts in values within the reactive matching networks,
particularly the MIM capacitor. Effects of the matching-element component variations are

amplified by the transformation ratio. Although larger impedance transformation ratios

Interstage Matching

The interstage-matching networks consist of a shunt series-resonant-LC circuit followed
by a series MIM capacitor. The simplified circuit is shown in Fig. 2.66. The series-resonant
LC structure consists of a short transmission line in series with a 440 fF' MIM capacitor. The
LC structure is used just beyond its series-resonant frequency in order to present a small

inductive reactance (10-20 pH) while maintaining a DC block.

Cseries

Figure 2.66: Interstage matching network that steps down the HBT output impedance (left
side) to the HBT input impedance of the next stage whose HBT is 2x larger in
area.

The compact interstage matching networks allow the interconnect loss and parasitics
between gain stages to be reduced by keeping keeping the Q1, Q2, and Q3 power transistors
close together. The only additional series element required between the HBT gain stages is
DC-blocking MIM capacitor, which is also part of the reactive matching network

The 2-element L-matching networks sit between the power-cell HBTs: between Q1 & Q2
and Q2 & Q3. These networks transform the required output load impedance of one stage

to the input source impedance of the following stage. The Q2-Q3 interstage matching is
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particularly challenging because of the low HBT base input impedance (5 €2 at 90 GHz) such
small values of effective inductance or capacitance are required.

Like the input and output matching networks, the interstage matching network is comprised
of a shunt inductive element and a series capacitor element. The interstage matching networks
mimic the same high-pass matching network approach as the input and output matching
networks. The two-element interstage matching network is, strictly speaking, bandpass type,
but in conjunction with the collector quarter-wavelength transmission line terminated in a
wideband short, the overall response is still similar to a high-pass network with very low
impedance terminations below W-band.

Setting the optimal transformation network is highly iterative in the design process.
Optimizations using iterative simulations are required, as the changes in a power-cell HBT’s
both source and load terminations affect PA characteristics. The bilateral /non-unilateral
nature of the HBT amplifier at W-band, especially at high output powers, means that source
terminations affect optimal source terminations for maximum power (or gain or PAE) and
vice versa. The effects of a termination of one stage propagate throughout the PA gain stages
all the way to the terminal output-matching and input-matching networks.

The Q1-Q2 interstage has a 60 pm RF-shorted 11-8-11 wm unit-cell transmission-line
stub followed by a unit-cell, series 91 fF MIM capacitor. The Q2-Q3 interstage has a 30 um
RF-shorted 11-8-11 wm unit-cell transmission-line stub followed by a series 130 fF MIM
capacitor, which is larger than the unit cell in order to maintain reliability compliance for
the high AC/RMS currents at the Q3 HBT base nose.

Since the transmission-line stub (inductive element) sits at the collector output node,
it cannot shunt DC current to ground— the stub cannot be DC-grounded, but it needs to
be AC/RF-grounded for proper response as a small (10-20 pH) inductance. The unit-cell,
self-resonant (in W-band) 440 fF RF-shorting capacitor is used in series with the shunt
transmission-line section to synthesize the necessary RF-short while remaining DC-blocked.

The Q2-Q3 interstage shunt-stub transmission-line inductor and series 440 fF resonant
RF-shorting capacitor are shown in Fig. 2.67.

With the 2-element L-matching network approach, in general, to match to impedances
with smaller real parts, smaller inductances are required. At mmW frequencies with large
power-cell HBT's running at high current densities, input impedances are small (5-10 €2),
requiring very small inductance values (< 20 Q reactances). The shunt inductive matching
element is mostly responsible for stepping down the node impedance, so its value becomes
extremely small at W-band (10-20 pH) for interstage HBT-input impedances.

While series L-C filter structures as shunt elements in matching networks are not new,

this configuration is unique because the capacitor, alone, provides no reactance at the target
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to HBT output
collector node

Ground

Figure 2.67: Layout for interstage MIM capacitor. The top plate is connected to the (11-8-
11 pm), 50 € transmission line. Not shown: the global ground plane underneath
the entire structure to which the bottom plate of the MIM is connected; and
the vias that connect the MIM top plates to the top-level metal (AM).

frequency of operation, 90 GHz. It looks like an RF/AC short circuit with small parasitic
residual resistance (equivalent series resistance, ESR = 0.6 §2) at 90 GHz.

The combined transmission-line inductance and RF-shorting MIM capacitor can also
be analyzed as an equivalent LC structure that is used past its combined series-resonant
frequency since the 440 fF MIM capacitor is already self-resonant at 90 GHz.

At the resonance frequency (40 GHz for Q1-Q2 LC structure, 48 GHz for Q2-Q3) the
shunt LC structure appears as an RF short-circuit with residual real-part ESR = 0.6 €.
Beyond the series resonance frequency, the structure provides reactance (4;X) equivalent to
a very small inductance.

Q1-Q2 interstage 60 wm transmission-line stub terminated in the 440 fF MIM resonates
at 40 GHz and results in a 30 pH equivalent inductance at 90 GHz with () = 15. The Q2-Q3
interstage 30 wm transmission-line stub terminated in the 440 fF MIM resonates at 48 GHz
and results in a 10 pH equivalent inductance at 90 GHz with () = 8. Both resonant structures
are DC-blocked, which is necessary to prevent collector DC collector currents from shorting
to ground.

The interstage matching network utilizes the same unit-cell resonant 440 fF MIM capacitors
as the ones used to terminate all quarter-wavelength resonators in the collector-bias lines as

well as in the base-bias lines. Any MIM process skew allows all the all the matching networks
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and quarter-wavelength resonators to track together. Back-modeling is also simplified The
matching between the identically-dimensioned RF-shorting capacitors is better than 0.1$,
so all 16 440 fF MIM capacitors in the differential PA (or 8 in the half-PA) will shift the
same in process variations, and the unit-cell 11-8-11 um transmission lines, defined by the
aluminum top-metal dimensions, have equally excellent matching among all unit-cell lines.
Since the transmission-line section, in series with the resonant 440 fF MIM capacitor, is
equivalently an LC series-resonant circuit, the design-question arises whether a larger MIM
capacitor could be used to synthesize the same equivalent inductance (a target 4+;j.X reactance
past the LC resonance). The larger the MIM, the shorter the required transmission-line
to synthesis the same inductance, making the layout more compact. The issues with this
MIM-size maximization are two-fold. First, most importantly, moving away from the unit-cell
resonant 440 fF MIM capacitor approach allows mismatch (from process variations or model
errors) between non-identical resonant capacitors to de-tune the PA response. Secondly,
larger-valued MIM capacitors do not have higher @) at 90 GHz because the associated
resistance is scaling directly with the capacitance. Thus, larger-valued MIM capacitor @ is
low compared to short transmission-lines () > 30), so the overall @ of the inductive stub
terminated with MIM capacitor drops and approaches the ) of the MIM capacitor as the

transmission-line section becomes shorter, as shown earlier in Table 2.3.

2.9.6 Large-Signal Matching

The PA matching networks must take into account the target operational region of the
PA: large output powers. For these large-signal designs, the PA is optimized into mild gain
compression at output powers near Pqp and beyond.

Since the original VBIC models have severe convergence issues with large-signal harmonic
balance above 1.7 V and into deep gain compression (closer to P ), the large-signal opti-
mizations are centered around simulated load lines at 1.7 V near P4, the nominal operating
voltage, as well as nominal peak-fr/ farax/MAG biasing currents of 1.5 mA/um. Optimizing
the design near Py, and 2.3 V was not possible at the time due to VBIC model convergence
issues, but even with the much improved HHCUM models, optimizing a design near the edges
of the HBT model— close to voltage & current extremes— leads to significant modeling
errors and misleading design optimizations since the transistor models are extracted and
centered for more nominal operating conditions.

The large-signal PA design is optimized iteratively using source-pull and load-pull tech-
niques on all three gain stages around the Pigg point with Voo = 1.7 V. Fig. 2.68 shows the

simulated load-pull contours as well as the implemented output matching from 75-110 GHz
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for the chosen 40 um Q3 output HBT power-cell, which includes additional parasitics and
other interconnect effects. The simulated load-pull attempts to find the required optimal

load impedance presented to the transistor collector that results in maximum output power.

+1j

+2j

+5j

'1J

Figure 2.68: Q3 = 40 um load pull contours: output power contours (blue) from 14 dBm to
17 dBm in 0.5 dB steps; realized load (red) from 75 GHz to 110 GHz with DC
quiescent biasing at 60 mA and Voo = 1.7 V.

The optimal load impedance is different than the conjugate match normally required
for small-signal maximum power transfer conditions. As an HBT starts to compress, gain
begins change from small-signal conditions, and the input and output impedances of the
HBT begin to change with increasing RF input-power levels, moving the transistor away
from linear-amplifier, small-signal matching conditions. Ideally, the load-pull contours of
large power devices would be obtained experimentally using a dedicated load-pull setup in
the lab environment, but such data is not available for the custom layout power cells and is
also extremely difficult to obtain at W-band.

Fig. 2.69 illustrates the effects of increasing RF input powers on the Q3 40 um output
impedance3! The Q3 aggregated power-cell HBT large-signal output impedance Sy (Z22)

31The plotted large-signal Soo/Z29 is the HBT output impedance looking into the HBT collector node. The
optimal load impedance, as seen from the HBT collector node is the conjugate: Zopi 10aa = Zs (for maximum
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is plotted in Fig. 2.69 at peak-fr biasing currents (1.5 mA/um) and Voo = 1.7 V. The
Smith chart illustrates how the output impedance varies with RF-input-power conditions.
The output impedance of the 40 wum Q3 HBT changes with RF input powers at 90 GHz
from Zs gs = 13.3 — 710.2 Q at small signals to Zs prag = 10.3 — 57.0 2 at the 1dB-gain

compression point to Zag psat = 7.7 — j4.8 {1 at the onset of Piy.

+1j

7.7-j4.80 @ Pgyy
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Figure 2.69: Large-signal Sos vs. input power at 90 GHz for Q3 = 40 um, Ve = 1.7 V.

e For the Q3 40 um aggregated HBT power-cell, the large-signal optimal load impedance
near Pigg is Zq3 1oad,opt = 11.2476.1 {2 while the optimal source impedance is Zq3 source,opt
=4+ j1.6 Q. The optimal power matches result in 17.5% PAE at 1-dB compression
and 4.7 dB small-signal gain. (Peak PAE occurs farther into gain compression toward
Piat).

e For the Q2 20 um aggregated HBT power-cell, the large-signal optimal load impedance
near Piap is ZqQ2 1oad,opt = 25.34 713 {2 while the optimal source impedance is Zq2 source,opt
= 7.5+ j2.4 Q. The optimal power matches result in 16% PAE at 1-dB compression
and 5.2 dB small-signal gain.

power transfer with the given optimal load). Fig. 2.68 presents Zop; 1004 Obtained from load-pull simulations
while Fig. 2.69 presents Sao/Zso characteristics looking into the HBT collector.
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e For the Q1 10 um aggregated HBT power-cell at 1.5 mA/um peak-fr/ fuax/MAG
biasing currents and Voo = 1.7 V| the large-signal optimal load impedance near Pqp
is ZQ1, 10ad, opt = 46.8 + 726.3 Q while the optimal source impedance is Zq1, source,opt
= 14.5 4 j3.9 Q0. The optimal power matches result in 15% PAE at 1-dB compression
and 5.7 dB small-signal gain.

Independent voltage and collector biasing of each gain stage allows selective adjustments
to move stages into deeper Class AB operation for additional efficiency at higher collector
voltages at the expense of some PA linearity. The independent biasing also allows adjustments
arising from expected DC modeling errors and process variations. The independent bias
provisions allows re-tuning the DC operating points of each gain stage, which can also adjust
for thermal modeling errors and other process variations.

HBT impedances change with the DC quiescent collector currents and collector voltages,
enabling some design tuning on the measurement bench. Since all three gain stages have
independent current and voltage biasing provision, each stage can be fine-tuned independently.
Fig. 2.70 shows the possible tuning range of the Q3 HBT output impedance under small-signal
conditions (small-signal RF input powers). Fig. 2.71 shows the possible tuning range (by
changing the DC quiescent bias currents and voltages) of the Q3 HBT output impedance
under large-signal conditions close to Pigg output powers. The simulations above 1.7 V are
possible using the new HICUM HBT model, but were not available during the time of the
W-band design.

Fig. 2.72 illustrates the 40 um Q3 HBT output impedance Ss; @ 90 GHz under full gain
compression (near P, with more than 3 dB gain compression) and its dependencies on
the DC quiescent biasing currents and collector voltages. The DC quiescent biasing offers
opportunities to fine-tune the output impedance response during measurements on the lab
bench.

The Q1 and Q2 transistor stages have similar small-signal and large-signal impedance
dependencies on quiescent DC bias currents, and the overall PA gain response can be fine-
tuned by adjusting Q1 and Q2 biases independently without significantly affecting the Q3
output tuning for maximum PA output power. 15-25% adjustments can be made in HBT

impedances simply with DC bias adjustments.

Harmonic Terminations

The 2nd harmonic component is the largest harmonic component in the PA followed by
the 3rd harmonic. Presenting short-circuit (low impedance) terminations to the 2nd harmonic

content at the HBT collectors controls and shapes the distortion introduced by Class AB and
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Figure 2.70: Q3 40 um HBT small-signal S5/ 729 vs. collector current I at 90 GHz over
Vee = 1.3V 1025 Vin 0.2 V steps.
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Figure 2.71: Q3 40 um HBT large-signal S/ Zs9 vs. collector current /- at 90 GHz over
Vee = 1.5V to 2.5 Vin 0.2 V steps.
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Figure 2.72: Sy of Q3 at Pgy at 90 GHz. Ve = 1.3 V to 2.5 Vin 0.2 V steps.

overdriven Class A operations, especially at high output powers where the PA is under gain
compression. Terminating the 2nd harmonic in low impedance shapes the collector output
waveform to be more sinusoidal in each gain stage. (The 3rd harmonic is terminated in an
open circuit.)

Quarter-wavelength transmission-line resonators terminated in RF-short (at center fre-
quency fp) results in even harmonic terminations (2 fy) with low impedance, which is beneficial
for harmonic terminations in Class AB operation [64]. The second harmonic content is man-
aged at the output of each gain stage with the quarter-wavelength transmission-line resonators
in the collector bias-insertion lines. The Q1-Q2 and Q2-Q3 interstage nodes also have quarter-
wavelength base-feed transmission-line resonators that assist in shorting the 2nd harmonic
content near 180 GHz.

The quarter-wavelength transmission lines at W-band frequencies (fy) is a half-wavelength
transmission-line at 2fy frequencies, transforming the broadband MIM short (440 fF MIM
capacitor and large bypass capacitor array) to a low impedance at HBT collector output at
180 GHz. The wideband bypass array, in conjunction with quarter-wavelength transmission
lines, are critical in the providing a low-impedance termination of the second harmonic content.

The smaller MIM capacitors (< 440 fF) provide the necessary low-impedance references at
180 GHz.

186



EM simulations on the passive components and transmission lines have been done to
330 GHz to cover the third-harmonic response. The EM modeling accuracy at the higher-
order harmonics (> 220 GHz) can be significantly relaxed in order to bring down simulation
complexity. The absolute accuracy beyond 220 GHz is not important since internal HBT
device capacitances shunt (short) the higher-order harmonics, but the EM models need to be
continuous and well-behaved for large-signal harmonic balance simulations of the overall PA.

Fig. 2.73 shows the input impedances (seen by the HBT inputs/outputs) of the two
types of quarter-wavelength transmission-line resonators, each terminated in 440 fF resonant
MIM capacitor and wideband bypass capacitor array, and their combined responses. The
transmission-line resonators present high impedances at f; and low impedances at 2f;. The
2nd harmonics are terminated in impedances < 2 {2 near 180 GHz and provide, overall, a

simulated > 18 dB of 2nd-harmonic suppression at the PA output.
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Figure 2.73: Input impedance of quarter-wave feed lines terminated in RF short by modeled
MIM and bypass capacitor arrays. Results include the self-resonance modeling
of the MIM caps and EM simulations of the quarter-wave transmission line
feeds.
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2.10 Design Variations

The baseline PA design is centered at 90 GHz with nominal Voo = 1.7 V near peak- fr
biasing currents in Class A/AB operation. Each gain stage can be operated in purely Class
A or more efficient Class AB, depending on the RF input powers and the collector voltage &
quiescent current biasing in each stage.

The response of the W-band PA can be altered by selectively moving certain components
away from their unit-cell values (without having to change the unit-cell itself and all associated
instances used). In particular, changes in the output matching network and interstage
matching shape the overall gain response of the PA that result in different operational
midbands.

The baseline design is W1, which uses compact MIM capacitors for all lumped capacitors,
centered for large-signal operation at 90 GHz and Vo = 1.7-2.3 V. Design variations on the
baseline W-band W1 design are made to push the frequency limits of the design, both at
the higher and lower frequency limits of W-band (75-110 GHz). The output and interstage
matching networks are tuned to lower and higher frequencies. High-Q custom metal-oxide-
metal capacitors are used to push the operation frequency to the upper bandwidth limits of
the quarter-wavelength transmission lines. These tunings are simple mask changes and do
not affect re-working the entire layout.

Designs can be easily re-centered or re-tuned to lower or higher frequencies because of
the many high-bandwidth quarter-wavelength bias-insertion networks. The quarter-wave
biasing lines and resonant MIM-capacitors can stay fixed to their baseline values, and simply
adjusting a few passive elements within the matching networks allows re-centering the PA
design without major layout re-work. The frequency adjustments do not require modification
of any active components, only metal line lengths (distributed inductors) and capacitor (series
reactance) values. The baseline W-band design is successfully tuned throughout W-band in
various design breakouts— down to 80 GHz and up to 105 GHz.

The design variations and breakouts also serve an important purpose of obtain better
modeling data for the baseline W-band PA design. The shifting of certain components away
from unit-cell values in highly-constrained design variations, as is done in Ka-band designs,
allows in-situ study of the RF design and back-modeling of parasitics and process biases. The
measured data strictly constrains the parameter space for determining passive model shifts
and weaknesses in the active HBT models. Having additional data from built-in component
skews helps fit the RF modeling across frequency in-situ without having to fully characterize
each passive and active component by itself. The back-modeling of the results is constrained

such that more accurate results can be obtained.
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2.10.1 MOM Capacitors for > 100 GHz Designs

To push the baseline W-band design beyond 95 GHz in center frequency, smaller-valued
capacitors are required. At the time of the initial W-band design, MIM capacitors below
90 fF did not satisfy the AC/RMS current-handling guidelines for reliability in the baseline
W-band design because of the limited number of via contacts. For example, smaller MIMs in
the 60 fF range only have one via contact 32.

The only choice with the 8HP limitations, at the time, was to use custom low-density metal-
oxide-metal to create small parallel-plate capacitances within the lower copper layers. The
lower-level copper metal (M1, M2, M3, and M4) have the highest parallel-plate capacitances
between two adjacent vertical layers within the metal stackup, aside from the dedicated MIM
capacitor. The copper-metal parallel-plate capacitors are lower in capacitance density and
larger in area, which results in sufficient current-handling capabilities in the contact vias.

In two supplemental PA design variations center above 100 GHz, custom metal-oxide-
metal (MOM) capacitors are used to create capacitance values much smaller than 90 fF.
The topmost two copper metal layers, M3 and M4, are used to form MOM capacitors that
sit 2.61 um above the SiGe substrate. The M3 and M4 copper metal layers are separated
by 0.35 wm, nominally, and sit within SiO, dielectric with an effective ¢, = 3.91. The
resulting M3-M4 MOM capacitor has a low capacitance density of only 0.1 fF/um?, 10%
that of the MIM capacitor. In other words, for the same target capacitance, MOM capacitors
are 10x the area of MIM capacitors, which makes them less suitable for large capacitors, but
appropriate for synthesizing small reactances (< 90 fF) for > 100 GHz center frequencies.

The custom M3-M4 MOM capacitors have ) > 20 at 90 GHz, higher than the standard
8HP MIM capacitor with Q = 7-10 at 90 GHz. The higher capacitor ) helps to preserve the
total PA system gain since maximum available HBT gains (MAG) above 100 GHz fall below
fall below 4 dB per gain stage. The HBT MAG near 100 GHz is approximately 1 dB less
gain per stage than at 90 GHz, resulting in a maximum system gain that is at least 3 dB
less, even with higher Q MOM capacitors, and much lower PA efficiencies (< 5% peak PAE).

Fig. 2.74 illustrates two MOM capacitors used in the Q3 (output HBT) interstage
and output matching networks. The M3-M4 MOM capacitor dimensions are W x L =
32 um x 26 um and W x L = 32 um x 18 pum for 83 fF and 58 fF capacitance, respectively.
Large openings are cut into the MQ RF-ground plane, which sits above the M3-M4 MOM
capacitors, to reduce lateral and vertical parasitics— capacitive coupling. Other copper-

metal structures and wiring are not used underneath the MOM capacitors, as well, and

32Later back-end-of-line process improvements have allowed many more vias for these small-valued MIMs (4
or more), but during the time of the design, MIM capacitors smaller than 90 fF began to violate current
handling for electromigration for 100,000 power-on-hour operation at 100°C.
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shallow-trench isolation (STI) is placed underneath the MOMs to reduce substrate losses.

Shunt Stub

Output Matching
Q3 Collector Feed OM (M3-M4)

Q2 Collector Feed

Figure 2.74: M3-M4 metal-oxide-metal (MOM) capacitor implementation in Design W5 &
W6. The MOM capacitors are used in the Q2-Q3 interstage resonant matching
network as well as the Q3 output matching network. The terminating short of
the output matching-network’s shunt stub is not shown.

MOM Tolerance Challenges

The copper-based BEOL process introduces significant variations in a M3-M4 MOM
capacitor because of the copper damascene processing, which is an additive process that
employs chemical-mechanical planarization processes. Metal-oxide-metal (MOM) capacitors
created by using oxide between two copper metal layers suffers tolerance issues in the copper-
plate thicknesses (£38% for each plate) as well as dielectric thicknesses (£23% between each
pair of metals). In contrast, the high-tolerance MIM capacitor has aluminum plates with

+10% tolerances and nitride thicknesses within £10% tolerances, as well.
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The resulting M3-M4 MOM capacitors have > +23% capacitance values with process
variations compared to £10% for MIM. While matching of identically-dimensioned, MIM
capacitors is < 0.1%, the MOM oxide and metal thickness are not as well controlled across
the chip, and the expected matching has not been pre-characterized by the foundry.

An additional difficulty of using custom MOM capacitors is the modeling of the parallel
copper plates when mandatory copper-metal cheesing is required by the foundry. The large
MOM capacitor plates, drawn in CAD layout as solid rectangles, are automatically cheesed
(punch-out holes in the large copper plates) during the foundry mask preparation in order
to bring the local copper density down to < 50% within any 200 pm x 200 pum inspection
window. This means that up to half of the metal within the copper plate could be punched
out. The exact nature & placement of the cheesing and extent of the hole-punching is not
known to designers during the chip layout process, so the exact structure of the custom MOM
copper plate cannot be pre-determined or simulated precisely, and additional variations are

expected on top of the > +23% capacitance tolerances.

2.11 Measurements

This section presents the W-band PA measurement results. Small-signal, large-signal,
and noise-figure measurements are taken on the baseline 90 GHz W-band PA as well as
variations (breakouts) centered at different frequencies within W-band. All W-band PA
measurements have been done at the University of California, San Diego: in the CallT? labs
and in the Rebeiz Group TICS lab (ECE Building EBU-1), also at UCSD. Key W-band
high-powered sources and waveguide components have been borrowed from the EECS Radlab
at the University of Michigan.

There is not enough available source power to drive the differential/balanced power
amplifier into compression with differential inputs & baluns, so the parts are tested under
single-ended operation, and 43 dB has been added to single-ended power measurements. The
additional +3 dB (plus power saved from balun losses, ~1 dB) is necessary to saturate the
PA, and even this extra power is not enough to push the PA into 1-dB compression past
94 GHz at high collector voltages and is not enough power to saturate some of the design
breakouts at 91 GHz. Expected differential output powers are made by adding +3 dB to
the single-ended output power. Differential gain & PAE are expected to be the same as the

single-ended case if the PA is used with truly differential inputs and outputs®.

33 A later work from the group, based on similar PA design approaches within W-band, verified the +3 dB output
power boost after de-embedding the input and output balun losses [51]. Other research groups have had to
apply the same +3 dB adjustments because of the limited source powers at W-band frequencies [14, 15, 17—
19, 71-73].
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The PA design limits and HBT device limits are pushed on the measurement bench
since simulations of the PA with VBIC HBT device models are not able to predict the
PA performance with Voo > 1.7 V at high currents and high output powers (into full PA
compression). Additional metrics are measured and characterized over frequency, input
powers, and collector voltages including Pigg, Psat, PAE, gain, S-parameters, and noise
figure34,

The measured results do not de-embed the 0.2 dB losses of the on-chip RF input & output
wirebond probe pads. When the PA is integrated into a larger transmitter system, these
additional pad losses will not be present. Pad and pad-transition losses are included here
because the PA has been designed to absorb the pad parasitics into the matching network
designs. The large-signal measurements are much simpler in a matched 50 {2 impedance
measurement setup.

Large-signal and small-signal gains quoted in the measurements are all based on transducer
power gain, as described by Eq. (2.45).

Pload
Cr = Fsource available (2:45)

The measurement results are presented for a SiGe die that represents typical, median
performance over the parts harvested from the foundry 200 mm wafer. All measured W-band
PA chips come from the same 8HP SiGe wafer, so no wafer-to-wafer characterization is
possible. However, the foundry confirms that the delivered, measured parts represent typical
process corners— the transistors and other devices are typical and not skewed ”fast” or "slow”.

The median-performance die is used for the data presented here. Multiple PA designs
are contained within the single die, and the baseline PA design is measured on 10 bare
(unpackaged and unbonded) SiGe dies via on-wafer micro-probing. The highest and lowest
Psat values measured across the 10 dies are approximately £0.3 dB around the median-
valued die. Small-signal gain is also within £0.5 dB among the various dies. Some of
the measurement variation can be attributed to process non-uniformity across the wafer,
room-temperature variation®®, and measurement errors arising from small mechanical shifts
in the mixed waveguide and coaxial probe-station setup with repeated lifting & landing of
the on-wafer measurement probes.

The total power-on time for the design W1 die is > 500 hours with no measurable

degradation in small-signal or large-signal performance. Devices have been tested at 2.3 V

34S_parameters and noise figure are done at small-signal powers only— they are not characterized over RF
input powers

35The W-band waveguide probe station did not have thermal chuck control capabilities at the time, so all
measurements are done at room temperature which logged at 20°-25°, depending on the time of day in the
CallT? building.
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for over 50 hours, and then re-measured at lower collector voltages to determine if 2.3 V
stresses changed device performance. The high-voltage does not impact the power amplifier,
measurably, in RF performance. Even measurements at 2.5 V collector voltages, where Pju;
is not increasing beyond the 2.3 V case, no permanent device damage or stress is observed in

the RF performance.

2.11.1 Measurement Setups

The DC and small-signal measurements use a purely coaxial cable system for RF power
transfer. The 1 mm coax cable passes DC-110 GHz and allows small-signal S-parameter
measurements from 60-110 GHz. The S-parameters’ upper and lower frequency ranges are
limited by the network analyzer setup.

The PA measurements are taken directly on-die at room temperature (25°C) and are
referenced to the differential G-S-G-G—-S-G RF input/output pads. The large-signal mea-
surements are made on the half-PA of the differential PA because of the limited output
powers of the available W-band measurement sources. The additional +3 dB available power
is crucial for pushing the W-band PA into compression since the overall PA gain is relatively
low (< 15 dB) and input losses from the waveguide setup and 1 mm coaxial cable system
is high . A +3 dB adjustment is made on the measured single-ended data to obtain the
differential results, as commonly done at mmW frequencies where available RF input powers
from measurement sources are limited [14, 15, 17-19, 71-73].

Because of limited available source power and other measurement complications, differen-
tial results are often obtained by adding 3 dB to single-ended measurements in differential
mmW PAs. An integrated balun results in roughly 0.9-1.2 dB power loss (per balun), which
impacts the available source power to drive the PAs into compression. In a separate later
work in SiGe 9HP near 120 GHz [52], Ken H.-C. Lin, a design-group colleague, measured and
de-embedded a similar differential PA from identically-mirrored halves and found that the
differential output power is indeed +3 dB over the single-ended measurements within 0.2 dB
measurement error. After de-embedding balun losses, the gain and PAE of the differential PA
with integrated input & output baluns matched that of the measured single-ended PA with
+3 dB data adjustments, as expected. Pfeiffer et al. in [14] also verified experimentally (with
external input & output waveguide baluns) that adding +3 dB output power to single-ended
measurements matched the results of fully differential measurements with external baluns
de-embedded. A careful symmetric differential layout with isolated & well-matched halves
allows any common-mode to differential-mode conversion to be ignored and makes adding

+3 dB to single-ended output-power measurements fair when the PA is intended to drive
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differential loads.

The expected differential PA output power is 43 dB that of the measured single-ended
power. The differential PA gain and PAE are the same as the half-PA single-ended values—
no adjustments are necessary. Measurement results include all pad transition losses on the
chip— the RF pad and pad-transition losses are not de-embedded from the results. Many
of the large-signal measurements are still source-power limited above 92 GHz, even with
single-ended measurements and simplified (reduced loss) input-measurement chains.

Although the PA is not measured differentially, the full (both sides) of the PA is powered
on and biased to verify that the two PA halves sides are thermally isolated in terms of DC &
RF performance. Heat generated and dissipation from one half of the PA does not measurably
affect the performance of the other PA half, and there is no thermal instability observed.
Moreover, the thermal effects from power dissipated in one stage of the PA does not affect
the other stages. (This is verified by monitoring any changes in DC quiescent currents of Q2
when selectively turning on & off the DC biasing of Q3.) The local heating effects in each
aggregated power-cell HBT dominate the thermal effects.

Powering on the entire differential does not change the measured results of the single-ended
measurements, indicating sufficient thermal isolated between the two PA halves. Both PA
halves are tested independently with identical results within standard measurement errors
(0.25 dB). No thermal runaway or instability is seen under zero RF input drive (DC quiescent
point) when power dissipation within the HBT transistors are high since no DC power is
being converted to RF output power. No thermal instability is observed under maximum,
high RF-input powers, as well. Additional temperature effects are not tested because the
W-band waveguide probe station does not have the proper thermal regulation equipment at
the time.

The small-signal measurements are semi-automated using custom Agilent/Keysight
VEE/HPIB scripts, but the large-signal measurements require manual, hand-tuning of the
input power sources with various dial micrometers. Each Gunn diode oscillator source must
be tuned with at least one manual micrometer screw gauge to shift the frequency. In the case
of the wideband diode, two micrometers require simultaneous tuning with frequency changes.
The output power delivered to the measurement setup is controlled by a manually-controlled
variable attenuator with micrometer dial. Adjusting the manual attenuator sweeps the input
power into the PA device under test (DUT).

The G-S-G on-chip RF micro-probes are calibrated for small-signal S-parameter measure-
ments using TRL/LRL (thur-reflect-line, line-reflect-line) traceable to known NIST (National
Institute of Standards and Technology) standards with the GGB Industries CS-5 calibration

substrate. Appropriate adjustments are also taken to ensure that the RF and DC probes are
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properly leveled. Calibration results in a reference plane at the input and output RF probe
tips. The PA’s on-chip G-S—-G wirebond pad and transition losses (0.2 dB back-to-back)
are included in the measurement data— pad losses and effects are not de-embedded. These
additional pad losses and parasitics may be removed when the PA is integrated into a

monolithic IC transmitter system.

Large Signal Setup

The W-band large-signal measurement setup is shown in Fig. 2.75. For more power in
maximum F,,; measurements, non-essential waveguide components are removed from the

measurement input-chain to increase the available RF input power to the PA chip.
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Figure 2.75: W-band large-signal measurement setup with WR-10 waveguide and 1 mm
coaxial components for on-chip micro-probing.

Mechanically-tuned Gunn-diode oscillators with waveguide outputs and manually-adjusted
variable waveguide attenuators provide the necessary input power sweeps for large-signal
testing. Multiple Gunn-diode oscillator sources are required in the test setup since no single
source, which is usually quite narrowband, can cover the entire 75-110 GHz W-band frequency
range with sufficient output powers to push the W-band PA into full compression. Four

separate sources are used:

1. J.E. Carlstrom Co. H101 with manual frequency tuning and manual back-short power
tuning: 90-105 GHz with ~ 10-75 mW (10.0-18.8 dBm) output powers (The design
based is on [113].)

2. Millitech GDM-10-6-17 with manual frequency tuning from 90-94 GHz and ~70 mW
(18.5 dBm) output powers.
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3. Millitech GDM-10-6-16 with manual frequency tuning from 79.5-83 GHz with ~40 mW
(16.0 dBm) output powers.

4. Millitech GDM-10-6-13 with manual frequency tuning from 74.5-78.5 GHz and ~50 mW
(17.0 dBm) output power.

Above 92 GHz, the large-signal measurements of Py, Pi.:, and peak-PAE are limited by
the available source power, depending on the PA biasing conditions. A manually adjusted
attenuator is necessary to control the output power after the Gunn-diode oscillator sources
since there is no amplitude control in the source, only minor power tuning in the case of the
Carlstrom wideband source.

The large-signal measurement is fully calibrated by carefully characterizing each component
separately and also together as complete input/output chains using both small-signal S-
parameters as well as power measurements with couplers and power detectors.

For measurements that require higher input powers such as Pigg, Ps.t, and peak-PAE,
non-essential input components are gradually removed from the input chain to increase the
available RF input power to the DUT. The input variable attenuator, coupler, and isolator are
removed as needed. The available input power without these components is known precisely
through individual component characterization & calibration.

For the maximum Pj,; measurements, non-essential components in the input chain (like
the variable attenuator, coupler, isolator, and extended waveguide bends) are removed to
maximize the available measurement input power to drive the PA into compression as much
as possible. The large-signal system is also re-calibrated to characterize the adjusted losses.

Low-loss WR-10 waveguide (0.100 inch x 0.050 inch waveguide-opening) components
are used for the large-signal power measurements and noise figure measurements. 1 mm
coaxial cables®® provide a DC-110 GHz RF interface to the Cascade Microtech Infinity Probe
micro-probes with 1.00 mm coaxial connectors. (The 1 mm coax measurement-grade cables
are still lossy compared to WR-10 waveguide components.) The microprobes are configured in
G-S-G (ground-signal-ground) with 100 pm pitch and have DC contact resistances < 0.05 2
when probing the on-chip aluminum RF-pads.

The waveguide attenuator pad sits at the at the output of the PA DUT. The attenuator
prevents any stray reflections from small mechanical mismatches in the waveguides father
down the measurement chain from interfering with the DUT since reflections are reduced
by 2x the attenuation factor before reaching the DUT. The attenuator effectively presents
a very stable, wideband 50 €2 load to the PA output. The attenuator also reduces the PA

output powers to levels that the power detector/meter can safely handle.

361.0 mm describes the connector size.
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At the input, a circulator is used instead of an attenuator to manage any stray reflections
in the input chain. The low available power from the Gunn-diode sources prohibit using
attenuator pads in the input chain because of the high insertion loss.

A spectrum analyzer at the output is used to tune the source frequency of the Gunn-diode
oscillators and to check the wideband stability of the PA. Harmonic content cannot be
observed directly because of the limited waveguide cutoff frequencies near W-band. The PA
is closely examined for stability from DC-110 GHz using a purely coaxial cable measurement
setup, which is lossier but wideband compared to waveguide setups. Out of band stability is
checked on the spectrum analyzer, particularly at lower microwave frequencies (< 22 GHz)

and sub-GHz frequencies for bias stability.

Custom DC Probes

DC biasing is done using a custom, made-to-order DC multi-contact wedge-probe board
from GGB Industries (MCW-26) with separate force and sense DC lines built into the
microprobes, 1 mil3” tungsten needle points, 180 pF capacitors very close to the needle tips,
and additional 0.1 uF capacitors in series with 5 £ de-Q resistors (for wideband response)
on the probe board for additional bypass filtering of each DC-force needle. The custom DC
needle and board are illustrated in Fig. 2.76.

There are 3 dedicated force & sense probe pairs on the high-current collector pads to
adjust the Voo collector voltages on the power-HBTs precisely. The force & sense needles
contact each other electrically at only two places: at the on-chip collector DC pad and within
the external DC power supply. The force and sense lines, along with DC power supplies that
support the sense & source feature, ensure that the voltage delivered to the PA chip pad is
precisely what is desired. Tungsten DC probes, when oxidized, can have contact resistance
on the order of 1 €2 when contacting aluminum pads, and the voltage drop over the DC bias
lines can be significant at high PA current draws (resulting in I-R drops of hundreds of mV
or more).

Separate ground pads with their own dedicated DC-ground needles provide additional
external-bias stability at low frequencies (MHz range). Separating all the bias lines provides
extra isolation to prevent any low-frequency oscillations loops in the test setup. Additional
very-large capacitors (LF to mF range) to are placed around the external DC-power supply
terminals for extra bias filtering of extremely low frequency (KHz-MHz range).

The custom DC needle probes with on-needle capacitive filtering provide the necessary

off-chip filtering for PA test bench since the such large capacitances cannot be integrated on

371 mil = 0.001” = 25.4 pm.
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chip and are normally added at the board level with a dedicated printed circuit board (PCB)

measurement provision with 0201 & 0204 SMT external bypass-capacitor components.

2.11.2 Measurement Results for Baseline Design W1

The baseline W1 design operates nominally at 1.7 V collector voltage and 1.5 mA /um peak-
fr/ fuax/MAG biasing currents. For the nominal-biasing current density case (1.5 mA/pum),
the reference voltage for each PA stage’s active bias is individually adjusted such that in the
half-PA, Q1, Q2, and Q3 operate at 15 mA, 30 mA, and 60 mA, respectively. Differences in
expected /simulated bias currents (when the active-bias unit-cells are operating at a fixed
reference voltage) arise from different mutual-thermal coupling coefficients for each transistor-
packing configuration, as discussed in Section 2.5.6. The manual bias adjustments compensate
for process variations in the transistors (e.g., fr) and resistors; and for modeling errors in
the temperature effects of self-heating and mutual self-heating within the aggregated power
transistors.

Optimized current densities explore biasing points that lead to increased output powers
(that are not modeled in the simulations beyond Voo > 1.7 V). The PA can be biased
down in current at higher collector voltages to put the operation into deeper Class AB
for more efficiency and more output powers (since the PA contains proper the harmonic
terminations). Optimizing the currents and reference voltages also allow some limited tuning
of the output-power match and the interstage gain matching, which affects the gain shape
across frequency and power. Unless specified otherwise, all measurement results are made at
room temperature at 25°C.

The RF input and output pad (G-S—G) parasitic effects are included and absorbed into
the input and output matching network designs. The 50-(2 input and output pads have 0.1 dB
loss per pad (0.2 dB back-to-back total) with > 22 dB input return loss within W-band.
The input and output RF pad losses are included in all measurements— not de-embedded.
In designs with additional system integration, these pads, associated parasitics, and loss of
0.2 dB can be eliminated.

At nominal peak-fr quiescent biasing currents (1.5 mA/um) for all gain stages, the
baseline W1 differential PA (full PA) consumes a total quiescent power of 415 mW (244 mA)
from a 1.7 V supply at nominal current densities. For the baseline W-band design (W1), the
measured peak small-signal gain (transducer gain) is 14.5 dB at 86 GHz, with a 3dB-gain
bandwidth of 79.3-96.8 GHz and a fractional bandwidth of 20%. The peak large-signal
performance occurs at 90 GHz with a saturated output power of Py = 17.6 dBm (58 mW)
and a peak PAE of 9.9%. The output Pigg at 90 GHz is 14.8 dBm (30 mW).
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The graphs of the measured results for the W1 baseline design and other experimental

breakouts are presented in the following results sections.

Back-Modeled Simulations

Simulations results in the following measurement graphs are based on some back-modeling
of measured S-parameter data. Design breakouts from the prior Ka-band work and from
the W-band measurement data allow well-constrained back-modeling because of the unit-cell
design in the baseline PAs. Small shifts in many passive-component expected values, either
arising from process bias or from modeling errors, can be back-modeled. For example, a PA
design breakout with a known 20% reduction of transmission-line length (or MIM capacitor
value) can be directly compared to the baseline control case and other breakouts. Modeling
the known difference in expected component values tunes out the process-variation bias in
the back-models.

The unit-cell approach to the baseline PA design and its breakouts allows well-constrained
back-modeling and simplification of a large multi-variable parameter space since relative
matching of the passive components, all done in the back-end-of-line metal, is better than
1%. The W-band re-uses many similar unit-cell structures and circuit-blocks from the
Ka-band designs, and the Ka-band measurement data provides additional parameter-space
reduction/constraints when analyzing simulation correspondence to measured data across
many PA breakouts.

Only small-signal results and DC-bias matching, which includes updated mutual thermal-
coupling coefficients for each aggregated power-cell HBT, are back-modeled. Large-signal
results are not back-modeled into the simulation results. All PA breakouts share the same
back-modeled simulation parameters. Each PA is not back-modeled separately, but all of
them are used together, as a group, to strictly constrain the number of possible variables in

the back-model extraction process.

W1 Small-Signal Results

Fig. 2.77 shows the small-signal S-parameters® at Class A biasing at collector voltages
Voe = 1.7 V and nominal peak-fr biasing of 1.5 mA /um current density.

The small-signal gain 3-dB bandwidth spans 79-97 GHz, a fractional bandwidth of 20%,
with the midband frequency near 88-90 GHz. The small-signal gain peaks at 14.6 dB at
86-87 GHz and is greater than 5 dB throughout the entire 75-110 GHz W-band.

38In this text, charted S-parameters such Sy; are plotted as power: 10log;, [S21])° = 20log;o [S21| (in dB).
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Figure 2.77: Design W1 (90 GHz) measured (solid) and simulated (dashed) S-parameters at
nominal biasing currents with Voo = 1.7 V.
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Figure 2.78: Measured (solid) versus simulated (dotted) small-signal input S;; and output
Soo for the baseline W-band PA design W1 at nominal biasing currents and
Vee = 1.7 V.
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In these PA designs, the peak small-signal gain tends to be about 5% lower in frequency
than that for peak output power P,,. This is normal for Class AB and even purely Class
A designs because of the shift in HBT impedances with increasing RF powers— the two
frequencies for peak gain and peak power rarely coincide exactly. The PA has a high enough
gain and power bandwidth such that the small offsets in peak performance frequency do not

affect its overall wideband performance.

W1 Group Delay Results

The group delay of a PA is an important metric of phase distortion over frequency
as well as a measure of transit times of signals (at different frequencies) through the PA.
Group delay effects can cause non-uniform distortions (with frequency) in wideband signals.
Signal distortions arising from group delay are especially important in systems such as
wideband communications systems and monopulse radars. Group delay (in seconds) is given
by Eq. (2.46).

_d¢
dw

where ¢ is the phase response of the amplifier (in radians) and w is the frequency (in rad/sec).

(2.46)

Ty =

The phase slope of the PA’s measured Sy is used to find the corresponding group delay
versus frequency in Fig. 2.79. The PA’s high-pass, 2-element compact matching networks
results in low absolute group delays and little group-delay variation across the PA operating
bandwidth. The group delay is relatively flat over a wide bandwidth. The measured absolute
group delay is < 46 psec throughout W-band, has very little in-band ripple, and varies 26 psec
within W-band from its 46 psec peak at 82 GHz to its 20 psec low at 110 GHz.

The measured group delay is considered very short for a PA at W-band since series
combiners are not required at the transistor level for power combining/splitting between
unit cells within large power devices. Low absolute group delay is achieved by designing
all quarter-wavelength transmission lines and other distributed components (short-circuited
stubs) to be placed in shunt of the primary signal path and not inserted in series. Low
group-delay variation and ripple is achieved by using similar high-pass structures in the input,
output, and interstage matching networks as well as wideband quarter-wavelength resonators

for high-impedance bias insertion over large bandwidths.

W1 Large-Signal: Nominal Biasing at 1.7 V

The baseline W1 design has large-signal operation centered at 90 GHz. Fig. 2.81 plots the
large-signal input-power sweep for the W-band baseline PA, design W1, operating at 90 GHz
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Figure 2.79: Measured vs. simulated W-band PA group delay.

with nominal 1.5 mA /pum biasing currents and Voo = 1.7 V. Since baluns could not be used
because of limited available source power in the measurement setup, the plotted output
powers are adjusted +3 dB from measured single-ended values to reflect expected powers
under differential operation. At nominal biasing currents and Voo = 1.7 V| the differential
output power is 17.6 dBm at 90 GHz, and the peak PAE is 9.9%. The small-signal gain is
14.5 dB.

Fig. 2.81 plots the measured and simulated large-signal performance over W-band fre-
quencies for baseline design W1 at nominal biasing currents and Voo = 1.7 V. The quiescent
DC power consumption is 414 mW for the full differential PA from a 1.7 V supply. Pigg is
14.8 dBm at 90 GHz. Above 103 GHz, the measurement setup does not have enough available
source power to drive the PA into full compression to achieve P,,;. The PA maintains its

large-signal performance over its 3 dB-gain bandwidth.

W1 Large-Signal: Optimized Biasing at 2.3 V

Since large-signal simulation, using the initial VBIC HBT models, have severe large-signal
convergence issues for Voo > 1.7 V, optimizing biasing currents in each gain stage for 1.7-2.3 V
Class AB operation must be done experimentally during the measurements in the lab. At
higher collector voltages, peak- fr and gain occurs at slightly lower than expected DC current
densities (around 10%), changing the HBT operational impedances and matching-network
effects. Reducing the collector currents I at high V¢ collector voltages biases the PA deeper

into Class AB operation and increases the peak PAE efficiency at higher collector voltages.
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The PA design allows the collector voltage to be increased beyond 1.7 V because the
quiescent currents in each transistor stage can be adjusted independently. This allows optimal
tuning of the amplifier’s performance. The optimized cases use lower DC quiescent-current
densities in the PA gain stages with values ranging 0.3-1.5 mA /um (2-12.5 mA/um?),
resulting in a PA which is biased in Class AB operation for higher PAE and output powers.

Fig. 2.82 presents the large-signal performance at 90 GHz as a function of collector voltage
for the W-band baseline PA design W1. The collector voltage for the W-band PA is raised
from 1.7 V to 2.3 V in 0.2 V steps The dotted lines show the measured data for nominal
current densities— transistors biased at peak- fr quiescent currents for Class A/AB operation;
and the solid lines show measured data for optimized current densities. Each of the three
gain stages has DC quiescent currents fine-tuned individually to maximize overall P,;; and

PAE for the optimized-biasing cases.
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Figure 2.82: Measured large-signal characteristics vs. the collector voltage at 90 GHz (mid-
band). Dotted lines show results with biasing at nominal current densities. Solid
lines show results with optimized bias currents for each stage (see text).

Increasing the collector voltage beyond 2.3 V does not result in any appreciable increase
in maximum output power or efficiency. Beyond 2.5 V, impact ionization effects begin to
limit the PA, and the maximum P, for the design plateaus— no additional power can be
successfully pushed from HBTs.

At 90 GHz and under optimized-bias current conditions, a maximum output power
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Py = 19.6 dBm (91 mW) is achieved at 2.3 V with a maximum PAE of 15.4%. The
corresponding output power at the 1 dB gain-compression point is Pjgg = 18.8 dBm (76 mW).
There is no noticeable degradation in large-signal or small-signal performance after > 500
hours of testing from 1.7 V to 2.3 V on the same chip.

Fig. 2.83 plots the large-signal responses over frequency for the baseline W1 90 GHz
design at Voo = 2.3 V with optimized bias currents. Measurements above 93 GHz are limited
by the available source power. The maximum measured P, is 19.9 dBm at 90 GHz, and the
maximum Pigp is 18.8 dBm at 90 GHz. Peak PAE is 15.4%.

Limited by Available
Source Power

>

20 20
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Pout <P1dB

Peak PAE
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75 80 85 90 95 100 105 110

Frequency (GHz)

Figure 2.83: Design W1 (90 GHz, baseline) large signal results with optimized biasing at
Vee =23 V.

Summary of maximum/peak values for baseline design W1 at 90 GHz with Voo = 2.3 V:
maximum P, = 19.9 dBm, Pigg = 18.8 dBm, peak-PAE = 15.4%, 11.0 dB small signal gain,
3-dB small-signal bandwidth® from 79-97 GHz (18 GHz or 20%).

W1 Large-Signal vs. Voo = 1.7-2.3 V

Fig. 2.84 summarizes the measured large-signal P.,;, Pia, peak-PAE, and output collector
efficiency nc qs versus collector voltages Voo = 1.7-2.3 V at 90 GHz. Results at nominal

39The 3-dB small-signal bandwidth is determined from the upper & lower corner frequencies where the
small-signal gain, So1, drops 3 dB from its peak value.
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biasing currents are marked with crosses while results with optimized biasing currents are

plotted as lines.
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Figure 2.84: Design W1 (90 GHz, baseline) measured large-signal data with nominal (crosses)
and optimized (lines) biasing currents. (a) Maximum output powers vs. Voo
and (b) Peak efficiencies vs. Vee.

The output-collector efficiency in Eq. (2.47) is calculated for each W-band PA and provides
valuable insight into the isolated efficiency of the Q3 output transistor and its output-matching

network.

P out
Ppc,qs

nc.Qs = (2.47)

nc,q3, provides a metric of power efficiency of the final output stage, ignoring the require-
ments of input source power to the output Q3 HBT, the effects of low transistor gain in the
output stage, and the active bias-reference network associated with Q3, and all other gain
stages & bias reference power dissipations. 7n¢ is a useful indication of the overall efficiency
of the output stage: the matching network, chosen load line, collector bias-insertion network,
and HBT operation point. The theoretical 7o of an ideal Class A output transistor with
inductive biasing is 50% and higher for Class AB and higher-order classes of operation.
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2.11.3 Measurement Results for Breakouts W2, W3, and W4
W2, W3, and W4 Small Signal Results

Design W2 applies a -15% shrink in lengths to the two transmission-line stubs in 2-element
interstage matching networks to move the design to 94 GHz where there are many W-band
applications. The shift moves the 90 GHz PA to 94 GHz while maintaining the output
transistor matching. Fig. 2.85 plots the resulting measured small-signal response of design
W2.
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Figure 2.85: Design W2 (94 GHz) measured (solid) and simulated (dashed) S-parameters at
nominal biasing currents with Voo = 1.7 V.

Design W3 applies a -15% shrink in lengths to all unit-cell transmission lines used in
the matching networks: the two interstage transmission-line stubs as well as the input- and
output-matching network stubs. The shift moves the 90 GHz PA to 94 GHz while shifting the
output power matching, as well. Fig. 2.85 plots the resulting measured small-signal response
of design W3.

Design W4 attempts to tune down the frequency and peak the large signal response closer
to the low-end of W-band where there are also many mmW applications. Design W4 applies
a +15% increase in lengths to all unit-cell transmission lines used in the matching networks:

the two interstage transmission-line stubs as well as the input- and output-matching network
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Figure 2.86: Design W3 (92 GHz) measured (solid) and simulated (dashed) S-parameters at
nominal biasing currents with Voo = 1.7 V.

stubs. The shift moves the 90 GHz PA to 83 GHz while shifting the output power matching,

as well. Fig. 2.85 plots the resulting measured small-signal response of design W4.

W2, W3, W4 Large-Signal: Optimized Biasing at 2.3 V

As done with the baseline W1 90 GHz design, the other PA variations are optimized from
1.7-2.3 V operation. The results of the measurements for Voo = 2.3 V are presented here.
See Section 2.11.2 for descriptions of the bias-optimization process at 2.3 V and Section 2.11.3
for descriptions of the design changes in each breakout variation.

Fig. 2.88 plots the large-signal results for design W2 (94 GHz) under optimized biasing
for Voo = 2.3 V.

Summary of maximum /peak values for design W2 at 94 GHz with Voo = 2.3 V: maximum
P,: = 19.4 dBm, Piqp = 18.1 dBm, peak-PAE = 12.4%, 13.0 dB small-signal gain, and 3-dB
small-signal bandwidth from 84-101 GHz (17 GHz or 18%),

Fig. 2.89 plots the large-signal results for design W3 (92 GHz) under optimized biasing
for Voo = 2.3 V.

Summary of maximum /peak values for design W3 at 92 GHz with Voo = 2.3 V: maximum
P,; = 18.7 dBm, Piqg = 17.3 dBm, peak-PAE = 11.5%, 12.8 dB small-signal gain, and 3-dB
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Figure 2.87: Design W4 (83 GHz) measured (solid) and simulated (dashed) S-parameters at
nominal biasing currents with Voo = 1.7 V.
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Figure 2.88: Design W2 (94 GHz) large signal results with optimized biasing at Voo = 2.3 V.
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small-signal bandwidth from 85-103 GHz (18 GHz or 19%).
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Figure 2.89: Design W3 (92 GHz) large signal results with optimized biasing at Voo = 2.3 V.

Fig. 2.90 plots the large-signal results for design W4 (83 GHz) under optimized biasing
for Voo = 2.3 V.

Summary of maximum /peak values for design W4 at 83 GHz with Voo = 2.3 V: maximum
P,; = 20.3 dBm, Pigg = 18.7 dBm, peak-PAE = 15.1%, 15.7 dB small-signal gain, and 3-dB
small-signal bandwidth from 76-91 GHz (15 GHz or 18%),

W2, W3, W4 Large-Signal vs. Voo = 1.7-2.3 V

Figs. 2.91, 2.92, and 2.93 summarize the measured large-signal P, Piqg, peak-PAE, and
output collector efficiency 7n¢ g3 versus collector voltages Voo = 1.7-2.3 V for the W2, W3,
and W4 design variations, respectively. Results at nominal biasing currents are marked with

crosses while results with optimized biasing currents are plotted as lines.

2.11.4 Measurement Results for Breakouts W5 & W6
> 100 GHz PAs with MOM Capacitors

Designs W5 and W6 are experimental breakouts for the purpose of exploring the upper
frequency limits of the W-band PA design without complete re-design and re-work of the
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Figure 2.90: Design W4 (83 GHz) large signal results with optimized biasing at Voo = 2.3 V.

entire chip layout. Only the matching networks are altered to shift the baseline design to
higher frequencies. The quarter-wavelength collector-biasing and base-biasing transmission
lines and 440 fF RF-shorting MIM capacitors & wideband bypass capacitor arrays remain
the same as the baseline W1 design.

Designs W5 and W6 use M3-to-M4 custom metal-oxide-metal (M3-M4 MOM) capacitors
in the resonant interstage matching networks as well as the output matching network. The
custom low-density SiOs capacitors are formed between copper metal layer M3 and M4. The
low available HBT gain (MAG < 4 dB @ 100 GHz) results in difficulties driving transistors
fully into compression and results in significantly reduced peak-PAE values compared to the
baseline 90 GHz designs.

MOM designs pushing the W-band design closer to 100 GHz suffer from very low gain
conditions as MAG continues to drop. Ideally, another gain stage and re-optimization of all
quarter-wave feed lines would recover significant PA performance. The not enough available
source power from the measurement setup past 95 GHz to fully characterize the large-signal
performance.

In future design iterations of the > 100 GHz PA designs, some re-tuning of the W5 and
W6 designs is necessary to recover gain and efficiency. In particular, small adjustment should

be made to all the quarter-wavelength transmission-line unit-cells (both in the collector
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Figure 2.91: Design W2 (94 GHz) measured large-signal data with nominal (crosses) and
optimized (lines) biasing currents. (a) Maximum output powers vs. Voo and
(b) Peak efficiencies vs. V.
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and base lines) as well as the self-resonant 440 fF' MIM capacitor unit cell. Since available
per-stage gain is close to only 3 dB, 105 GHz is near the upper limits of the common-emitter

topology for PA design in 8HP technology.

W5 & W6 Small Signal Results

In design W5, centered at 101 GHz, the matching-network capacitors, using custom
M3-M4 MOMs, are approximately 26-37% smaller in value (but 6-7x larger in area) than
the baseline W-band design. Shunt-stub transmission-line inductors in the input, interstage,
and output matching networks are approximately 11-27% shorter. All quarter-wavelength
transmission lines and 440 fF RF-shorting capacitors remain at their same values as the
baseline W1 design.

The small-signal gain for design W5 operating at nominal biasing currents and V¢
= 1.7 V is plotted in Fig. 2.94. The small-signal gain S, peaks at 8.5 dB @ 101 GHz, and
the 3-dB bandwidth is 91-108 GHz (17 GHz or 17% fractional bandwidth).

15 15
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¥ C
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£ -
> . -
E’ N - Output (S;7) 5
°g -10 | -10
‘T - Input (S
8 s put (S11) 15
20 | -20
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Figure 2.94: Design W5 (101 GHz) measured S-parameters at nominal biasing currents and
Vee = 1.7 V.

In design W6, centered at 105 GHz, the matching-network capacitors, using custom
M3-M4 MOMs, are approximately 38% smaller in value than the baseline W-band design.

Shunt-stub transmission-line inductors in the input, interstage, and output matching networks
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are approximately 40% shorter. All quarter-wavelength transmission lines and 440 {F RF-
shorting capacitors remain at their same values as the baseline W1 design.

The small-signal gain for design W6 operating at nominal biasing currents and V¢
= 1.7 V is plotted in 2.95. The small-signal gain S;; peaks at 5.5 dB @ 105 GHz, and
the 3-dB bandwidth is 97 GHz to >110 GHz, limited by the available source power in the

measurement setup (> 13 GHz or > 12% fractional bandwidth, limited by measurements).
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Figure 2.95: Design W6 (105 GHz) measured S-parameters at nominal biasing currents and
Vee = 1.7 V.

W5 & W6 Large-Signal: Optimized Biasing at 2.3 V

Fig. 2.96 plots the large-signal results for design W5 (101 GHz) under optimized biasing
for Voo = 2.3 V.

Summary of maximum /peak values for design W5 at 101 GHz with Voo = 2.3 V: maximum
P,; = 16.7 dBm, Piqg = 13.8 dBm, peak-PAE = 3.2%, 8.6 dB small-signal gain, and 3-dB
small-signal bandwidth from 91-108 GHz (17 GHz or 17%).

Fig. 2.97 plots the large-signal results for design W6 (105 GHz) under optimized biasing
for Voo = 2.3 V.

Summary of maximum /peak values for design W6 at 105 GHz with Voo = 2.3 V: maximum
P,; = 14.1 dBm, Pigg = 10.6 dBm, peak-PAE = 1.3%, 5.4 dB small-signal gain, and 3-dB

217



20 F | | | | ! | P
- | Limited by -
E - | Available 1
3 : o | Source Power :
g 15 N sat I . 15
8 - -
5 g I : Pout < P1dB ]
..g' w10 | I - 10
oo - | -
0 L | J
s B | -
a R | i
% 5l I s
5 L Peak PAE | .
a s -
I | ]
0 AT L1 1 ﬁ m 0
75 80 85 0 95 100 105 110

Frequency (GHz)

Figure 2.96: Design W5 (101 GHz) large signal results with optimized biasing at Voo = 2.3 V.

small-signal bandwidth from 97 GHz to > 107 GHz (> 13 GHz or > 13%), which is limited

by the available source power in the measurement setup.

W5 & W6 Large-Signal vs. Voo = 1.7-2.3 V

Figs. 2.98 and 2.99 summarize the measured large-signal Ps,;, Pigg, peak-PAE, and output
collector efficiency n¢ g3 versus collector voltages Voo = 1.7-2.3 V for the W5 and W6 design
variations with MOM capacitors, respectively. Results at nominal biasing currents are marked

with crosses while results with optimized biasing currents are plotted as lines.

2.11.5 Noise Figure Measurements

The PA noise figure (NF) is measured on the baseline W-band PA design (90 GHz design)
at nominal biasing currents and Voo = 1.7 V. The W-band noise figure measurement uses
low-loss WR-10 waveguides in the setup shown in Fig. 2.100. Noise figure measurements are
taken using two different methods for verification: the gain method and the Y-factor method.
(See Appendix A for accompanying equations.) The results are the first known published
noise-figure measurements for W-band SiGe power amplifiers.

The quarter-wave transmission-line terminated in MIM RF-short and wideband bypass
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Figure 2.97: Design W6 (105 GHz) large signal results with optimized biasing at Voo = 2.3 V.

MIM capacitors prevents bias-circuit thermal noise and shot noise from reaching the power-
transistor HBT base terminal at 90 GHz. The bias-insertion technique improves the overall
noise figure of the PA by > 0.6 dB compared to purely resistive biasing techniques. No other
resistors are used outside of the noise-isolated bias circuits.

At collector Voo = 1.7 V operation, the HBT minimum noise figure NF,;;, = 5.8 dB at
90 GHz (with no additional emitter inductive degeneration) near peak- f7 biasing current
densities. The NF;, value holds true for each gain stage Q1, Q2, and Q3, although practical
achievable values are limited by matching-network constraints since optimal impedances
becomes lower as the transistor sizes increase. Associated power gain®® NF,;, is 6.0 dB.
At nominal collector operating voltages Voo = 1.7 V, HBT avalanche noise from impact
ionization is low and does not impact the transistor noise figure.

The NF,,i, is approximately 6.0 dB for each gain stage with 6.0 dB associated gain when
the HBT input is matched for noise and the HBT output is conjugately matched (maximum
power transfer). The mutual thermal coupling does increase the NF ;, by approximately
0.3 dB for Q3 under nominal operating conditions at Voo = 1.7 V.

The system-level noise-figure analysis of three cascaded gain stages with each gain at

40 Associated gain is the small-signal gain under the condition that the HBT input is matched for NF,,;, while
the output is conjugately matched.

219



17
16
15
14
13
12
11

Output Power (dBm)

10

Figure 2.98: Design W5 (101 GHz) measured data with nominal (crosses) and optimized

]
N oowoR

Peak PAE (%)
Output Collector Efficiency (%)

w
vl

w
o

N
vl

N
o

[y
vl

[y
o

(6, ]

o

2 I I =

:'%‘:

X x 3

f— 35—

- | ¥ L]

1.7 1.9 2.1 2.3
Vee (V)

(b)

35

30

25

20

15

10

(lines) biasing currents. (a) Maximum output powers vs. Voo and (b) Peak

efficiencies vs. V.

220



17
16
15
14
13
12
11

Output Power (dBm)

10

AL AL LA LY WA A ML L M

./A
X -

1.7

1.9 2.1 2.3
Vee (V)

(a)

50
40

30

20

15

N 00 O

(mw)

Peak PAE (%)
Output Collector Efficiency (%)

= N N w w
(6, ] o (6, ] o (5, ]
TITT [V VT[T T oo rree

[y
o

(6, ]

o

35

30

25

20

15

10

i
7
I

-

1.7 1.9 2.1 2.3
Vee (V)

(b)

Figure 2.99: Design W6 (105 GHz) measured data with nominal (crosses) and optimized
(lines) biasing currents. (a) Maximum output powers vs. Voo and (b) Peak

efficiencies vs. V.

221



RF Probes

Power

1mm Cable 1mm Cable

Head
Noise RF IF Power
@] WAS— [\ L {retr

WR-10/1mm 1mm/WR-10 1 s
Transition P Lo
Transition
DC Lines
DC Supplies 5 P:WZT
= ea
Qo
5 Power
§ L
Coupler Coupler b
—1 s
AWK HlagEd
Input
Attenuator m

Input
Attenuator

Mechanically-Tuned
Gunn-Diode Source

Mechanically-Tuned
Gunn-Diode Source

Figure 2.100: Noise figure measurement setup.

matched ideally to NF;, at the inputs shows that the ideal noise floor for the PA matched
ideally for optimal noise performance is NFi,putmin = 6.8 dB with maximum ideal cascaded
gain of 17.8 dB.

The measured noise figure for the baseline W1 design at nominal biasing currents and
1.7 V is shown in Fig. 2.101. The noise figure near 90 GHz is 8.0 dB.

The W-band PA compares favorably to low-noise amplifiers (LNAs) designed in the same
8HP process. Noise figure (NF) of dedicated LNA designs within the same technology is also
8-10 dB noise figure [114]. The PA draws considerably more power to be considered a useful
standalone LNA, but the low noise figure aids in the eventual transmitter design, which must

take into account in-band and out-of-band transmitter noise.

2.11.6 Results Summary and Comparisons
Summary

Table 2.10 summarizes the measured W-band large-signal results*' and peak small-signal

gain for each design breakout.

41Quoted output powers are differential values extrapolated from single-ended measurements by adjusting
43 dB since there is not enough available source power in the measurement setup to use internal or external
baluns.
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Figure 2.101: Measured (solid) and simulated (dashed) noise figure at 90 GHz for the baseline
W1 design at nominal biasing currents and Voo = 1.7 V.

Table 2.10: W-Band PA large-signal summary with optimized biasing. Gain is quoted for
the peak small-signal (SS) values.

Center Peak Peak Max SS

. Psat Psat PldB .
Design Freq (dBm) (mW) (dBm) PAE Ne Gain

(GHz) (%) (%) (dB)
W1 90 19.9 98 188 154 345 14.6
W2 94 19.4 87 181 124 289 130
W3 92 18.7 74 173 119 292 12.8
W4 83 203 107 187 155 325 15.7
W5 101 16.7 AT 138 32 96 8.6
W6 105 14.1 26 10.6 1.3 44 5.4
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Table 2.11: W-Band PA large-signal bandwidths summary at nominal biasing currents.

3dB-P,,, 3dB- 3d]?>- Half-
Desi BW Pias Gain PAE
esigt (GHz) BW BW BW
(GHz) (GHz) (GHz)
W1 79-101 (24%) 80-98 (20%) 79-97 (20%) 80-97 (19%)
W2 83-[>102] (>21%)  83-106 (24%) 84-101 (18%) 86-101 (16%)
W3 84-105 (22%) 85-104 (20%) 85-103 (19%) 86-100 (15%)
W4 76-99 (26%) 77-96 (22%) 76-91 (18%) T7-95 (21%)

W5  89-[>105] (>16%) 89-[>105] (>16%)  91-108 (17%)  92-[>105] (>13%)
W6  97-[>105] (>8%) 97-[>105] (>8%) 97-[>110] (>13%) 99-[>105] (>8%)

Large-signal bandwidths are listed in Table 2.11. Large-signal bandwidths are generally
in the ~20% range. Bandwidths are given for PAs operating at nominal biasing currents at
Vee = 1.7 V since there is not enough available source power in the measurement system to
obtain the 3dB-bandwidths at higher collector voltages when more input power is required
to compress the PAs. Designs W5 and W6, which operate above 100 GHz, do not have
representative bandwidth values available since no large-signal waveguide source was available
beyond 105 GHz at the time, and the network analyzer reached its frequency limits at
110 GHz for small-signal S-parameters.

The 3dB- Py, bandwidth (BW) is the frequency range in which P, is within 3 dB of its
maximum value. The 3dB-Pgg bandwidth is the frequency range in which Py is within
3 dB of its maximum value. The half-PAE bandwidth is the frequency range in which the

peak-PAE is within 50% of its maximum value.

Result Comparisons

Table 2.12 summarizes the measured results and compares this work with prior works
(before & during the time the results from this design were initially published) in silicon-based
power amplifiers within W-band, including CMOS/SOI.

Operational frequency bandwidth is difficult to standardize among the comparisons since
not all report small-signal gains across bandwidth, especially if the PA is biasing deep into

Class AB or B, for example, since power gain will depend on the RF input power. Besides
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3dB-gain small-signal or large-signal bandwidths, quoted operational bandwidths are often
based on other non-standard conditions (e.g. large-signal gain is > 8 dB or > 5 dB; Py is

greater than a certain user-chosen value, etc.).

W-Band One-Way Linear PA Comparisons: SiGe

Table 2.13 compares this work with all one-way, linear SiGe power amplifiers, current and
prior, within W-band. The PAs in this table are not power combined (i.e., one-way) beyond
operating differentially, if applicable. Only linear-mode, Class A/AB, Class B, and Class C

SiGe power amplifiers are included— switch-mode SiGe PAs are not included.

W-Band One-Way Switch-Mode PA Comparisons: SiGe

Table 2.14 compares recent research into non-linear, switch-mode PAs (Class E) within
W-band. Only SiGe-based PAs are included in the table— no CMOS/SOI. Power-combined

PAs, aside from differential operation, are not included in the table.

W-Band One-Way Linear PA Comparisons: CMOS/SOI

Table 2.15 summarizes recent CMOS/SOI one-way linear PAs within W-band. Non-linear
switch-mode CMOS/SOI PAs and power-combined PAs, aside from differential operation,

are not included in the table.

W-Band One-Way PA Comparisons

Figure 2.102 is a dot plot of reported saturated output power P, for various one-way*?
power amplifiers in silicon technology, which includes SiGe, SiGe:C, bulk CMOS, and SOI
CMOS. The presented W-band PA compares favorably with other approaches, even with
some designs in the next-generation node, 90 nm SiGe (fr > 280 GHz).

Figure 2.103 is a dot plot of reported PAE for various one-way, non-power-combined
silicon power amplifiers, which includes SiGe, SiGe:C, bulk CMOS, and SOI CMOS.

The values for the W-band SiGe linear one-way power amplifiers in the W-band dot plots
are quoted from [14, 23, 42, 43, 51, 58, 71, 115, 116, 126-128].

The values for the W-band SiGe switch-mode power amplifiers in the W-band dot plots
are quoted from [59, 117, 118].

The values for the W-band SiGe power-combined power amplifiers in the W-band dot
plots are quoted from [9, 21, 26, 47, 48, 51, 58, 129-132]

427 One-way” refers to non-power-combined outputs. Differential-output power amplifiers are considered one-way
as long as they have no additional power-combining structures in the outputs.
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Figure 2.102: Survey of silicon power amplifiers and their saturated output powers Py, for
W-band one-way (non-power-combined) PAs. The W-band PAs in this work
(and breakout variants) are in red.
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Figure 2.103: Survey of silicon power amplifiers and their power added efficiency (PAE) for
W-band one-way (non-power-combined) PAs. The W-band PAs in this work
(and breakout variants) are in red.
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The values for the W-band CMOS/SOI linear, one-way power amplifiers in the W-band
dot plots are quoted from [33, 34, 119-125].

Ka-Band to W-Band PA Comparisons

Fig. 2.104is a dot plot of reported saturated output powers P, for SiGe linear one-way
PAs, SiGe power-combined PAs, SiGe switch-mode one-way (non-power combined aside
from differential operation) PAs, CMOS/SOI linear one-way PAs, and the PAs presented in
this dissertation: W-band 90 GHz PA & variations, Ka-band 30 GHz PA & variations, and
the quasi-optically-combined 3 x 3 PA array. Frequencies outside of the primary bands of
interest— Ka-band (26.5-40 GHz) and W-band (75-110 GHz)— may not include all reported
PAs.
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Figure 2.104: Dot plot of report saturated output powers Pi,; for Ka-band to W-band PAs.

Fig. 2.105 is a dot plot of reported PAEs for the same PAs in Fig. 2.104. Frequencies
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outside of the primary bands of interest— Ka-band (26.5-40 GHz) and W-band (75-110 GHz)—
may not include all reported PAs.

The values for SiGe linear, one-way power amplifiers in the dot plots are quoted from [13-
18, 23-25, 25, 27, 41-43, 43, 51, 52, 58, 71-73, 115, 116, 126-129, 133-148].

The values for SiGe switch-mode power amplifiers in the dot plots are quoted from [44—
46, 50, 59, 117, 118, 149-152].

The values for SiGe power-combined power amplifiers in the dot plots are quoted from [9, 19—
22, 26, 41, 47-52, 58, 129-132, 139, 147, 153-157]

The values for CMOS/SOI linear, one-way power amplifiers in the dot plots are quoted
from [28, 33-35, 119-125, 158-169].

2.12 Conclusion

This work has presented a W-band 79-97 GHz fully-integrated SiGe linear power amplifier
which achieves high gain and high output power over the 20% 3dB-gain bandwidth. Several
key design strategies allowed enabled this performance with first-pass silicon success: judicious
utilization of unit-cell lumped-element MIM capacitors and wide unit-cell RF transmission
lines in the input, output, and inter-stage matching networks; unit-cell self-resonant MIM
capacitors; low 20 2 external base impedances at DC and RF; geometric increases in
transistor areas; compact & dense layout of transistor cells based on high- f7 npn cells; lower-
Q bias chokes implemented below the RF ground plane; and large bias decoupling capacitor
arrays around the chip (with and without resistors) for broadband frequency stability. The
design can be easily scaled to other W-band frequencies by simply changing the shunt-stub
transmission-line lengths in the matching-networks.

By choosing design values and implementations of components that can be easily re-used
throughout the design, the PA maintains high performance and wideband characteristics in
spite of expected process shifts and modeling errors. The effects of the npn HBT modeling
errors are reduced by using small, well-modeled unit-cell transistors to build larger transistors.
The mutual thermal coupling of the aggregated unit-cells are exacted from DC measurements
and modeled for each power cell, allowing more accurate DC & RF design optimization. The
design methodology results in wideband performance in both the small-signal and large-signal
characteristics. The resulting PA has a fractional bandwidth of 20% in both small-signal
parameters (small-signal gain, input/output matching) as well as large signal parameters (gain,
output saturated power, output 1 dB-compression point). The presented design approach
achieves 19.9 dBm or 98mW of output power at 90 GHz. The design is successful in its first

silicon iteration without prior measured large signal load-pull data on the custom-designed
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power transistors.

The implemented W-band design closely approaches the power limits of the common-
emitter configuration at 90-100 GHz. As demonstrated, the presented design approach is
useful for generating significant linear mmW output powers up to a frequency of approximately
0.45 x fr, after which HBT gain limitations prevail.

The linear W-band power amplifier presented here is usable stand-alone or integrated
into an array or other power-combining techniques. The PA’s gain, efficiency, and output
power support further PA integration into larger transmitter systems and arrays, as later

demonstrated in Chapter 4.
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Chapter 3

Ka-Band SiGe HBT Power Amplifiers

3.1 Introduction

An fully integrated silicon germanium power amplifier is presented for wideband applica-
tions covering 26 to 40 GHz [7]. No distributed amplifier or negative feedback techniques are
employed to achieve wideband performance. The 42% fractional-bandwidth PA has a gain
of 13 dB and a saturated output power of 19.4 dBm with 11.2% PAE from 32 to 33 GHz.
The output Pigg and P, are greater than 15.5 dBm and 17 dBm, respectively, from 26 to
40 GHz. The 1.83 mm? chip consumes 525 mW (375 mA) from a 1.4 V supply.

3.1.1 Balanced Amplifiers

The PA design presented here uses a balanced amplifier topology to boost the output
power by +3 dB relative to a single amplifier. The balanced topology utilizes two identical
and symmetric PAs by driving them in a balanced fashion (180 degrees out of phase). The
resulting output is also balanced, as illustrated in Fig. 3.1. Taking a single PA and using it
as a building block for a balanced PA results in aggregate PA with the same gain and PAE
but 4+3 dB higher output power, as illustrated in Fig. 3.2.

3.2 Circuit Implementation

Power amplifier designs are notorious for requiring design iterations to achieve target circuit
performance. Many challenges arise because large-signal designs push device capabilities to
their limit and often push models past their useful bounds. Distributed thermo-electrical
interactions further complicate the predictability of power amplifier designs. Since no foundry
data or models based on pulsed, large-signal load-pull measurements are available, the design
approach utilizes simple and robust design topologies and layout techniques in order to

maximize the success of a first-turn design.
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Figure 3.1: Balanced PA consisting of two identical PA units (PA1, PA2). The two PAs are
driven out of phase, creating a balanced system.
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Figure 3.2: PA1 and PA2, when driven in a balanced fashion, result in an aggregate PA with
the same gain and PAE but 3dB higher output power.
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The balanced PA is designed in a commercially available 0.12 um SiGe BiCMOS technology
with a bipolar transistor fr of 200 GHz. Fig. 3.3 and Fig. 3.4 present the PA design schematic
and layout, respectively. To attain wideband performance, the design takes advantage of
the high fr HBT, broadband matching techniques, and a judicious use of distributed and
lumped elements. The design achieves wideband performance without employing distributed

amplifier or negative feedback techniques.

Vcc =14V
-1 C
V..=14V BYPASS
™ c
BYPASS —
—| |—_|_ 40 Q, 90°
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50 Q, 90° 180 fF 2,=50Q
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’,' *— Bias Chokes — F K

Base-Biasing Block
(Active Bias)

Figure 3.3: Simplified half-schematic of the balanced Ka-band PA. Transmission line values
are given for the midband frequency.

The amplifier operates in the very linear Class A region. Class A operation allows the
PA to be used in systems that use AM modulation in the envelope of the carrier. Class A
amplifiers offer very high linearity, but their performance comes at the cost of high quiescent,

DC current dissipation (and thus, has a lower efficiency).

3.2.1 Design Methodology

The implemented design preserves the high fr performance of the HBT devices while
giving careful design consideration to the layout, RF coupling, low-frequency stability, and
reliability of the power amplifier.

The wideband design does not employ distributed amplifier (traveling-wave amplifier),
feedback, or power combining techniques. Rather, the wideband performance is achieved
by compensating the matching networks to offset the native gain (f7) rolloff of the power

transistors. Unfortunately, a broadband ”lumped amplifier” design has no simple analytical
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RF Output

0.75 mm

Figure 3.4: Chip micrograph. The total area, including pads and integrated bypass capacitors,
is 1.83 mm?.

or direct synthesis approach for circuit design and relies on computer-aided techniques to
iteratively refine a design [104]. Balancing performance metrics such as gain, output power,
and PAE across a wide operating frequency are important in a successful design.

The approach taken in this design is to begin optimizations at the midband frequency
(32-35 GHz), determine typical source/load-pull contours for each PA stage (Q1 and Q2) at
typical power levels, and then expand the design to cover a wide bandwidth. Keeping matching
networks, biasing, and feeds as simple as possible simplifies the design process, minimizes
losses, and keeps the design more predictable while maintaining wideband performance.

A 7reliability-aware” design is constrained by electromigration limits, and reliability
is always taken into account throughout the design process of this PA. Where possible,
no minimum-sized lines or devices are used, vias are placed in ample redundancy, and
foundry-specified reliability guidelines are followed to obtain a target reliability of 100,000

power-on-hours at 100°C.

3.2.2 Simulation Tools

Two primary simulation tools are used in the design of the balanced power amplifier:
Agilent ADS Suite and Cadence Design Framework II. The Agilent ADS tools include the
native, harmonic-balance circuit simulators, RFDE (RF Design Environment), Dynamic Link,
and Momemtum. Integrated 2.5D electromagnetic simulations and harmonic balance prove

extremely useful in the analysis, design, and optimization of large-signal circuits. Cadence
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is used for final layout, design-rule check, parasitic extraction, and verification (LVS). Both

Agilent ADS and Cadence are supported by the foundry models.

3.2.3 General Layout Considerations

Fig. 3.4 presents the PA-chip photomicrograph. The chip, including pads, consumes an
area of 1.83 mm?2. On-chip DC bypass capacitors are included for integrated supply and bias
filtering.

Special layout constraints exist for the PA to be driven differentially on-chip. While it is
true that any two identical PA’s driven differentially can deliver 3 dB more power than a
single PA| creating such a balanced PA from a standalone, non-balanced, single-ended design
is not trivial.

While one may argue that any single-ended power amplifier can be converted to a balanced
amplifier by adding a second amplifier, integrated circuit solutions place additional restrictions
on the floorplan of the amplifier. Creating a useable and probe-able layout restricts the
location of the RF I/O pads and DC feeds further— the I/O’s of each PA half are restricted to
three sides. In the presented design, the floorplan of each PA unit— each half of the balanced
amplifier— is laid out such that the unit PA can be mirrored across a plane of symmetry while
maintaining the 1/O’s at the periphery of the chip.

Fig. 3.5 demonstrates the floorplan constraints in any fully-integrated balanced PA design.
Fig. 3.5a. illustrates the integration issue if a standalone, single-ended PA (designed without
balanced drive in mind) is used in an integrated fashion. The resulting I/Os in the center
of the combined chip present a practical limitation on measuring and using the balanced
amplifier. Fig. 3.5b. shows the necessary layout constraints in order to mirror each PA half
across a plane of symmetry. Note that the I/O’s only exist on periphery of the combined
chip.

The total die area is dominated by passives: transmission lines, matching networks,
power /ground distribution, and interconnects. The RF signal path is concentrated in the
center of the chip while biasing is pushed to the chip peripheries. The power transistors
for each symmetric half of the balanced PA are located in the center of the chip, assuring
that each half of the PA have transistors that remain well-matched to the other half. Large,
redundant ground busses and ground planes wick away thermal energy from the power
transistors, mitigating local temperature effects. The RF pads are designed with 150 um
pitch to accommodate the available measurement probes.

Additionally, the use of deep-trench isolation grids, high-resistivity regions, and large,

redundant substrate contacts isolate the transistors from each other and isolate RF from
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Figure 3.5: The issue of creating an integrated balanced PA from a unit PA that has not

been designed with balanced drive in mind is illustrated in (a). A floorplan-aware
solution is provided in (b).

DC regions. The isolation of the power transistor area avoids any unintended affects from

substrate injection currents arising from the highly energetic carriers in the HBT devices.
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3.2.4 Topology Overview

The PA consists of two common-emitter gain stages biased in linear, Class A operation
with integrated input, output and interstage matching networks. Wideband performance is
achieved in a compact manner by utilizing high-pass matching networks in the input, output
and interstage network as well as low-pass filters in the collector feeds.

RF inductances are implemented via high-Q, shorted transmission-line stubs, and MIM
capacitors are used because of their compactness (high capacitance density).

Both Q1 and Q2 stages are matched to provide wideband performance and suitable
output power. From an integration standpoint, if required, additional system gain can be
implemented in a series of PA driver stages where the lower output power requirements ease
wideband, high-gain designs, and push the design space into the small-signal region.

Fig. 3.7 presents the high-level block diagram of the two-stage Ka-band half-PA. The other
half of the differential PA is identical and mirrored about the symmetry plane. Independent
collector voltage biases and base biases, which control the HBT currents, allow independent

collector and current tuning of each gain stage.

Collector Collector
Bias Bias

. Matching Matching Matching .
Network b Network p Network

E 2
Q
(]
[T

Base Base

Bias Bias

Figure 3.7: Half-PA block schematic.

3.2.5 Active Devices

A two-stage, common-emitter power amplifier is implemented using standard parameter-
ized cells in the technology design kit. Although customized power-transistor layouts are
typically preferred for power amplifier designs, no such power cell layouts have been developed
by the foundry, and stringent design rules and lack of carrier-level device modeling data

prevent user-developed power cells. The foundry npn HBT layouts are optimized for high- fr,
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small-signal operation. This design utilizes the optimized fr device to achieve wideband
performance using straightforward matching/compensation techniques.

Design kit models and foundry-measured data show that a 5 um HBT, dual-base device
achieves the highest possible fr in the process (200 GHz). This 5 um HBT is used as the unit
cell to build aggregate power devices. The aggregate power devices simply place these 5 um
cells in parallel while sharing collector regions to keep the layout compact. A high-reliability
layout option is chosen to widen the collector contacts, providing redundant vias and wider

metals for improved power handling.

Substrate Contact Ring

Figure 3.8: A standard 5um dual-base, dual-collector npn HBT cell with high-reliability
switch enabled.

A 5 um C-B-E-B-C npn layout (dual-base, dual-collector contacts), shown in Fig. 3.8, is
chosen over a simpler, more compact C-B-E configuration because the symmetric transistor
achieves a higher fr/fuax. The increase in performance results from the reduction of collector
access resistance and a more symmetric spread of injected electrons into the collector, thus
delaying the onset of the Kirk effect and fr collapse at high current densities [75, 170].

The first common-emitter stage uses a 30 wm aggregate device (Q1) while the second
common-emitter stage uses a 60 um device (Q2) shown in Fig. 3.9.

The transistors are biased at peak fr current density. Peak fr occurs at a quiescent bias
point of roughly 1.5 mA per um of emitter finger length. This corresponds to a quiescent
current of 45 mA and 90 mA in the Q1 (first stage) and Q2 (second stage) power transistors,
respectively.

Geometric scaling between the two stages (Q2 begin twice the size of Q1) ensures that

the output transistor limits the compression characteristics— the first stage, Q1, will be
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Figure 3.9: Layout of common-emitter output transistor Q2 = 60pum
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able to deliver enough input power to the output Q2 transistor such that the compression
characteristics are dominated by the output stage.

Simulations based on a cascode topology show that the cascode topology does not offer
P,.; improvements over common-emitter topologies, and this finding is supported by recent
SiGe work— the benefits mostly cancel out, and the matching the cascode leads to a more
narrowband match [16, 171].

3.2.6 Biasing

Active biasing is used, rather than resistive biasing, because it gives fine control over the
power amplifier quiescent currents and maintains more consistent DC current under RF drive
and across temperature [172].

High- fr SiGe HBT devices suffer from low BV(go, limiting the maximum collector voltage
swing and deliverable output power. A design may overcome BVgo limitations by presenting
a low external base impedance to the power transistors, thereby increasing the effective
collector breakdown voltage well beyond BVcgo [74]. Using this bias-design technique, SiGe
PA designs avoid an early onset of collector impact ionization, and resulting PAs are able
to push higher voltage swings and output powers. This wideband PA design overcomes the
technology’s 1.7 V BVcgo by presenting low impedances to the base terminal of the power
transistor at DC and the operating frequencies. The input and interstage matching networks
present 10 to 20 2 impedances from 26 to 40 GHz while the base biasing, consisting of a
high-impedance transmission line and 250 pH spiral inductor, presents a 40 {2 DC impedance.
The resulting effective collector-emitter breakdown voltage, BVgg, allows the output voltage
at the collector to peak above 2.5 V.

Precision back-end-of-line, integrated tantalum nitride (TaN) thin-film resistors are used
in the bias generation. These TaN resistors provide excellent absolute accuracy (3¢ tolerance
better than 10%) and relative matching across the chip (better than 0.1%), ensuring consistent
bias currents from each half of the balanced PA and from die to die. The TaN resistors also
have a negative temperature coefficient, offsetting some of the PA temperature dependence

by compensating with higher quiescent current draw at higher temperatures.

3.2.7 Output Transistor Characteristics

Fig. 3.10 presents the DC I-V simulation of the output 60 wm device using the implemented
bias scheme. Note that the collector breakdown voltage is greater than BVego = 1.7 V at
low current levels. The maximum current swing is limited by electromigration constraints.

The load line plotted in this particular example is roughly 15 €.
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Figure 3.10: Simulated DC I-V plot of the output 60 um device with the implemented bias
scheme. A 15 € load line is illustrated.

The 60 pm output transistor’s maximum available gain is plotted in Fig. 3.11. The
transistor is biased at peak fr and is unconditionally stable above 45 GHz. This high
available gain is traded for bandwidth and power in subsequent load-pull optimizations.

The near-midband, simulated load-pull data in Fig. 3.12 is based on the design kit models.
The optimal source and load impedances under large-signal conditions are around 10 €2. The
realized load has an impedance with real part approximately 13 €2.

Extracted large-signal load-pull models are not available for this process, yet, and known
limitations exist for the implemented VBIC models. Simulated versus measured performance
in the same technology based on prior comparison studies [14, 173] indicate that the VBIC
model is overly optimistic predicting saturated output powers and compression points of
large-signal swings by 1-2 dB. The empirical measurement data is taken into consideration
and provides a rough correction factor when viewing the optimistic load-pull simulations.

Optimal matching for wideband operation is achieved by performing source/load-pulls
on Q1 and Q2 iteratively and by managing device input/output mismatch such that high
output power is available throughout a wideband bandwidth.

Fig. 3.13 and Fig. 3.14 show simulated time-domain waveforms for the voltage and current

swings at the 1dB compression point.
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Figure 3.11: Maximum available gain for the 60 um output transistor biased at peak fr
current. Below 45 GHz, the plot illustrates maximum stable gain (MSG).
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Figure 3.12: Load-pull contours at 35 GHz for the 60 wm output device.
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Figure 3.14: Simulated single-ended (half-PA) conduction angle Q2 collector current @ Pjgp
compression at 35 GHz.
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3.2.8 Matching Networks

Integrated input and output matching networks present 100 €2 differential impedances
at the input and output. Shielded 40 to 50 € microstrip transmission lines (Fig. 3.15, e.yy
= 3.9, loss = 0.4 dB/mm) ranging from 12 to 18pum widths are used extensively in the design
to reduce coupling to nearby lines, to minimize coupling to the lossy 11 Q-cm substrate, and
to allow routing of DC feeds underneath the RF ground shields. The measured transmission

line characteristics are presented in Fig. 3.16.

11pm 12 pm 11 pm

e 4 um Al
\\'>° Top Metal
o
N
Side Shield S° Side Shield
Ground < Ground
9.25 pm
1.25 um Al
\
Vias 3.55 pm , 0.55 um Cu
Ground Plane

Si Substrate (11 Q-cm)

Figure 3.15: Shielded-microstrip transmission line cross-section. Four additional Cu metal
layers between the ground plane and substrate serve as DC interconnects (not
shown).

The matching networks present source and load impedances to the power transistors that
result in positive gain slopes with increasing frequency, compensating for the transistors’ fr
roll-off. This compensation results in a wideband response in the gain and output power. The
input and output matching networks consist of two L-networks using shunt, shorted-circuited
stubs and series MIM capacitors. Both input and output matching stubs present an equivalent
inductance of 120 pH (@) = 50) at midband frequencies while both input and output matching
MIM capacitors present 180 fF (Q = 20).

A single 550 fF series MIM capacitor serves both as interstage matching as well as DC
decoupling of the two PA stages. The single MIM capacitor provides a compact and simple
low-loss matching solution that allows the Q1 and Q2 power transistors to be placed closed
together, compacting the layout and minimizing RF interconnect loss.

The grounded, short-circuited stubs of the input and output matching networks offer
the additional benefit of ESD protection for the RF I/O pads— any ESD present on the RF
probes is shunted to the global ground network. Another important benefit of the grounded,
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Figure 3.16: Measured (solid) and modeled (dashed) transmission line characteristics de-
embedded from a 1mm test structure.

shunt stubs arises because all top-level metals in the RF signal path are tied to ground or
to diffusion paths; thus, no dedicated diodes are necessary to comply with top-level metal
antenna rules. The absence of extra diodes ensures that there is no degradation of intended
RF operation, especially at high voltage swings. (The reverse-biased diodes could easily

forward-bias at large signal swings.)

3.2.9 Collector Feeds

Quarter-wave transmission lines are preferred to lumped spiral inductors for collector
feed implementation. Spiral inductors are impractical for the collector feeds from 26-40 GHz
because of the low self-resonant frequency resulting from an electromigration-compliant
linewidth (width > 18um). Furthermore, if the spiral inductor has more than one turn, the
cross-over vias and metal become the limiting components in electromigration compliance.

The high currents involved in power design necessitate careful consideration of reliability
constraints. Metal line widths and via arrays are sized to be electromigration compliant and
conform to the process technology’s reliability guidelines for 100°C operation for 100,000
power-on hours. Wide 18 wm microstrip-shielded quarter-wavelength bias chokes (Zy = 40 €,
@ = 16) feed large DC bias currents ( 100 mA) to the power transistors while presenting RF
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collector impedances greater than 150 2. Relative to the output transistor’s low impedance
(10 2), the distributed choke presents an effective open circuit within the operating bandwidth.

Line coupling between the collector feeds is negligible (less than -40 dB). Careful routing
and use of the RF ground shields prevents any coupling between the DC base feeds and the
collector feeds.

To stabilize the PA at very low frequencies (< 100 MHz), where transistor gain is extremely
high, the power-transistor collector feed, base-biasing network, and supply bypass capacitors
all present low RF impedances to all the power-transistor terminals (< 1 €2 to the collector,
< 50 Q to the base). Bias stability concerns arising from the measurement setup at very low
frequencies (KHz to MHz) is further enhanced by the measurement setup’s off-chip DC feed

network (ferrite cores, additional bypass capacitors, and aggressive noise filtering).

3.3 Measurement Results

3.3.1 Measurement Methodology

For simplicity, the tests are performed single-ended with one half of the balanced power
amplifier. Since the two, symmetric halves are well isolated and independent, a 3 dB
power enhancement arises when the balanced amplifier is driven differentially (assuming no
amplitude/phasing errors arising from the measurement setup) [14].

Three setups are used to measure the power amplifiers: a large-signal power measurement
setup using power meters (Fig. 3.17), a setup using a network analyzer (PNA) for small-signal
S-parameters and large-signal verification, and a highly linear setup for intermodulation
(IP3) measurements (Fig. 3.18). In the large-signal power measurement setup, the calibrated
and offset power meters measure the actual RMS power at the device-under-test’s input
and output ports. Input and output attenuators present broadband, constant 50-{2 loads to
the chip input and output ports, minimizing measurement errors arising from VSWR. At
each measurement point, an automated spectrum analyzer (PSA) is used verify the power
measurement and to check the output spectrum for any oscillations or distortion products.

Low-frequency bias chokes (DC filtering, ferrite beads on needles, ferrite cores on DC feed
lines, force/sense lines), shown in Fig. 3.19, filter out supply noise and further stabilize the
measurement setup from very low frequency bias oscillations and maintain desired DC bias
points.

Extended PA measurements (i.e. measurement over hours) introduce sources of error from
device stressing [174]. Measurements presented here are taken after a PA break-in period (to

stabilize measurements). Each PA is stressed over 34 hours at the saturated output power
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Figure 3.17: Large-signal power measurement setup using couplers and power meters. Input
and output attenuators present constant, well-matched 50 €2 loads to the DUT.
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Figure 3.18: Highly-linear measurement setup to characterize intermodulation distortion.
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Figure 3.19: DC and RF probe setup. Additional capacitor bypass and inductive chokes
on the DC feeds stabilize the measurement setup from very low frequency bias
oscillations.

for sufficient break-in time. For the data acquisition, the wafer chuck is kept near ambient
room temperature (20°C-25°C) by a temperature regulation system while the PA is given
time to settle at each change of bias and input power.

A test setup from 18 to 50 GHz in 2.4 and 2.92 mm coaxial system has been automated
via GPIB connections and Agilent VEE. Custom code has been written to carefully step
through sinusoidal (CW) measurements over frequency, output powers, bias, and temperature.
Preliminary measurements whow that P,,; variation from die to die is less than 0.3 dB.

Fig. 3.20 shows the complete lab setup.

3.3.2 Measurement Data

The PA measurements are taken directly on-wafer at room temperature and are referenced
to the G-S—G—S—G probe transitions. The combined input and output transition losses,
measured to be 0.35 to 0.50 dB from 26 to 40 GHz, have not been de-embedded from the
measurements. The differential PA consumes a total quiescent power of 525 mW (375 mA)
from a 1.4 V supply. The measured small signal gain (Fig. 3.21) is 13 dB at 32 to 33 GHz, and
the 3 dB bandwidth is 25.5 to 41 GHz (a fractional bandwidth of 47%). The output-to-input
isolation (not plotted) is better than 40 dB across the entire bandwidth.
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Figure 3.21: Measured small-signal return loss and gain. The output-to-input isolation is
better than 40 dB across the entire operational band and is not plotted.
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Fig. 3.22 presents the measured saturated and P4 output powers across frequency. The
output saturated power (Py,) is greater than 17 dBm from 25 to 40 GHz, and the output
1dB gain compression point (P4p) is greater than 15.5 dBm across 25 to 40 GHz. Fig. 3.23
presents the PAE performance across frequency. The peak PAE is 11.2% at 32 GHz, and
PAE at Pgp is greater than 5% from 24 to 40 GHz. The peak output power, gain, and
PAE occur near the PA midband frequency at 32 to 33 GHz. A plot of the PA midband
characteristics is presented in Fig. 3.24. The measured saturated output power is 19.4 dBm,
and Pigp is 16.4 dBm.

Summaries of the PA small-signal and large-signal results are presented in Table 3.1 and
Table 3.2. Table 3.3 compares the PA design to other recent silicon-based, fully-integrated
PAs in the Ka-band.

20

18

16

14

12

Output Power (dBm)

10

8 1 1 1 1 1 1 1 8
20 25 30 35 40 45 50

Frequency (GHz)

Figure 3.22: Measured saturated output power (Pi,) and output-referred power at the 1 dB
gain compression point (Pygg). Piy measurements are limited by the available
source power.

3.3.3 Simulated vs. Measured Data

The simulated DC bias points are very accurate (within 5-10% of measured values).
Fig. 3.25 shows the measured vs. simulated mismatch across frequency while Fig. 3.26
shows the data mismatch at the midband frequency. As expected, the VBIC models are

overly optimistic predicting Pigg and Piy.
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Figure 3.23: Measured peak PAE and PAE at P4 output power. Peak PAE measurements
are limited by available source power.
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Figure 3.24: Measured midband large-signal characteristics at 32 GHz.
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Table 3.1: Small-Signal Performance Summary

Input-Matching BW

(> 8 dB RL) 28.5-49GHz
<O> ugpgg héitfhmg BW 29-45CHz,
Maximum Gain 13dB

Sl il G =00
Output-to-Input Isolation > 40 dB
Quiescent Power Dissipation 595 W

(375 mA from 1.4 V supply)

Table 3.2: Large-Signal Performance Summary

Target Operation Bandwidth (252%0]3%%2
Maximum Output Py 19.4 dBm
P, > 17 dBm 25-40 GHz
P > 15.5 dBm 2540 GHz
Maximum PAE 11.2%
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Figure 3.25: Simulated (dotted) vs. measured (solid) output saturated power and 1 dB
compression points for the balanced PA.
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Figure 3.26: Simulated (dotted) vs. measured (solid) at midband frequency.
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Small-signal measurements correlate nicely with the simulated results, as shown in

Fig. 3.27- 3.29.

Return Loss (dB)
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Figure 3.27: Simulated (dotted) vs. measured (solid) small-signal input return loss.
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Figure 3.28: Simulated (dotted) vs. measured (solid) small-signal output return loss.

260



14

12

10

(o]

Gain (dB)

Measured 4 2
——== Simulated

o 1 1 1 1 1 1 1 0
20 25 30 35 40 45 50

Frequency (GHz)

Figure 3.29: Simulated (dotted) vs. measured (solid) small-signal gain.

3.4 Summary of Completed Work

The SiGe PA presented here achieves a wide operational bandwidth while maintaining
key performance parameters of gain, input/output matching, PAE, as well as linear and
saturated output powers. Without employing distributed-amplifier (traveling-wave-amplifier)
or negative-feedback design techniques, this integrated PA offers a 42% fractional-bandwidth
performance within the Ka-frequency band. The measured results clearly demonstrate the
capability and performance potential of SiGe PAs for wideband, linear power applications in

highly-integrated SoC applications.

3.5 Addendum: Additional Data

Subsequent measurements have been taken at a collector voltage of 1.7 V with the
quiescent currents re-optimized, improving saturated power performance across bandwidth at
the cost of power-added efficiency (PAE). Fig. 3.30 shows the flattening of the P, response
over frequency, providing a max Py, of 19.5 dBm and P, greater than 15 dBm from 24 to
49 GHz. The higher collector voltage also results in a higher maximum small-signal gain of
15.8 dBm. The maximum PAE is 9.3%. Fig. 3.31 presents the small-signal input and output
matching return losses. Fig. 3.32 shows that the output IP3 intermodulation metric is above
20 dBm from 25 to 40 GHz, with a peak OIP3 of 23 dBm.
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Figure 3.30: Ka-band power amplifier biased at 1.7 V. The max P,y = 19.5 dBm, the max
gain = 15.8 dB, and the max PAE = 9.3%.
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Figure 3.31: Small-signal input/output matching with 1.7 V collector bias.

262



25 | | | | | 25
20 120
< o e
T 15F Measurement setup limited to 40 GHz 415
[
oA
g
o 10F 110
5F 15
0 1 1 1 1 1 0
20 25 30 35 40 45 50
Frequency (GHz)

Figure 3.32: Linearity measurement based on output IP3 at 1 MHz offsets. The peak OIP3
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Figure 3.33: Saturated output power vs. collector voltage at midband frequency.
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Finally, Fig. 3.33 shows that even higher output powers are achievable at higher collector
voltage biases. If the collectors are biased at 2.1 V| the balanced power amplifier delivers
21.1 dBm (130 mW) of saturated output power. The increased power comes at the cost of
reduced operational reliability and a degradation of small-signal return loss at the input and

output (not shown).

3.5.1 Design Variations

After the successful demonstration that the Ka-band PAs can be pushed from Voo =14V
design values all the way to 2.1 V, a second iteration of the Ka-band design attempts to
achieve even higher output powers with larger 80 um and 90 um transistors. The Class AB
designs and their matching networks are more aggressively matched for high-power conditions
near Pqp output levels and higher gains, based on the same design techniques outlined
earlier. The external base-biasing resistance is dropped from 40 €2 to 20 2, and many more
MIM capacitors are integrated for even lower impedance references in the quarter-wavelength
resonators (bias-insertion networks).

A sample of the measured performance of a balanced PA based on an 80 um output device
is shown in Fig. 3.34. The amplifier is biased at 1.9 V and offers a peak P, of 20.9 dBm

and a maximum gain of 16.3 dBm.
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Figure 3.34: Output saturated power and small-signal gain from a balanced PA with 80um
output transistors. The peak Ps,y = 20.9 dBm and the max gain = 16.3 dB at
a collector bias of 1.9 V.
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A variation with a slightly larger 90 um output transistor improves on the output power
as collector voltages are raised to Voo = 2.2 V. The layout of the 90 um HBT is shown in
Fig. 3.35. The small-signal gain for the PA is presented in Fig. 3.36. The power optimization
moves the peak small-signal gain center-frequency down to 27-28 GHz while the large-signal

performance still peaks at 33 GHz.

8 um

Emitter
(Ground)

Emitter
(Ground)

to DC Bias
T-Line

Figure 3.35: Ka-Band 90 um output transistor: aggregated power transistor layout. Two
1 x 9 1D arrays of 5 um cells are separated by 32 wm, which is the required
deep-trench separation under the old 8HP local-density rules. For clarity, the
figure only illustrates connectivity, and metal layering is not detailed. The
emitters and collectors are wired up from the substrate to the top-level (AM)
thick metal. The base is wired up to the top-level metal, as well, away from the
power-cell core, to connect to RF transmission lines.

The measured large-signal performance achieves a Py,; = 24.2 dBm @ 33 GHz with V¢
= 2.2V, Pgg = 14.5 dBm, and peak-PAE = 22.3%. The small-signal gain is 14.6 dBm
and has a 3dB-bandwidth from 20.5-36 GHz (55% BW). The design purposely trades off
some linearity in Class AB operation for more output power, as evidenced by the lower Pyp
outputs despite having higher P, values.

Table 3.3 summarized two Ka-band designs: one from the original first iteration and a
design from the second iteration with 90 um output transistor and more aggressive power

matching & bias-biasing resistance at 20 2. The table compares the Ka-band to all other
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Figure 3.36: Sy; (small-signal gain) for the Ka-band second-iteration PA with 90 wm output
HBT.

published silicon PAs during the time of initial publication, including power-combined PAs
and those in CMOS and other SiGe variants.

At the time of their publication, the presented Ka-band PAs achieved some of the highest
output powers at Ka-band without power combining beyond differential operation, and
24.2 dBm is still the highest output-power result for SiGe non-power-combined linear PAs
within Ka-band.

Ka-Band One-Way Linear PA Comparisons: SiGe

Table 3.4 compares the presented Ka-band PA to all one-way linear SiGe PAs near Ka-
band, which includes recent publications. Power-combined SiGe PAs, aside from differential

operation, are not included. Switch-mode SiGe PAs are not included.

Ka-Band One-Way Switch-Mode PA Comparisons: SiGe

Table. 3.5 compares recent research into non-linear, switch-mode PAs (Class E, F/F~1,
and others) near Ka-band. Ounly SiGe-based PAs are included in the table— no CMOS/SOI.

Power-combined PAs, aside from differential operation, are not included in the table.
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Ka-Band One-Way Linear PA Comparisons: CMOS/SOI

Table. 3.6 summarizes recent CMOS/SOI one-way linear PAs near Ka-band. Non-linear
switch-mode CMOS/SOI PAs and power-combined PAs, aside from differential operation,

are not included in the table.

Dot Plots: P,z % Peak-PAE

Table. 3.37 presents a dot plot of reported Pi, for the presented Ka-band PAs as well as
other one-way PAs from 24-45 GHz: SiGe linear one-way PAs, SiGe switch-mode one-way
PAs, and CMOS/SOI linear one-way PAs.
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Figure 3.37: Saturated output power P, for Ka-band one-way PAs.

Table 3.38 presents a dot plot of the reported peak-PAE for the presented Ka-band PAs
as well as other one-way PAs from 24-45 GHz: SiGe linear one-way PAs, SiGe switch-mode
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one-way PAs, and CMOS/SOI linear one-way PAs.
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Figure 3.38: Survey of silicon power amplifiers and their power added efficiency (PAE) for
Ka-band one-way (non-power-combined) PAs. The Ka-band PAs in this work
(and breakout variants) are in red.

The values for the Ka-band SiGe linear, one-way power amplifiers in the dot plots are
quoted from [24, 25, 25, 27, 41, 43, 73, 141-148].

The values for the Ka-band SiGe switch-mode power amplifiers in the dot plots are quoted
from [44-46, 50, 149-152].

The values for the Ka-band CMOS/SOI linear, one-way power amplifiers in the dot plots
are quoted from [28, 35, 158-169].
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Chapter 4

Design Extensions and Future Work

This chapter presents a designed and measured full-integrated 3 x 3 power-amplifier array
based on the W-band PA presented in Chapter 2. The latter part of this chapter outlines

areas of future research opportunities for improving the mmW SiGe linear power amplifiers.

4.1 Design Extension: W-Band 3 x 3 PA Array

An extension of the W-band power amplifier design has been implemented into a 3 x 3
array of W-band power amplifiers. The W-band PA presented previously in Chapter 2
has been successfully integrated into a fully-integrated 3 x 3 wafer-scale quasi-optical
spacial power-combining system [9]. The work has been done in collaboration with Yusuf
Atesal, Berke Cetinoneri, and Ramadan Alhalabi at Univ. of California, San Diego, with
Prof. Gabriel Rebeiz. Y. Atesal & B. Cetinoneri added and re-tuned an additional 4th
input-driver gain stage to the W-band power amplifier, designed RF input/output and DC
distribution/combining networks, and completed lab measurements of the 3 x 3 array. R.
Alhalabi designed the microstrip-on-quartz antennas that are aligned & bonded to the SiGe
chip with PA and antenna feeds.

This section focuses on matters pertaining to the standalone W-band PA integration
into the wafer-scale array and only shows selected measurements results of the collaborative
work. More technical details regarding the RF distribution, antenna design, and pattern
measurements can be found published in [9].

The prior W-band PA work presented earlier is used as the basis for the PA elements
within the 3 x 3 PA array operating at 94 GHz. The previously presented W-band design
W2, centered at 94 GHz, is the PA element used within the array. A fourth common-emitter
gain stage is added to the W-band PA element in order to increase the overall system gain.
A separate 15 dB 4-stage medium-power (6 dBm) input-driver amplifier is adapted from the

PA element and optimized for lower output powers.
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Fig. 4.1 presents the schematic of the W-band PA with additional common-emitter input
stage. The extra gain stage uses an additional 2 X 5 um = 10 um aggregated unit-cell
transistor with matching networks re-optimized for small-signal gains. The additional gain

stage follows the same unit-cell approach and re-uses unit-cell elements.
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New early versions of the improved HICUM, high-current HBT models became available
and allowed re-centering and re-optimization of design values based on improved transistor
modeling. Measured W-band PA data from Chapter 2 has been included in the overall design
optimization, as well.

The 48 mm? SiGe chip integrates multiple 4-stage PAs, integrated active-bias circuits, RF
power distribution networks, DC distribution networks, and antenna feedlines. The SiGe chip
is then bonded to a separate quartz substrate with an array of antennas. Fig. 4.2 presents
the chip photomicrograph of the fabricated 3 x 3 PA array in GF SiGe 8HP.

Microstrip antenna

alignment mark Microstrip antenna feed

on AM layer R-C .
decoupling

3x3 wafer-scale
power amplifier e—pp
(7.3x6.6 mm?) -
Driver
Amp.

RF
Input

1:3 passive row

distribution network
power amplifier

'w Driver 1

-3dB
Wilkinson

column distribution

2:1 Unequal
network

Wilkinson

driver
2:1 Unequal -3dB
§ Driver 3 Wilkinson Wilkinson

Figure 4.2: Photomicrograph of implemented 7.3 mm x 6.6 mm SiGe chip: 3 x 3 PA array
without antenna substrate

The integrated array avoids on-chip output-combining losses in silicon by combining the
PA output powers in free space via a quasi-optical power-combining array: spatial power
combining using integrated antennas. Power-combining efficiency is important in keeping

the total chip power dissipation within electromigration and thermal limits. Planar on-chip
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power combining suffers from large combining losses for 816 elements or more because of
the limited on-chip Q of RF passives at mmW frequencies.

The RF input signal is distributed across the PA array using Wilkinson couplers and
shielded transmission lines. The RF input power is split equally into three branches using a
combination of unequal 2:1 Wilkinson dividers and equal Wilkinson dividers, as illustrated in
Fig. 4.3. Total interconnect loss from transmission lines and Wilkinson dividers are equalized
among the 9 array elements. PA elements with one fewer Wilkinson divider have longer
transmission feed lines, which equalizes the total RF signal loss. An active 15 dB driver
amplifier is embedded within the divider network to compensate for the losses in order to

provide -3.5 dBm input power into each of the 9 PA elements.

Equal Wilkinson G:15dB
* Psat: 12-13 dBm

G=15dB

RF %
-2.5dB
Input * 33.5-35dBm
EIRP
-;:I :30 y-5.5dB
+ m '-D-'
Unequal Wilkinson P1:21.5-23 dBm

(max. power)

33.5-35
dBm EIRP

21.5-23 dBM pptenna Directivity: 15.5 dB
Antenna Loss: 3.5£0.5 dB
Antenna Gain: 12.0%£0.5 dB

Figure 4.3: Block diagram of 3 x 3 W-band PA array: all elements except the microstrip
antenna are implemented within the same SiGe chip & substrate. The feed-probes
for the microstrip antennas are integrated within the SiGe chip.
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Fig. 4.4 illustrates the SiGe on-chip powers throughout the RF distribution network.
Active gain amplifiers, derived from re-optimizations of the output-PA element for lower
output powers, are used to overcome power-splitting losses. The final RF input power to

each 3 x 3 PA element is equalized throughout the array.

rows 1&2 -3 dB -
Wilkinson G{E\dB

RF :

nput a ~___-25/55dB . .o
<“— Wilkinson :

0dBm — .,

+3.8
-3.5

Driver 3 -
G=15dB 1.7 |-3.5 I +11.5
)

. ) o
All un-labeled units in dBm 9 elements 3x3 ant.

+9.5dB 12 dB

Figure 4.4: RF distribution networks within the PA array chip with active amplifiers to
overcome power-splitting losses.

The outputs of the power amplifiers are combined quasi-optically in free-space using
an array of antennas rather than on-chip power-combining techniques. Input combining
losses can often be overcome with higher gain driver amplifiers to ensure power amplifier
output stages are fully in saturation, but losses at the output of a power amplifier directly
affect the attainable maximum output powers. Planar power-combining techniques within
silicon are large & lossy at W-band, so on-chip output-power combining techniques such as
Wilkinson combiners and transformers face challenging RF losses. These on-chip techniques
also consume large areas, and power handling for large arrays of PAs becomes especially
challenging as metal lines must scale considerably to be electromigration compliant while
avoiding RF interconnect losses.

The output power combining is done in the quasi-optical domain with high-efficiency
microstrip antennas integrated in a separate substrate bonded onto the SiGe chip. The
microstrip antenna feeds are fully integrated on-chip as done in [175, 176]. Quasi-optical
power combining in free space results in nearly perfect spatial power combining, not including
the microstrip patch antenna-feed and antenna losses.

Fig. 4.5 shows the photomicrograph of the bonded quartz substrate onto the SiGe die.

The antenna elements are spaced 0.6 x A\g = 1.9 mm apart at 94 GHz. The microstrip
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Figure 4.5: Photomicrograph with the top-view of the combined 3 x 3 antenna array bonded
to the SiGe chip W-band PA array below.
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patch antennas reside on a 125 wm-thick quartz substrate that is electromagnetically-coupled
to the PA outputs. The antenna feed on top-layer AM metal of the SiGe die couples via
fringing-field to the microstrip patch antenna, and no openings or vias are required on the
SiGe chip or quartz substrate for the feed. The RF global ground plane (on layer MQ) on the
SiGe chip also acts as the ground plan for the SiGe-integrated feed as well as the microstrip
antenna on the quartz substrate.

The spatial power combining of 9 PA elements leads to an equivalent power gain of
10logyo (9) = 9.5 dB over a single PA element. A total of 21-23 dBm is available on-chip
to feed the subsequent microstrip antenna array. The output-combining efficiency is 45%,
including the antenna losses. The measured radiated power effective isotropic radiated power
(EIRP) of the entire PA array is 33-35 dBm at 90-98 GHz.

Fig. 4.6 presents the measured E-plane and H-plane array patterns at 94 GHz. The
measured 3dB-beamwidth is 28° at 94 GHz. Cross-polarization levels are below 25 dB between
the E-plane and H-plane at 90-90 GHz. The measured patterns demonstrate that all 9 array
elements radiate in-phase in a single mode, and coherent summing is successfully achieved in

the spacial domain.

-,

94 GHZ g u e . N

— E-plane {. Np-i 4
— ——H-plane

bbbl 4

90 270

-20 -10 0
Figure 4.6: Measured E-plane and H-plane array patterns at 94 GHz with 28° 3dB-beamwidth.

Fig. 4.7a shows the measured EIRP of the antenna array versus array input power at
94 GHz over different PA collector voltages for two separate array assemblies. The input
power P, is the power into the SiGe chip. The slope of EIRP versus input power is the
free-space gain of the system, plotted in Fig. 4.7b. The free-space gain is composed of the
+15 dB gain input-driver amplifier, +15 dB gain PA element, +12dB gain antenna gain,
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-9 dB Wilkinson divider and transmission-lines (combined losses). (The on-chip small-signal

gain from array input to total-die-power output is 21 dB, which includes on-chip losses.)
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Figure 4.7: (a) Measured array EIRP versus input power at 94 GHz. (b) Measured quasi-
optical array gain at 94 GHz for two different quartz-bonded (antenna) SiGe
dies.

Fig. 4.8 plots the measured EIRP response for the PA array over frequency over different
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PA collector voltages for two separate array assemblies. Measurements are limited by source

power below 89 GHz and above 99 GHz.
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Figure 4.8: Measured array maximum EIRP versus frequency for two different quartz-bonded
(antenna) SiGe dies. Measurements above 99 GHz and below 89 GHz are limited
by the available source power in the measurement setup.

Table 4.1 summarizes the key measurements for the W-band 3 x 3 PA array (with
antennas). This work demonstrates the first wafer-scale power amplifier array in 0.12 pm
SiGe BiCMOS technology. The PA array operates at 2.0 V with 1.6 A currents, and the
output power from the 9 PA elements on the SiGe die is 21-23 dBm at 90-98 GHz. The
21-23 dBm power is fed into the bonded microstrip antenna array. The radiated power
from the antenna array is 17.5-19.5 dBm from 90-98 GHz. The effective isotropic radiated
power (EIRP), which includes the antenna array-pattern gain, is 33-35 dBm (3.16 W) from
90-98 GHz. (EIRP measurements above 98 GHz are limited by the available source power of
the measurement system.)

Table 4.2 compares the W-band PA array work with other quasi-optically combined arrays
in different technologies and power-combining structures.

The integrated SiGe PA array is a highly scalable design, and integrated antennas eliminate

significant losses from mmW transitions that would otherwise be necessary. The total output

1

Pradiated
2EIRP is not applicable in waveguides. These entries are marked as NA in the table.
32-FETs per cell
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Table 4.1: 3 x 3 wafer-scaled PA array measured results.

Parameter Measured Value

EIRP 33-35 dBm @ 90-98 GHz

P on-chip 21-23 dBm @ 90-98 GHz
Pradiated 17.5-19.5 dBm @ 90-98 GHz
S11 -10 dB @ 84-105 GHz

Bias Conditions 166 AQ@2V

PAEon-chip 5.0-5.8%

PAEadiated 2.25-2.6%

Power Combined Efficiency

100% (45% with antenna loss)

Table 4.2: Comparison of quasi-optically combined arrays

Authors (P(;rI?I(;) Tech POI’\V/F;‘t}?OOdmb. #Elements (rrfl)\t;\f) Ez{;.{)P
This Work [9]  90-98  SiGe Antenna/RFIC 9 (3 x 3) 901 3.16
Hacker [177) 93 InGaAs  Grid/Waveguide 196 (14 x 14) 684 NA2
Chung [178] 79 InP Grid/Waveguide 64 (8 x 8) 264 NA
Gouker [179] 44 GaAs Antenna/Hybrid 256 (16 x 16) 5,900 11,570
Liu [180] 40 GaAs Grid/Space 36 (6 x 6) 670 NR
DeLisio [181] 30 GaAs Grid/Waveguide 242 (11 x 11)3 23,000 NA
Hubert [182] 29 GaAs Antenna/Hybrid 36 (6 x 6) 8,000 NR

283



power scales directly with the number of elements N while EIRP scales with N2. The design
is scalable in silicon and allows for very large wafer-scaled designs greater than 200 mm in
diameter. Increasing the number of elements beyond 64 results in watt-level on-chip mmW
powers at 94 GHz that is competitive with traditional III-V solutions at much lower costs.
Integrating additional amplitude and phase control on each PA element results in a transmit

phased array capable of beam steering with adjustable sidelobe levels.

4.2 Future Work

This section discusses research opportunities for future work in mmW power amplifiers
within the same SiGe 8HP 0.12 pm foundry technology.
Some immediate items can be addressed with access to necessary measurement equipment

or additional wafer samples of the PA designs.

e Measure the PAs fully differentially with differential-input drive and differential output
load.

e Measure small signal IP3 at W-band as well as large-signal linearity with a digitally-

modulated wideband waveform with significant AM envelopes.
e Fully characterize the performance of the PAs over temperature.

e With more available source power at W-band, fully compress PA designs to obtain Piqg

and P, at higher frequencies.

e Characterize the RF performance shifts over multiple wafer samples to detail the

tunability of the PA over process via the bias-tuning provisions.

e Obtain more refined custom models of the HBT thermal coupling with more parts from

different wafers to expand the sample size.

e PAE can be further improved by reducing the quiescent bias currents in the bias circuits,
particularly those of the first two stages. Transistor widths of the Q1 and Q2 input
stages can also be reduced, which leads to reduced quiescent bias currents while still
biased near peak-ft current densities. Gain and bandwidth can be recovered, as well,
from reduced impedance transformation in the matching networks because of higher

impedances presented by smaller HBTs.

e The experimental W5 and W6 designs with MOM capacitors above 100 GHz need to

be re-tuned to recover gain and efficiency. All quarter-wavelength resonators should be
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shortened to raise the center frequency. The self-resonant 440 fF MIM capacitor should

be reduced in value to re-center the design more.

Several opportunities for design optimization still exist for the PA designs to increase
output powers and efficiencies within the same technology, GF SiGe 8HP, and without
complete re-design of the circuits. At W-band frequencies, at which the PA designs are
significantly limited by available gain, general improvements in RF performance can be made
by increasing the gain of PA stage, which can be achieved by decreasing passive losses and

by optimizing the HBT matching.

e As demonstrated, the W-band PA design approach in common-emitter configuration
is useful for generating significant linear mmW output powers up to a frequency of
approximately 0.45 x fr, after which HBT gain limitations prevail. Beyond this
frequency, the effective gain of a common-emitter stage nears just 3 dB/stage. To push
the linear common-emitter design to even higher frequencies, losses must be reduced—
gain recovered— or designs need to move to more advanced technologies with higher

transistor gains at 90 GHz.

e The Ka-band can be significantly improved by applying new dense 2D, overlapping-DT
unit-cell packing in the aggregated power-cells at Ka-band. Significant gain can be
recovered from wiring parasitics, leading to improved efficiencies and PAE. Unlike
W-band densely-packed cells, the very large Ka-band power-cell transistors (e.g., 90 um)
may require re-visiting thermal-stability from mutual thermal coupling and emitter

ballasting resistances.

e The latest HHICUM models are much improved over the early VBIC HBT models,
allowing further design optimizations at higher collector voltages and currents. Rather
than being limited to 1.7 V design optimizations, the PA can be tuned in simulations

at 2.3 V, which can provide improvements in PAE and output powers.

e Additional gain can be recovered (around 0.6 dB) by creating even lower loss, higher Q)
inverted Mssy base-feed transmission lines. By decreasing the losses of the characteristic
base-feed transmission-line, the input impedance of the quarter-wavelength resonator
is higher, which decreases the loss associated with using the resonator, especially at
the base of Q1, which has the highest node impedance at 20 2. Overall bandwidth of
the PA will improve, as well, since a lower loss base-insertion feed will result in larger

impedances for wider bandwidths.

There are two primary means of reducing the My, losses: (1) much wider lines and

(2) M1 RF ground shield from the lossy substrate. Using wider lines requires allowing
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the structure to be heavily cheesed (up to 50% local density), and the characteristic
impedance of the line drops, as well, which goes against achieve higher resonator
impedances, but there is an optimization possible between the parameters. Adding
an M1 (lowest metal) ground shield will also drop the characteristic impedance of the
line, but reduce the losses caused by inducing eddy currents in the lossy substrate. The
complication is that M2 sits only 0.35 um from M1, so M2 would likely need to be

dropped from the base-feed stack in favor of a wider M3, transmission-line structure.

The MIM capacitor = 7-10 is a severe limitation for W-band PA designs, and it is
the limiting component for resonator losses and matching-network losses. Using MOM
capacitors exclusively can boost @) to 20-30 at 90 GHz, but layouts must be re-worked
to account for devices that may be 10x larger in area. If more elements are added to
the matching-network in order to lower Q);n for even wider bandwidth response, MIM
capacitor values tend to increase, which becomes problematic for MOM capacitors and

their very low 0.1 fF/um? capacitance density.

Vertical-natural capacitors (VNCAP), are available in more advanced processes with
more complex metal stack-ups in the BEOL, offer an excellent solution. They are
densely, closely-separated, interdigitated fingers made from stacked metals that can
provide up to 1.2 fF/um? of capacitance, which is as much as the 8HP MIM capacitor.
The VNCAP is high @ like the MOM, but much higher in capacitance density. Although
still not as compact as a MIM, the VNCAP is much more practical than the single-layer
MOM, and enables W-band designs to reduce losses significantly. The VNCAP is
not currently available in 8HP, but future BEOL changes in S8HP could enable the

much-needed device.

With higher MIM ) components, available either by future process improvements of
the MIM or availability of the vertical-natural capacitor above, matching networks can
be made more wideband for even PA higher bandwidths. The current W-band PAs have
small-signal & large-signal 3dB-bandwidths around 20% while the Ka-band designs
have 3dB-bandwidths from 40-50%. The current designs use only 2-element matching
networks to avoid losses from the MIM capacitor, but improved MIM () enables more

complex networks without penalties in matching-network transducer losses.

New dual-MIM capacitors in the 8HP back-end-of-line process improvements allows for
3x the capacitance density (3.1 fF/um? of the single-MIM capacitor used in the PA
designs. The higher capacitance density allows for even larger capacitance bypass on

chip, making the wideband bypass array even more effective with very large capacitors
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within the structure.

2nd harmonic terminations, currently < 2 2 at W-band, can be made even lower for
greater harmonic rejection. Lower impedance terminations at 2f, can be achieved
by using even wider collector lines, beyond what is required for electromigration
compliance, and additional MIM capacitors in the wideband bypass-capacitor array.
The optimizations would allow for improved PA efficiencies with gain compression in

Class AB operation.

The differential PA can be made truly differential with common-mode rejection char-
acteristics by decoupling the AC and DC grounding at the plane of symmetry, as
discussed in Section 2.4.2. Creating common-mode nodes with only virtual AC grounds
or common-mode nodes with emitter-degeneration inductances achieves true common-
mode noise rejection, and even-ordered distortions are cancelled in the differential

operation, improving overall linearity.

The area consumption can be reduced by folding and bending the top-level AM
transmission lines to be more area efficient. The new 3x density dual-MIM capacitors
in 8HP shrink the area of the 16 wideband capacitor bypass arrays (or 8 in the half-PA).
The shared large ground area between the two PA-halves is currently limited by the
RF input/output pads and external probe configuration. This large ground area can be

shrunk considerably in transmitter-integrated designs.

Side shielding can be implemented on the base-feed quarter-wavelength transmission
lines (Mas4) so that the layout can be even more compacted. A shielded inverted tub
structure can be formed by adding grounded M2, M3, and M4 stack that connects to
the MQ RF ground plane and runs along the Mys, transmission line on each side, much

like the top-level AM transmission lines, but underneath the RF ground plane.

New advances in the back-end-of-line processing has made through-silicon vias (TSVs)
available to the 8HP process recently. T'SVs can help reduce local grounding parasitics
and improve thermal wicking of heat near the power-cell transistors. TSVs may be
particularly helpful in converting the pseudo-differential to a truly differential one with

common-mode rejection, as discussed in an earlier point.

ESD diode clamp can be added to the DC bias pads for full ESD compliance. The
shunt shorted transmission-line stubs at the immediate inputs and output of the PA
make the RF 1/O ESD compliant already, and the rest of the DC pads can be brought

into compliance easily without affecting RF performance.
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e Linearity is an important metric to characterize and measure since large-signal linearity
simulations of high AM-envelope signals in PA compression (high output powers) are
not very accurate due to modeling limitations of the HBT at voltage and current
extremes, especially at 90 GHz. Optimizing a PA and any supporting system-level

linearization structures for linearity performance is especially difficult.

Measuring the large-signal linearity (not just small-signal two-tone linearity) aids in
understanding all tradeoffs with gain, PAE, output power, and compression-point
characteristics. Large-signal linearity based on real digitally-modulated waveforms, in
particular, is not captured well by the HBT models, so measurements are necessary,
which is difficult from an instrumentation and measurement-technique standpoint at
W-band.

e New electro-thermal co-simulators and models are being developed for silicon processes.
As these become available and mature, optimal custom layouts for aggregated transistors
can be done in the simulator along with EM simulations. Electro-thermal-EM co-
simulations would provide many HBT power-cell optimization opportunities without
having to iterate multiple fab turns for characterization, which is non-trivial in terms

of lab measurements.

e Foundry-supplied EM substrates, along with advanced simulators and ever-increasing
compute capabilities, are now able to include complex process tolerances into EM
simulations. Previously, only pre-computed compact SPICE models of scalable stan-
dard cells had this capability in passive devices. Having physical tolerances modeled
in an EM substrate file (metal thicknesses, dielectric thicknesses, sheet resistances,
bulk resistivities, dielectric losses, etc.) allows EM designs at mmW frequencies to
simulate exactly how process tolerances will affect custom EM structures. Although
the advanced capabilities are currently not available in 8HP, the general trend in new
analog/RF/mmW processes is to include such EM-substrate modeling in the design
kits.

e CAD compute power has steadily increased, and EM simulations that used to take a
week now take minutes. The increased compute and RAM capabilities enable finite-
element method (FEM) simulator to be used more often to model structures that
significant 3D aspects to them (e.g., stacked-metal transistor-grounding structures and
MOM capacitor leads). Planar method-of-moments simulators have difficult accurately

modeling structures with vertical distributed-current components.

e With all possible improvements in the PA design at W-band, additional gain can be

288



recovered (at least 1 dB). This allows sizing the output transistor larger for even more

maximum output powers from a single PA element.

e Finally, once optimizations in the current design approach are fully realized, new
topologies such as cascode output stages and stacked transistors offer opportunities
to push output powers another > 0.5 dB higher. Many of the design approaches and
techniques presented in this work can also be applied to other topologies and different

silicon technologies across a wide frequency range.

Advanced processes bring the benefits of improved passive components: for example,
more complex metal stackup with more layers (up to 15 currently) and higher @) capacitors.
Additionally, fabrication technology improvements result in higher tolerances for all structures
devices, which is critical for practical mmW designs. All models, passive and active, tend to
improve with process-technology advancements. Finally, the cost of developing larger circuits
in better technologies always goes down with time.

As technology continues to improve and push higher fr and fyax devices, transistor
breakdown voltages BVogo will continue to decrease, as well, so the approaches presented in
this work can be applied as SiGe technology advances and even higher frequencies & output

powers are sought.
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Appendix A

Additional Equations

Harmonic Analysis for Reduced Conduction Angle Operation

When the quiescent current of a device is biased below Class A operation, the conduction
angle is reduced and harmonic components are generated. Equations describing collector
currents and their harmonic content over different conduction angles and amplifier classes of
operation can be written. The harmonic content of the current waveform can be derived as
follows [63].

Let a be the conduction angle and I,,,,, be the peak current. Assuming the peak current
is maintained at I,,,, as quiescent current is reduced, the DC component of the current is

given by

1 (2 Ly
Ipc = Py /a/2 T cos(a/2) (cos(0) — cos(a/2)) db (A.1)

and the nth harmonic of the current is given by

1 [ I
ho=1 / Tty (co(0) — costa ) con(nt). (A.2)

Simplifying the expressions above for the DC and fundamental components of the current,

Inas  2sin(a/2) — acos(a/2)

ITne = A3
be= "o 1 — cos(a/2) (A.3)
7 o

7, = Imas a — sin(a) | (A4)

21 1 —cos(a/2)

MSG & Rollett Stability Factor
Rollett stability factor based on transistor two-port S-parameter data [104]:
_ 2 _ 2 2

o — L= 1Sul” =[Sl + |A] (A5)

2‘512521|
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A = 51152 — S12521 (A.6)

Maximum stable gain (MSG), defined when K < 1:
B |1 |
MSG (dB) = 20logy, | 10— (A7)
Noise Figure

Noise figure is given by

Using the gain method, the system noise figure can be calculated as follows:

Total Output Noise Power

(A.9)

sys

B Output Noise Power Due to Input Source Only
Pcold

" 2kT - BW - Gaing,,

(A.10)

The denominator is multiplied by 2 because both the upper and lower sideband of input
source noise is downconverted into the measured IF band. k7T (in dB) = —174dBm/H z.

Using the Y factor method, the system noise figure can be calculated as follows:

ENR

Prot
(gt —1)

Fsys = (Al].)

DUT noise figure can be de-embedded for a cascaded system, A - DUT - B, as follows:

Fpyr —1 Fp—1
F,,=F : , , A.12
Y At Gaingy GaimmsGainpyr ( )
s —1
F = Gainy(Fyys — Fy) — — +1 A.13
DUT aina(Fgy A) Gainpor + ( )
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Appendix B

2-Element Matching: Complex Load to Complex
Source

Fig. illustrates the configuration for presenting a matched load to a complex source

impedance Z; with a 2-element L-matching network consisting only of a reactive series

transforms the complex load impedance Z to Z;y = Z7.

impedance Zgeries and a reactive parallel impedance Z,aane1. The 2-element matching network
Zin Zseries = J Xseries
|_' 1

, —
Z; =Ry +jX; Zparallel = Xparallel Z;=Ry+jX;

Figure B.1: Two-element L-matching network with complex-load and complex-source
impedances.

Expressing the complex impedances with their resistive (R) and reactive (X) compo-
nents [111],

Zy =R +jX4
Zy = Ry + j X3
Zseries = szeries

Zparallel - jXparallel'

The input impedance presented to the source is given by Zseries + (Zparanel || Z2) or

Zparallel ZQ (B 5)

A

ZIN - Zseries + .
parallel + ZQ
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By setting Z;y = Z7, the series and parallel impedances can be calculated as follows:

Xseries = - (Xl + RlQ) (B6)
Xox R

Xparallel - 3{2 2Q (B?)
B

Only one unique solution of Xeies and Xparanel Will provide the desired configuration.

The loaded quality factor Qoageqa for the resulting matching network is given by

oaded — __1 . B8
Qloaded \/ +R1R2 (B.8)

Taking the specific configuration used in the Ka-band and W-band power amplifiers,
all the matching networks use a series capacitor and a parallel inductor (shorted-circuit
transmission-line stub). Using a capacitor for the series component and an inductor for the

parallel component, the required capacitance and inductance values are now given by

1
- - B.9
27-‘-.]l‘O‘Xvseries ( )
X arallel
L =22 B.10
27Tf0 ( )

For the input and output matching networks, the load Z5 is purely resistive (50 ). If
Zy = 50 €2, then Ry = 50 €2 and X, = 0. In this case, the expressions for Qioaded and Xparalel
simplify, with the assumption Ry > Ry, to the familiar

R
Qloaded = Ei -1 (Bll)
R
Xparallel = Q] z d- (Bl?)
Xeries follows from the relationships
Rparalte
Qloaded = Ql,series = Ql,parallel - };—Hl —1 (Bl?))

where the loaded series @) series 1S defined look into Xgeries & R; in series; and the loaded

parallel Q1 paraner is defined as looking at only Ry & Xjaraner in parallel.

Xseries Xseries

series — - B.14
QL Rseries Rl ( )
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Rparallel R2

Ql,parallel = = <B15)
X parallel X parallel

Finally, Xgeries 18

R aralle
Xseries - QloadedRseries = Rseries Rp 'H - 1 <B16)
R
Xseries = Rl =2 1 (B17)
Ry
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Appendix C

VBIC vs. HICUM HBT Models

Fig. C.1 compares the DC-IV curves between the older VBIC HBT model and the newer
HiCUM HBT model for the 5 um unit-cell device. Identical biasing conditions ranges are
applied for both models with the same forced base-current range and Iz steps. The VBIC
model predicts higher currents than the HHCUM model.

25-llll|llll|llll ---|_25
20} - 20
T :
> I .
2 15 -115
s [ ]
s [ .
(@] - -
5 10 - 10
§ 1
§ [ ]
5 -15
0 ||||||||||-o
0 1 2 3 4

Vce (V)

Figure C.1: DC-IV comparison for 5 pm npn HBT with newer HICUM model (red) and older
VBIC model (blue). The HBT is biased with an ideal current source with the
same range and current-steps for each model.

Fig. C.2 illustrates the maximum available gain (MAG) for the implemented aggregated
40 um power-cell HBT at 90 GHz. The older VBIC transistor model simulates 0.6 dB more
gain near peak- f7 collector currents of 60 um. The HiICUM model should be more reflect
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hardware more accurately at higher current densities. VBIC predicts a higher maximum
available gain (MAG) than the HICUM model. The roll-off of MAG from the Kirk effect is

much steeper with increasing current in the HHCUM model.

17

VBIC .

6 -16
5 qs
34 -4
9 ]
s 3 -13
2 q:2
10 91
0||||||||||||||||||||||||||||||| :0

0 20 40 60 80 100 120 140 160 180 200

Collector Current Ic (mA)

Figure C.2: Q3 40 pm maximum available gain (MAG) @ 90 GHz vs. collector current I
for Voo = 1.7 V: HICUM (blue) and VBIC (red) transistor models.

In general, the VBIC and HiCUM modeling is the most accurate for smaller devices
around 5.0 um. The model parameters are likely extracted, fit, and optimized to smaller
transistors and scaled up for larger ones. Foundry measured-versus-modeled data shows that
the original VBIC model for SiGe npn HBTs is most accurate for 3-6 um emitter lengths
in the peak-fr npn HBT devices [77]. Beyond 6 um, the modeling accuracy of both DC
characteristics and fr deteriorates, impacting IV curves and RF parameters such as gain and
output matching. The measured foundry data also shows that both the VBIC and HiICUM

small-signal S-parameter models suffer reduced accuracy above 60 GHz.
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Appendix D

Common Emitter vs. Cascode Topology

This section compares the chosen common-emitter topology with the cascode-amplifier
topology along with challenges, advantages, and disadvantages of each configuration for mmW
PAs. Although the cascode configuration is not used in any of the presented PA designs,
understanding the benefits and limitations of the circuit highlights the some key benefits of
the chosen common-emitter topology.

Fig. D.1 depicts a cascode configuration with ideal inductive biasing. The cascode consists
of a CE stage followed by a common-base (CB) stage. When comparing cascode to CE, the

cascode topology should be considered a two-stage amplifier with coupled currents.

Vec
VBZ § RFC
RFC | — RI:out

K Qcs

i

RFC

RFin (o, K QCE

Figure D.1: Cascode topology (CE + CB) with ideal inductive, RF-choke (RFC) biasing.

A cascode amplifier acts as a two-stage amplifier: common-emitter (CE) to common-base

(CB) amplifier. The input common-emitter stage Qcg provides the current gain and low
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voltage gain while the following common-base stage Qcg provides the voltage gain and low
current gain. Voltage gain of the bottom HBT is low, which reduces the effective Miller
capacitance, which is the voltage gain multiplied by the collector-base capacitance (A, x Cop)
seen at the input of the CE transistor. Current gain is set by the CE stage while the voltage
gain depends on the resistance presented to the collector of the CB output. The base of the
CB stage is AC-grounded, ideally, so the collector voltage and emitter voltage of the CB
transistor are held nearly constant. Thus, the CB stage presents a low-impedance load to the
collector of the CE stage.

The cascode offers higher collector voltage operation and higher output-collector breakdown
voltages as well as the possibility for higher optimal output impedances. The cascode can
also offer additional bandwidth improvements since the Miller effect on the collector-base
capacitance of the input common-emitter transistor is greatly reduced because the voltage
gain is only ~ 1 V/V. The upper, common-base device— the cascode recovers the gain by
being primarily a voltage-gain stage.

The cascode configuration can, ideally, offer higher gains at 90 GHz compared to two
common-emitter (CE) stages, but RF/AC grounding challenges, which are extremely layout
dependent, will reduce the achievable gains in W-band. Base inductive & resistive degeneration
in the cascode transistor and additional emitter degeneration in the lower cascode transistor
will impact the achievable gains since grounding this terminal is non-trivial within W-band.
The cascode stage can be more difficult to stabilize on-chip at low frequencies since gain can be
extremely high and associated biasing networks are more complicated than a common-emitter
stage.

The CB base node suffers from base degeneration. Ideally this node is a perfect AC ground
at 90 GHz. Any wiring inductance or resistance adds to base degeneration. At 90 GHz, the
MIM @ is only 7-10, resulting in unwanted base degeneration. Moreover, capacitors cannot
be so large (> 500 fF) that they operate past resonance and add additional degeneration
inductances.

In the cascode, both the CB output collector metal interconnect and the CB emitter
metal interconnect, which connects to the CE collector, must be electromigration compliant.
This necessitates wiring to top-level AM metal for both CB emitter and collector. The
common-emitter configuration faces the same constraints with the emitter and collector, but
the emitter can be simply grounded to a ground bus that pulls over the transistor array and
connects to large global DC/RF grounds surrounding the HBTs. The common-emitter base
node is pull out using lower level M2, M3, and M4 copper lines. In the common-emitter
topology, these base feedlines do not need to be low RF impedance as in the case of the

cascode CB base wiring. Whatever means of AC-grounding the CB base must deal with

299



the additional resistance and inductance of the base lines that subsequently connect to an
AC-shorting device such as a MIM capacitor.

The common-emitter configuration does offer some key benefits in its simplicity

e In contrast to the cascode, the common emitter (CE) is the simplest transistor amplifier
configuration to bias and ground. The emitter is both AC and DC-grounded to the
global chip ground without additional bypass capacitor elements. This allows simple,
low-inductance grounding schemes to minimize inductive & resistive degeneration.
Compared to common base (CB) and cascode topologies, common-emitter has no
additional AC grounding required at any of the other terminals. Additional AC-
grounding in the CB and cascode topology is necessary at the base with RF bypass
capacitors while a CE ground is a true DC & AC ground. At 90 GHz, low impedance
RF shorts are difficult to achieve, and there are fewer parasitics associated with the

simple CE grounding scheme.

e Having independent current & voltage bias fine-tuning provisions in the common emitter
stages is more flexible than tuning the coupled & stacked common-emitter and common-
base stages in the cascode, which share both current and voltage biasing for both
transistors. Comparing a two-stage common emitter to a cascode, the common-emitter
configuration allows more biasing freedom to tune and adjust the DC biasing points in

order to tune the RF responses of the two stages indepdently.

e BVpo is the ultimate collector-to-base breakdown voltage limitation in a single high-
performance npn HBT in any circuit topology, common emitter or common base.
By having extremely low external base resistances, the common-emitter operational
breakdown voltage BVcgr can still approach the common-base (and thus cascode)

voltage and power limits of operating at BVggo = 6.0 V [183].

e The common-base (CB) stage is not as linear, inherently, as common emitter (CE)
from an intermodulation (IM) standpoint. Under power matching conditions, the CE is
more linear than cascode and CB [184, 185]. In the common-base transistor, nonlinear
collector-base capacitance dominates the nonlinearity at high current densities while
avalanche multiplication dominates at low currents [186]. Since the common-emitter
topology does not contain a common base stage, the CE results in much higher linearity,
e.g., as compared in [187] for an envelope-tracking transmitter architecture for WiMAX

polar transmitters at 2.4 GHz.

In W-band simulations, the cascode topology does not offer appreciable advantages in

maximizing output power in simulations after non-idealities are considered— base degeneration
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from AC-grounding limitations on the cascode CB-transistor base and inter-cell wiring
parasitics. The maximum output power is approximately 0.5 dB higher, but the design
is considerably more difficult to tune on the measurement bench since the voltages and
currents of the CE and CB transistors are tightly coupled. The design approaches in the
presented common-emitter PA are still applicable to cascode configurations, however, and
both common-emitter and cascode are valid, proven configurations in mmW power amplifiers

with different merits and challenges.
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Appendix E

Metal Density Limitations

GF 8HP (and many other advanced silicon processes) features copper metal interconnects,
and the copper IC fabrication process requires local-density requirements for process uniformity
within the copper layers. The 8HP process requires mandatory auto-cheesing and auto-filling
of copper layers M1, M2, M3, and M4 on mmW design. Cheesing and filling are required to
ensure planarity of the copper metal layers in the copper damascene process. 8HP designers
have no control over the automated process, which presents challenges in modeling mmW
structures. At best, structures can request reduced filling or cheesing under or around
critical structures, but cannot eliminate the fill or cheese altogether. The cheese & fill impact
the accuracy of simulated EM models, in particular. Informal estimates by the foundry
approximated that fill & cheese would affect EM modeling with shifts around a 3-4% percent
above 30 GHz.

All copper layers within 8HP receive auto-generated (by the foundry) copper fill and
holes (cheesing) in order to create uniform copper pattern densities in each layer for proper
planarization during the copper formation and etching processes. The 5 lowest-level metals
(closest to the silicon substrate) are made from copper: layers M1, M2, M3, M4, and MQ.
These layers have automatic fill generated to meet minimum density requirements for planarity
in the copper damascene process.

The mandatory cheesing— local-density reduction of copper metals with holes— of wide
copper metals reduces the effective linewidth by 30% (for wide lines under 50 wm and 52% for
lines over 50 um. With special requests, the fill can be reduced down to 8% around critical
structures like inductors, but the fill cannot be eliminated completely. The aluminum metals
(AM top-layer and LY below it) are not subject to mandatory cheesing and are more easily
modeled in EM simulations.

The foundry also adds fill to ensure the local density of a copper metal layer is > 10%
or creates holes (cheesing) to make local density < 85%. This process takes place within
all 50 um x 50 pm area windows across the chip. Designers must account for a possible

additional margin for the fill & cheese process. Empty areas are filled up to 15% minimum
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local density. Large copper planes are cheesed down to 80% local copper densities. The RF
ground plane (on MQ), the uppermost copper layer) and wide wiring over 50 um are cheesed
to make those areas 70% local copper densities.

Bits of floating copper metal fill within the oxide dielectric shorten the effective path of
the electric field. The net effect is increased capacitance. A 20% fill factor (by area) reduces
the effective dielectric thickness by ~20%. The fill effect can modeled either as a decrease in
effective dielectric thickness or an increase in effective dielectric constant between the layers.

During the design phase, incorporating the effects of auto-cheesing & filling on transmission
line structures is not possible in EM simulations, and small shifts in the EM-modeled response
are expected. The pattern fill and pattern cheese (holes) can shift transmission-line parameters
by a few percent at mmW frequencies. The small shifts in modeling are not critical for these
W-band PA designs because of the low-loaded-(), wideband matching networks, which are
more tolerant to process shifts and shift together because of applied unit-cell approaches in

the passive mmW structures.
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