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PREFACE

This thesis deals with the design and performance of millimeter and submillimeter-
wave integrated horn antenna Schottky receivers at room temperature. The de-
sign and performance of a dual-polarized integrated horn antennas imaging array

for millimeter-wave applications is also included.



TABLE OF CONTENTS !

DEDICATION . . . . . . e e e e ii
ACKNOWLEDGEMENTS . ... .. ... ... ... .. ... ... ... iii
PREFACE . . . . . . . vi
LISTOF FIGURES . . . . . . . .. . i ix
LISTOF TABLES . . . . . . . . it XV
LIST OF APPENDICES . . . . . . . . .. . . i xvii
CHAPTER
L. INTRODUCTION. . . . . . . . i 1
1.1 Waveguide Receivers for the Near-Millimeter Wave Frequency
Range . . . ... ... .. 3
1.1.1 GaAs Schottky Diode Mixers . . . . .. ... .. .. 3
1.1.2 SISMixers . . . ... ... 6
1.2 Quasi-Optical Receivers for the Near-Millimeter Wave Frequency
Range . . . .. .. .. .. . .. .. 7

II. MILLIMETER-WAVE INTEGRATED HORN ANTENNAS 13

2.1 Integrated Horn Antenna Fabrication . ............ 15
2.2 Impedance Measurements . . . . ... ............. 19
2.3 Pattern Measurements . . . . ... .. ... ... ... .. .. 23
24 Comparison with Two-Dimensional Horn Arrays . .. .. .. 24

I11. MILLIMETER AND SUBMILLIMETER-WAVE QUASI—INTEGRATED

HORN ANTENNA SCHOTTKY RECEIVERS . ... .. .. 29

3.1 AntennaDesign . ........... ... ... .. ... .. 31
3.1.1 Patterns and Radiation Characteristics for the 90GHz

Quasi-Integrated Horn Antenna . . . . ... .. .. 33

3.2 A 90GHz Quasi-Integrated Horn Antenna Receiver . . . . . . 37

vil



321 MixerDesign. ... .................. 37

3.2.2 Video Detection at 91.4GHz . . . ... ... .. .. 46
3.2.3 Theoretical Analysis of the Mixer Performance . . . 49
3.2.4 Quasi-Optical Measurement Set-up Design . . . . . 52
3.2.5 Receiver Measurements . . . .. ... ........ 56
3.3 A 250GHz Quasi-Integrated Horn Antenna Receiver . . . . . 65

3.4 A 330GHz Quasi-Integrated Horn Antenna Receiver With A
NewDesign . . . ... .. ... ... .. .. ... 17
3.4.1 Receiver Structure and Mixer Designs . . . . . . . . (s
3.42 AntennaDesign . ................... 79
3.4.3 Receiver Measurements . . . ... ... ....... 82

3.5 Comparison of the 90GHz, 250GHz, and 330GHz Mixers Per-
formance to Other Mixer Diodes Performance . . . . . . . .. 89
3.6 Conclusion and Future Work . ... .............. 92

IV. 92GHz DUAL-POLARIZED INTEGRATED HORN ANTEN-

NAS . e 95
4.1 Microwave Modeling and Design . . . ... ... ....... 96
492 Fabrication . . . . .. . . . ... 100
4.3 Millimeter-Wave Measurements . . . . . . .. ... ... ... 101
4.4 Summary and Conclusions . . . .. ... ... ........ 107
APPENDICES . . . o ot it e e e e e 109

BIBLIOGRAPHY . . . . . . e 146

vill



Figure
1.1

1.2
1.3
14

2.1

2.2

2.3

24

2.5

2.6

2.7

2.8

LIST OF FIGURES 1

The basic configuration for a heterodyne receiver operating in the
near-millimeter waveregion. . . ... ... ... .. ... . .....

A typical waveguide receiver mixer mount operating below 600GHz.
A quasi-optical mixer mount using a corner-cube antenna. . . . . .
The basic structure of an integrated horn antenna. . . . . .. .. ..

An integrated horn antennas imaging array. Each antenna is fed by
a vertically-polarized dipole. . . . ... ... .............

The membrane wafer. The feed-dipole antenna is integrated on the
thin transparent membrane layer. . . . ... .. .. ... ......

The structure of a single integrated horn antenna. . . . .. ... ..
Side view of a horn array showing the front and back wafers. . . . .
Microwave impedance measurement setup at 1-2GHz. The shorted
coplanar-strips act as a balun and models the low-pass filter and the
bias line in the 92GHz antenna. . . ... ... ... .. ... .. ..
Measured and predicted dipole resonant resistance and resonant length
versus dipole position from the apex. Notice the region of no reso-
nance in the centerof thehorn. . . ... .. .. ... .. ... ...
The input impedances versus frequency for various feed positions in
the horn cavity. The dashed line is the measured impedance of a

dipole in a 3x3 array at 7.3GHz [71]. . ...............

The complete millimeter-wave antenna structure. Gold is not evapo-
rated on the sidewalls of the 380ym membrane wafer. . . . .. . ..

ix

11

14

16

18

18

21

21

22



2.9

2.10

2.11

3.1

3.2

3.3

3.4

3.5

3.6

3.7

3.8

3.9

3.10

3.11

Mezsured and predicted E- and H-plane patterﬁ‘ at 3GHz. The dis-
crepancies in the E-plane pattern at large angles is due to the finite
size of the ground plane. . . . . . .. ... .. L L.

Measured and predicted E-,H- (top) and 45°-plane (bottom) patterns
at 92GHz. The discrepancy in the E-plane pattern at large angles is
due to the steps in the sidewalls. . . . . . . ... ... ... .. ...
The E- and H-plane patterns of a 1.35A horn antenna in a ground
plane and in a two-dimensional array.

..................

A quasi-integrated horn antenna structure. . . . . ... ... .. ..

The measured E-, H-, 45°-, and x-pol. 45°-plane patterns of the 20dB
quasi-integrated horn antenna at 91.4GHz (fzesign = 90GHz). . . . .

The measured E-, H-, and 45-° plane patterns of the 90GHz quasi-
integrated horn antenna at 86.5GHz (top) and 95.5GHz (bottom). .

The 90GHz integrated horn antenna receiver structure. Wall A is
coated with gold, and a V-groove is etched at the side of wall B. . .

The mixer design consisting of the Schottky diode epoxied at the
feed-dipole apex, the two lumped capacitors forming the RF choke,
and the microstrip line IF matching network. . . . . . ... ... ..

The V-shaped groove used in the 90GHz receiver design. . . . . . .

An [F matching network consisting of a lumped capacitor C and a
lumped inductor L. Z,y; is the mixer IF output impedance. Z;, is
the input impedance of the matching circuit from the IF chain side
(normally 5092). . . . .. .. ...

The geometry of the UVa planar surface-channel diode. . . . . . ..

The measured feed-dipole impedance.over the 82-110GHz and 170-
190GHz range using the 2.55GHz microwave model of the integrated
horn antenna receiver structure. The data points are 4GHz apart. .

The integrated horn antenna built at 90GHz where the feed-dipole,
the CPS line, and the first lumped capacitor close to the horn wall
canbeseen. . . . ... ...

The theoretical and measured video responsivity of the antenna-mixer
versus bias current at 91.4GHz. . . ... ... ... ... ......

25

26

28

32
34
36
38 |

38

40

43

44

45.

47



3.12  The equivalent R -' mixer circuit. Note that C,,q is taken into acc ous ;
by the impedanc : measurements at the antenna terminaled . . . . .

3.13  The quasi-optical : et-up used in the measurement of th = quasi-int 2gr. ted
horn antenna rec ::ver performance. The design frequency is 90(H:

3.14 A Mach-Zender 1 iterferometer.. . . . . . ... ... . .......

3.15  The IF chain use: in the 90GHz receiver set-up. 921B gain, 1261
noise temperaturc and 100MHz bandwidth. . ... ... .. ...

3.16  The system block liagram. . . . ... ................

3.17  The measured re«:iver DSB noise temperature and conversion los
over the 82-112Gllzrange. . . . .. .. ... ... ... ...

3.18  The measured an:enna-mixer DSB noise temperature and cor ver
sion loss. The meisured values remain less than 6.3dB+0.5dB &.n
1000K+50K, resp-::tively, over a 20GHz bandwidth (86-106GHz|

3.19  The ideal respons: of the Mach-Zender interferometer set for 3SE
operation with f; ... =93.4GHz and fro =92GHz (K:=:2,d = 3)/¢/ ).

3.20 The measured SS} antenna-mixer conversion loss versus LO pcvre
available at the divole terminals. frpr = 93.4GHz, and f;o = 92C Hz

3.21  The measured E-, :[-, and 45-° plane patterns of the quasi-integr: ted
horn antenna at 20GHz (design frequency) (top) and 237GHz ind
279GHz (bottom). . .. ... ... . ... ... ..

3.22  The 250GHz integrited receiver structure. . . . ... ... .. C

3.23  The 250GHz mixer design. . . . ... ... ... ...........

3.24  The 250GHz receiver quasi-optical set-up.. . . . .. ... ... ...

3.25  The measured ante: na-mixer DSB noise temperature a1d conver:ion
loss over the 230-2¢)GHz range. . . . . ... ... ... ...... .

3.26  The measured 250(iHz antenna-mixer DSB noise temperature :nd

conversion loss vs. LO power available at the quasi-integrated hom
antenna aperture. . ... ... ... ... ... 00 0.,

xi



3.27

3.28

3.29

3.30

3.31

3.32

3.33

4.1

4.2

4.3

4.4

4.5

4.6

The DSB antenna-mixer conversion loss and nojse temperature versus

IF frequency (fro = 258GHz, and the IF matchjng network designed
at 14GHz). . .............. . .. e

The 330GHz mixer design with etched V-trenches around the mem-
branewalls. . . .......... . ... . . .. .. .. ...

The 330GHz receiver structure with etched V-trenches around the
membranewalls. . . . . ....... ... .. ... . .. . ..,

The measured feed-dipole impedance in a microwave model of the
330GHz receiver structure. The diode was modeled at the dipole
apex but the V-trenches were not modeled. .. ... ... ... ..
The measured E-,H-, and 45°-plane patterns at 352GHz for a 23dB
quasi-integrated horn antenna. The design frequency is 330GHz. .

(Top) The 330GHz mixer circuit. The openings for the etched V-
trenches around the membrane and the diode flipped and epoxied
at the dipole apex can be seen. (Bottom) The 330GHz integrated
structure as viewed from its aperture. . . . . ... ... ... .. ..

The 330GHz quasi-optical set-up. The IF chain has a gain of 97.1dB
and a noise temperatureof 854K. . . . .. ... ... ........

Monolithic dual-polarized horn antenna element with a novel bias
and feeding structure. . . . . . ... ... L L

The polarizations of the RF and LO waves incident on the membrane
wafer. . .. ..

The measured input impedance on a microwave-scale model of the
dual-polarized horn antenna. The horn aperture is 1.35)\ and the
antenna is 0.39A from the apex. The resonant impedance is 56 and
the resonant half-length is 0.19X. . . ... ... ... ........

The measured isolation between the orthogonal dipoles in a microwave

76

80

80

81

84

86

87

97

99

scale model. The center frequency is 1.12GHz. . . ... ... .. .. 100

The exact design and polarization tilt of the 92GHz dipole antennas. 101

The measured polarization response of the orthogonal antennas at

bell



4.7

4.8

4.9

4.10

Al

A2

A3

B.1

B.2

B.3

B4

B.5

B.6

B.7

Measured 92GHz E-plane (top) and H-plane (bottom) patterns on a
1.35A-square dual-polarized horn antenna on a polarization angle of
0°. The vertical and horizontal antennas are compared QY the left,
and on the right is a comparison between theory and experiment.

Measured 92GHz 45°-plane patterns of both channels on 1.35A-square
dual-polarized horn antenna on a polarization angle of 0°. . . . . . .

Comparison between the measured 92GHz response at polarization
angles of 0° and 15° (polarization peak). The E- and H-planes are
compared on (top) and the 45°-planes along with the measured cross
polarization are presented on (bottom). . . . ... ... ... .. ..

Measured two-dimensional scan at 92GHz of a single channel in a 5x5
dual-polarized array. The response of the other channel was virtually
identical. . . . . ... ...
A 16x16 integrated horn antennas imaging array at 802GHz. . .

Theoretical and experimental E- and H-plane patterns. . . ... ..

Experimental E- and 45°-plane patterns. . . .. ...........

The Mach-Zender Interferometer composed of two beam splitters and
two reflecting mirrors. . . . . .. ... L L L

The Mach-Zender Interferometer response tuned for DSB operation
(R=04,0506and K=1). ......................

The reflectance vs. frequency for three fused quartz slabs designed
toyileld R=05at90GHz. . . . .. ..................

The geometry of the Martin-Puplett interferometer. The vertical and
horizontal wire grids could be interchanged or have the same orienta-
tion depending on how the input and output ports polarizations are
defined. . ... ... ... ...

The response of the dual-beam interferometer when tuned for DSB
operationfor K=land K=2. .. ..................

The response of a dual-beam interferometer as a SSB filter, K = 1
(R=0.5for Mach-Zender).. . . .. ..................

True single-sideband operation using two Martin-Puplett interferom-
etersincascade. . . . .. ... ... L L L L

104

105

106

108
111
113
113
116

117

119

123
126

126



Cl1

C.2

D.1

D.2

D3

D.4

A quasi-optical receiver with the quasi-optical dipjaxer tuned as a

DSBfilter. . . . . . . ..

A quasi-optical receiver with the quasi-optical diplexer tuned as a

SSBfilter. . ... ... ... ..
The V-groove mask pattern (left). This mask pattern can result in a
substantial degree of undercutting using an etchant with a fast convex
undercut rate such as EDP(right). . . . .. ... ...........
The ideal V-groove and pyramidal cavity. . . . . .. ... ... ...

An improved etching mask that will result in little undercutting in
the case of an etch depth large with respect to the mask opening.

The V-groove fabricated for the 330GHz receiver structure. . . . . .

131

137

143

143



Table

3.1

3.2

3.3

3.4

3.5

3.6

3.7

3.8

3.9

.

LIST OF TABLES

The radiation characteristics of the 20dB quasi-integrated horn an-
tenna over a 10% bandwidth. . . ... ... ...... .. ... ..

The calculated gain and Gaussian coupling efficiency of the 20dB
quasi-integrated horn antenna from 80GHz to 110GHz. The design
frequency is90GHz. . . . . . . ... ... .. .. ... ... .. ...

The circuit parameters used to calculate the theoretical video re-
sponsivity at 91.4GHz (see text). Zgipole includes C,,q4, the parasitic
capacitance between the contact pads. . . . . .. ... ... ... ..

The mixer theoretical performance of the UVA SC2T3 diode (2.5¢m
anode diameter) for a dc bias of 0.64V and an available LO power at
the dipole terminalsof 1.6mW. . . ... ... ............

The calculated gain and Gaussian coupling efficiency of the 20dB
quasi-integrated horn antenna from 222GHz to 279GHz. The design
frequency is 250GHz. . . . . .. ... ... ... L ...

The radiation characteristics of the 23dB quasi-integrated horn an-
tenna over a 7% bandwidth. . . ... ... ... ... ... ... .

The calculated gain and Gaussian coupling efficiency of the 23dB
quasi-integrated horn antenna from 300GHz to 360GHz. The design
frequency is 330GHz. . . . . . ... .. ... ... L.

The DSB antenna-mixer performance of the quasi-integrated horn
antenna receiver designed at 330GHz. . . . . .. ... ... ... ..

Summary of performance of best room temperature fundamental mix-
ers operating near 90GHz, 250GHz, and 335GHz using whisker con-
tacted GaAs Schottky barrier diodes. The IF frequency is between
1-2GHz.

SE: single-ended; WG: wave-guide. . . ... .............

XV

37

48

51

67

83

83

89



3.10  Summary of performance of best room temperature fundamental mix-
ers operating near 90GHz, 250GHz and 335GHz using Planar GaAs
Schottky barrier diodes. The IF frequency is between 1-2GHz.
SE: single-ended; WG: wave-guide; Ba: balanced mixer; ShP: subharmonically

pumped; QO: quasi-optical. . ... ... ..... ... ...... 91

XVi



P

LIST OF APPENDICES

Appendix
A.  Technology Demonstration at 802GHz . . . .. ... ... ... .. .. 110
B.  Quasi-Optical Diplexers for Millimeter- and Submillimeter-Wave Ap-

plications . . . . . .. ... L 114
B.1 DSB Operation of Dual-Beam Interferometers . . . . . . . . . 115
B.1.1 Mach-Zender Interferometer . . . ... ... .. .. 115

B.1.2 The Martin-Puplett Interferometer. . . . . . . . .. 121

B.2 SSB Operation of Dual-Beam Interferometer . . ... .. .. 124
Mixer Noise Temperature Calculation . . .. ... .. ... ... ... 128
C.1 DSB Noise Calculations . . . ... ............... 129
C.2 SSB Noise Calculations . ... ................. 136

C.3 Measurements of the LO noise power in the sidebands frequencies139

Fabrication of Trenches and V-Grooves in Silicon . . . ... ... ... 140
D.1 Micromachining of V-Grooves . . . . . ... ... ....... 140
D.2 Micromachining of Trenches . . . . ... ... .. ... ... 142

XVil



CHAPTER 1

INTRODUCTION

Millimeter-wave systems spanning the frequency range from 30GHz to 300GHz
are attractive for many reasons. Compared to lower-frequency microwave systems,
millimeter-wave systems have better spatial resolution due to the small A used, better
immunity to interference, and increased sensitivity to Doppler velocity effects. The
large bandwidths available at the corresponding millimeter-waves transmission win-
dows result in the fact that GHz bandwidths can be accommodated at any particular
millimeter-wave atmospheric window. Compared to optical systems, millimeter-wave
systems have a better atmospheric propagation through fog, clouds, smoke, and dust
in their transmission windows, and offer a technology more feasible for frequency
multiplexing. Millimeter-wave systems have been useci in many scientific and mil-
itary applications such in remote sensing, radioastronomy, communication systems,
imaging arrays, and missiles tracking radars (1, 2, 3, 4, 5, 6]. Millimeter-wave systems
are now being introduced into the commercial market through applications such as
anti-collision radars (7] and Intelligent- Vehicle-Highway-Systems (IVHS) [8].

During the past two-decades, scientists have exploitéd the near-millimeter wave
frequency range (wavelength ranges from 3mm to 300xm) for remote sensing and

radio-astronomical applications (1, 9]. Hence, the development of heterodyne receivers



with improved sensitivity has been necessary for a wide range of applications in radio
astronomy, plasma physics, frequency standards, spectroisf;opy, and satellite-based
radiometry. These low-noise heterodyne receivers use GaAs Schottky Barrier diodes
or superconducting tunnel-junctions (SIS) as the non-linear elements. In figure 1.1,
the basic configuration for a heterodyne receiver operating in the near-millimeter
wave region is shown.

The loss encountered in waveguide structures at near-millimeter wavelengths has
pushed the development of quasi-optical structures for guiding the wave through free-
space and coupling it to the receiver antenna [10, 11]. The circuit functions, performed
before by waveguides in a microwave or a millimeter-wave system, are performed now
through the aid of quasi-optical elements with beam diameters which are not many
orders of magnitude greater than the operating wavelength as in the optical regime.
In figure 1.1, the LO and RF signal beams are combined using a quasi-optical diplexer.
The combined beam is coupled to the antenna-mixer block via a dielectric lens. The
IF signal is amplified through a low-noise IF chain. The most important element in
determining the receiver performance is the antenna-mixer configuration. The most
widely used antenna-mixer configuration, discussed in section 1.1, is a waveguide feed
horn feeding into a waveguide mixer structure. This thesis deals with the design,
development, and performance of a new antenna-mixer configuration that falls in the
category of quasi-optical mixers that incorporate planar integrated antenna structures

with hybrid planar mixer circuits.
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1.1 Waveguide Receivers for the Near-Millimeter Wa
quency Range -

1.1.1 GaAs Schottky Diode Mixers

Fig. 1.2 shows the most common single-ended mixer mount structure
Scalar or corrugated horns [14], dual-mode horns [15], pyramidal and cor
horns [16] are used to couple the input RF and LO powers into the mi>
ture. The diode is mounted inside a reduced-height waveguide, typically o
of the nominal value, resulting in desirable RF and IF impedance levels ov
frequency range. A quarter-wave step transformer or taper transition is
used to connect the reduced-height waveguide to the input guide. The F
either a coaxial structure [17] or a dielectric microstrip line [18], is used to
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of waveguide mixers is limited to 600GHz because above this frequency, single-mode
metalic-guided wave structures become very difficult t:ébricate and exhibit high
loss. Corrugated horns with highly rotational symmetric patterns are difficult to be
built above 350GHz due to the complexity of their mechanical designs. Dual-mode
horns with high Gaussian coupling efficiency can be built up to 600GHz. Simple
pyramidal or conical horns have been used at frequencies higher than 600GHz [19],
but they suffer from high sidelobe levels and a distinctly non-symmetric radiation
pattern, resulting in poor Gaussian coupling to quasi-optical systems.

The dot-matrix chip GaAs Schottky diode has been mostly used in waveguide
mixer structures and has consistently achieved the best performance of any mixer
diode, because of its small series resistance and junction capacitance, and its negligible
parasitic capacitance. A single anode “dot” on the chip is contacted by a small
diameter contact wire (“whisker”), and the backside of the chip which represents
the cathode is soldered to an appropriate mounting surface. The whisker wire shape
and dimensions and the position of an adjustable tuning short in the reduced-height
waveguide are used to control the embedding impedance seen by the diode at the LO
frequency and the RF sidebands. The optimizétion of the doping and thickness of the
diode epilayer and the optimization of the mixer mount have a big effect on lowering
the mixer noise temperature.

For high frequency applications, work has been done on fabricating diodes with
small anode diameter and on reducing the skin effect resistance between the Schottky
and ohmic contacts [20]. A considerable improvement in the receiver noise temper-
ature is obtained by cooling the diodes to cryogenic temperatures. DSB waveguide

receivers noise temperatures as low as 62K at 100GHz and as low as 330K at 230GHz

have been obtained at cryogenic temperatures [21, 12].
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Figure 1.2: A typical waveguide receiver mixer mount operating below 600GHz.

One of the main disadvantages of the dot-matrix diode is the difficulty of achiev-
ing a mechanically reliable whisker contact. Also, whisker-contacted diodes require
reduced-height waveguide mounts which are difficult to machine and are not well
suited for space applications. To solve this problém, a variety of planar beam-lead
diode designs have been investigated. In these beam-lead diodes, the whisker is re-
placed by a planar finger contact. This results in a reliable and strong diode structure,
but suffers from high parasitic capécitance which deteriorates the mixer performance
‘n the near-millimeter frequency range. Many designs have been developed for low-
parasitic planar diodes such as the low-parasitic beam-lead diodes [22, 23, 24] and
the “surface channel” planar diode. The surface channel diode proved to be a very
promising structure for millimeter and submillimeter-wave applications [25, 26, 27).

As a result of planar diodes development, a new line of waveguide mixers have



been designed and ‘mplemented, in:luding single—endedf3ubharmonically pumped,
and balanced riixers, using fin-line, microstrip line, and suspended substrate strip-
line technology 27 28. 29, 30]. In these designs, planar diodes are mounted on a
suspended strip-line or on a micros:rip line structures which separates IF, LO and
RF signals. The L0 and RF signals are coupled from full-height waveguide to the
strip-line or the microstrip line circuit via tunable probe-type transitions. These types
of waveguide mixers employing planar diodes have showed compatible performance

with whisker-contacted diode waveguide mixers for room temperature applications

[28, 26].

1.1.2 SIS Mixers

An alternative mixer element is the SIS superconducting tunnel junction [31, 32].
The SIS mixer is the most sensitive detector in the millimeter-wave region. The
quantum limit for noise temperature (in a SSB mixer) has essentially been reached
at 100GHz [33]. This is a result of the extremely low shot noise, potential conversion
gain and low local oscillator power requirements of SIS mixers. Waveguide mounts,
similar to those used for Schottky-diode mixers, have been used for SIS mixers. The
frequency operation of SIS mixers is limited by the superconducting energy gap of
the material. Current SIS waveguide receivers are used at frequencies up to 700GHz
(34, 35, 36, 37, 38, 39]. Even though SIS devices are relatively stable and thermally
recyclable device, they must be cooled to 4-8°K. They are also electrically fragile and
the mixers incorporating these devices are not as rugged or reliable as those using

state-of-the-art planar Schottky diodes.



1.2 Quasi-Optical Receivers for the Near-Millimeter Wave
Frequency Range

As discussed in the previous section, fundamental-mode wavegiualde mounts are
difficult to fabricate above 600GHz and exhibit high loss above 600GHz. The most
widely used open structure antenna in submillimeter-wave heterodyne receivers is
the corner-cube antenna (Fig. 1.3) [40, 41]. In this mixer mount, the diode con-
tact whisker is used also as a traveling-wave antenna. A narrow high-gain beam
is produced by placing a corner reflector behind the wire. The disadvantage of the
corner-cube antenna is that it has a low Gaussian coupling efficiency (around 40-50%)
because of its relatively high side lobes and cross-polarization levels. Receivers em-
ploying the corner-cube antenna structure are the only receivers available now above
1THz [42).

The disadvantage of waveguide-based millimeter- and submillimeter-wave systems
is the considerable cost of machining them. Applications, such as imaging arrays and
collision-avoidance radars, which require a volume production base, would be very
expensive to develop using precision-machined waveguides. Also, as discussed pre-
viously, waveguide-based receivers are very difficult to fabricate above 600GHz. It
is clear that the suggested millimeter- and submillimeter-wave applications requiring
a volume production base, low cost, optimized electrical performance, subminiature
packaging, and minimal dc power consumption necessitates the development of a
new generation of RF components and systems, one primarly based on advanced
integrated-circuit techniques. Hence, integrated receivers are easier to manufacture
and to assemble, and more reliable than waveguide receivers. The integration tech-
niques allow a tremendous size and weight reduction of linear or two-dimensional

arrays of receivers. Integrated receivers can be precisely controlled with enhanced-
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Figure 1.3: A quasi-optical mixer mount using a corner-cube antenna.

resolution processing techniqués to achieve a high degree of reproducibility.

Millimeter-wave integrated circuits are either hybrid or monolithic. In hybrid cir-
cuits, the RF circuit is integrated on an insulating substrate and discrete, subminia-
ture, semiconductor devices are mounted on the circuit. Then, the hybrid circuit is
either placed in a thin-wall channelized housing or suspended in a waveguide cavity
depending on the application. The hybrid approa.ch leads to low startup costs and to
circuit flexibility with reasonably low production cost. Also, the devices in a hybrid
module can be evaluated individually prior to circuit integration. Hybrid integrated
circuits been used extensively in the last decade and still being used now in the
millimeter-wave frequency range for many commercial, scientific and military appli-
cations such as fundamental, balanced and subharmonic mixers, transceiver systems,
amplifiers, and voltage-controlled oscillators [43, 44].

In monolithic circuits, the RF circuits and the active devices are both integrated

on semiconductor substrates. Multifunction circuits are formed on a single semicon-



ductor chip and the optimum layout of these circuits leads to considerable miniatur-
ization of the overall chip. The startup costs for monolithic circuits tend to be very
high but when the stage of volume production is achieved, the cost pek#nit becomes
very low. The big advancements in GaAs monolithic technology are making the ad-
vantages of millimeter-wave monolithic circuits real and the monolithic approach to
be the approach of the future. GaAs MMICs and millimeter-wave monolithic circuits,
such as amplifiers and mixer chips, have been developed and tested successfully with
very favorable results [43, 45]. The physical dimensions of integrated RF circuits for
submillimeter-wave applications make the job of mounting semiconductor devices on
these hybrid circuits a very difficult and non-practical task. Also, the availability of
semiconductor devices planar chips is limited. Hence, monolithic circuits are currently
the only practical solution for the submillimeter-wave region. Yet, monolithic circuits
are still in their early stage of development, and hence, the cost of their production
is still high. Also, with monolithic circuits, there is no opportunity to adjust, modify,
or otherwise “tweak” a circuit to optimize it. That is why hybrid integrated circuits
have currently the state-of-the-art performance in millimeter-wave applications [46)].
Note that we are not doing here a comparison with millimeter-wave monolithic SIS
mixers since they outperform any other millimeter-wave either hybrid or monolithic
integrated mixers.

The main important factor in the development of integrated receivers is the de-
velopment of planar integrated-circuit antennas and of low-parasitic planar GaAs
Schottky diodes [25, 26]. In an integrated receiver, the planar antenna is integrated
together with the mixer circuit on the same insulating substrate (hybrid) or on the
same semiconductor substrate (monolithic). In order for an integrated receiver to

compete with a waveguide receiver in the near-millimeter frequency range, it is very
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important that its planar antenna has a high coupling efficiency to Gaussian beam
optics. ‘

The first generation of integrated receivers was built using integrated antennas
on dielectric substrates such as single-slot antenna [47] and double-slot antenna [18].
These antennas have the problem of low radiation efficiencies and poor patterns be-
cause of power lost through substrate-modes due to finite substrate thickness [48].
These substrate-modes losses can be eliminated by using a lens of the same dielectric
constant as the integrated circuit substrate and attached to the substrate (typically
called substrate lens) [48, 49]. This also increases the directivity and the Gaussian
coupling efficiency of the printed-circuit antenna. Planar antennas, such as double-
dipoles, double slots, log-periodic and spiral antennas, have been used extensively
with substrate lenses to build hybrid and monolithic integrated Schottky receivers,
and quasi-optical SIS receivers for millimeter- and submillimeter-wave applications.
The paper by Rebeiz [50] presents an exhaustive review of the different designs of
planar antennas on substrate lenses. The disadvantage of the substrate lens design is
their cost when machined out of silicon (or GaAs). They also suffer from dielectric
losses and reflection losses at the a.ir-dielectri(; interface.

The need to have more efficient with no substrate-mode or dielectric losses pushed
the development of planar antennas on thin dielectric membranes [51]. These mem-
branes are grown on silicon (or on GaAs) substrates [52] and the area of the substrate
on which the antenna will be printed is etched away to the membrane level which acts
as an etch stop. In this new design, the membrane is so thin compared with a free-
space wavelength that the antenna effectively radiates in free space. Log-periodic and
linear tapered slot antennas have been fabricated on thin membranes and resulted in

good radiation patterns in the submillimeter-wave range [53, 54].
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Since the thin dielectric membrane on which the planar antenna is integrated
covers a small area of the semiconductor substrate, the detectors and (}égctronics can
be integrated on the surrounding substrate. This, in addition to the absence of losses
in this new planar antenna structure, resulted in the development of a two-dimensional
imaging array of integrated horn antennas (Fig. '1.4) [51]). An integrated horn antenna
consists of a dipole probe integrated on a thin membrane and suspended inside a
70.6° flare angle pyramidal cavity anisotropically etched in silicon. The function of
the pyramidal cavity is to increase the efficiency and directivity of the dipole probe,
but not to the level of competing with corrugated or dual-mode horns. The large area
on the substrate and on the membrane surrounding the dipole probe is available for
RF, IF and dc electronics. This makes the integration of the dipole probe and the

surrounding circuitry fully planar.

Horn Walls

Space for
detection circuits
Silicon-nitride
membrane
Back-wafer
<+———— Strip dipole
Front-wafer

Figure 1.4: The basic structure of an integrated horn antenna.
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The work in this thesis is directed toward the development of efficient low noise
single-channel planar Schottky receivers based on the integrated horn antenna for
millimeter- and submillimeter-wave applications. In chapter 2, the integrated horn
antenna is modeled for pattern and impedance measurements. These measurements
are very important for the receiver design. Chapter 3 describes the design, fabri-
cation, and performance of an integrated Schottky receiver at 90GHz and 250GHz.
This receiver is based on the quasi-integrated horn antenna [55] with a novel pla-
nar mixer design. The hybrid approach is chosen for the mixer design because of
the availability of high quality low-parasitic surface channel planar GaAs Schottky
diodes which are supplied by the University of Virginia and are suitable for the near-
millimeter wave frequency range. The 90GHz and 250GHz receivers resulted in the
best performance up to date for a; ;oom temperature quasi-optical receiver employing
a planar diode. Also, a submillimeter-wave integrated receiver at 335GHz has been
built with another novel mixer design, and its measured noise figure is within 1dB of
the noise figure at 335GHz of the best tuned room temperature waveguide receivers
employing a similar planar diode. Chapter 4 describes the design and performance of
a 94GHz two-dimensional imaging array of dual-polarized integrated horn antennas.
The orthogonal dipole probes on the membrane are fed with a novel feeding structure.

In appendix A, the design and performance of a 16x16 802GHz array of inte-
grated horn antennas are described. A thorough study of quasi-optical diplexers and
the derivation of mixer noise temperature in a quasi-optical receiver system are pre-
sented in appendices B and C, respectively. Appendix D describes the fabrication
processes used for micromachining the V-groove and the trenches, which are part of

the integrated horn antenna structure.



CHAPTER 11

MILLIMETER-WAVE INTEGRATED HORN
ANTENNAS

Integrated circuit antennas are the leading technology used for millimeter- and
submillimeter-wave applications that vary from plasma diagnostics imaging arrays to
radio-astronomy and anti-collision radars. At these frequencies, the planar antenna
(or the antenna-array) is an essential part of the integrated circuitry. The basic
requirements for most antennas are acceptable radiation efficiency, symmetrical far-
field pattern, and impedance. This, in turn, translates to a high coupling efficiency
to a lens or a reflector if the planar antenna is used as a focal plane sensor.

Several planar printed-circuit antennas on dielectric substrates have been devel-
oped such as the linear tapered slot antenna [56], the single-slot antenna [47], and the
twin-dipole antenna [57). These antennas are easy to integrate but they suffer from
surface wave and substrate-mode losses [58, 59, 48]. This results in poor patterns and
low antenna radiation efficiencies.

To solve this problem, the planar antenna is mounted on a dielectric lens which
eliminates the substrate modes, and increases the effective aperture and coupling
efficiency of the antenna [60, 61, 49]. Double-slot [42, 62], doublé—dipole [63], log-

periodic [64, 65], and spiral antennas [38] on dielectric lenses have been successfully

13



14

used at millimeter-wave frequencies. The main disadvantage of planar antennas on
substrate lenses is that they suffer from absorption losses iﬁih]e dielectric lens which
become considerably high at submillimeter-wave frequencies [66], and from reflection
losses at the surface of the lens due to the air-dielectric mismatch.

One way to eliminate the RF losses of integrated antennas on substrates or sub-
strate lenses is to integrate the antennas on a 1pm thick dielectric membrane. The
membrane is very thin compared to a free space wavelength up to terahertz frequen-
cies [67, 53]. The antenna effectively radiates in free space and hence, free space
antenna design techniques can be used. This led to the introduction of the integrated

horn antenna by Rebeiz and Rutledge [51] (Figure 2.1).

Figure2.1: An integrated horn antennas imaging array. Each antenna is fed by a
vertically-polarized dipole.
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2.1 Integrated Horn Antenna Fabrication

The mainpart of the integrated horn antenna is the membrane wafer. It consists
of a silicon wafer on which a tri-layer of Si0,/Si3N4/SiO, (top/center/bottom) of
thickness (~ 4500A/~ 3500A/~ 7500A) is grown on both sides. This trilayer of
oxide/nitride/oxide films forms the membrane layer. The silicon wafers used for the
membrane wafer and the other wafers forming the horn have their surface plane as
the < 100 > crystal plane [68].

The membrane wafer is patterned from the back-side and the trilayer is etched
away to expose the silicon substrate. The silicon substrate is then etched anisotropi-
cally either using an ethylenediamine-pyrocathecol-water solution (EDP) or a hydrox-
ide potassium (KOH)-water solution [68, 69]. The anisotropic etchant will continue
to etch the silicon substrate until it reaches the other side of the wafer and the mem-
brane will act as an etch stop, leaving a transparent membrane with a thickness of
1.4-1.5pm.

When etching using the EDP soiution, the membrane layer is not attacked because
the top layer of SiO; is etched at an extremely slow rate [70]. However, for the case
of the KOH-H;0 solution, the top SiO; layer is attacked, and a masking layer has
to be present during etching on the side of the membrane in order to protect it [68].
Anisotropic etchants attack the < 111 > surfaces at a much slower rate than the
< 100 > surfaces. For EDP and KOH , the anisotropic etch-rate ratios of < 100 >
plane over < 111 > plane are 50:1 and 400:1, respectively, and the etch rates are
1-1.2um/min at 115°C and 0.4-0.5pm/min at 65°C, respectively. Normally, KOH
etchant is used when very smooth walls are required (submillimeter-wave antennas)
and when the membrane dimensions are smaller than 1mm so that the membrane

can still hold even with the top oxide layer is etched away. Due to the slower etch
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rate in the < 111 > planes than in the < 100 > planes, the resulting walls of the
cavity formed are bounded by < 111 > crystal planes whjgh are at an angle of 54.7°
with the < 100 > planes (figure 2.2). We can express the dimensions of the resulting
membrane as :

Wnembrane = Wopening= (2t) tan(90°-54.7°) & Wopening- V2t

where t is the wafer thickness.

S8i0,/Si3N4/5i0,
Membrane Mask

Y e\

1&6\0« <111> Plane
S5i0,/8i3N4/Si0, t
Stlicon <1105 Plane Membrane
77 \ ‘,
Wmembrane

Figure 2.2: The membrane wafer. The feed-dipole antenna is integrated on the thin
transparent membrane layer.

Before processing on the membrane wafer, the wafer is cleaned to remove any
residual etchant using a 1:1 DI-H20:H,S0, solution for 1 min. and then rinsed with
water. The feed-dipole is then integrated on the thin membrane and any circuitry
related to the antenna or receiver design is integrated around the membrane on the sil-
icon wafer. The fabrication of the circuit is done with regular lithography techniques.
More detail on the fabrication procedure are presented in [51, 71].

A dipole antenna suspended on the thin membrane acts as a dipole antenna in
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air. Hence, its directivity and effective aperture are very low and it would very
unefficient to use such kind of an antenna in an imaging or a recg_ii\ier system. To
increase the directivity of the feed-dipole antenna, we took advantage of the 35.3°
angle between the < 111 > crystal plane and the normal direction to the < 100 >
plane to form a pyramidal cavity containing the feed-dipole antenna. This is done
by etching additional silicon wafers and attaching them to the front and to the back
of the membrane wafer in order to complete the pyramidal cavity which has a flare
angle of 70.6° (2x35.3°) (Figure 2.3). The depth of the horn dy is related to the
opening of the horn Wpening by

di = Wopening/ V2. The number of wafers used to complete the cavity depends on
the horn opening and on the position of the feed-dipole inside the cavity. The wafers
used for completing the cavity are completly etched through and therefore need to
have only an oxide layer for use as a mask.when etching in EDP or KOH.

The horn collects the energy incident on its aperture, and focuses it on the dipole
antenna suspended on the membrane inside the horn. The integration of the dipole-
antenna on the thin membrane layer eliminates the possibility of coupling some of the
power incident on the dipole-antenna into substrate modes and eliminates the need of
a substrate lens. The focusing properties of the horn increase the effective area of the
dipole, thus leaving plenty of room for integrating circuitry around the membrane on
the wafer. This gives us the ability to build a closely spaced array of integrated horn
antennas and still leave ample space around the dipole underneath the horn opening
area for the interconnections and detection circuitry (Figure 2.4).

We will start by discussing the single-element integrated horn antenna in a ground
plane, since most of the work in this thesis is based on single-element integrated horn

antennas. The design of the horn antenna involves the selection of the horn aperture
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Figure 2.3: The structure of a single integrated horn antenna.

-

Figure 2.4: Side view of a horn array showing the front and back wafers.
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size and the dipole position in the cavity. A horn aperture smaller than 0.8 results in
a wide radiation pattern with a directivity around 8 dB. This pattern does not have
any advantage over elementary antennas such as a dipole backed by a g;cfund plane.
On the other hand, a horn aperture greater than 1.8\ suffers from aperture phase
errors due to the large flare angle of the horn [72]. Also, the horn radiation pattern
and the dipole input impedance are strongly dependent on the dipole position inside
the horn cavity. For example, a dipole position close to the apex lies near the cutoff
region of the horn and results in a low input impedance, while the high-order modes
triggered by a dipole position close to the aperture distort the aperture field and yield
poor radiation patterns and low aperture efficiencies. From the theoretical analysis
developed by George Eleftheriades for the integrated horn antenna in a ground plane
[73, 74], we find that for a 70° flare angle, horn apertures from 1.0A-square to 1.5\-

square with dipole positions between 0.36 and 0.55) result in good radiation patterns

and practical values of dipole impedances.

2.2 Impedance Measurements

A microwave model at 1-2GHz was constructed for impedance measurements. The
dipole antenna was fed using a coaxial cable and a coplanar-strip transmission line
shorted A/4 away from the feed (Figure 2.5). This design has two purposes. It models
the low-frequency connection on the membrane effectively, and provides an effective
Balun for the coax-dipole transition. The dipole antenna was modeled using copper
tape over a thin polyethylene sheet which represents the membrane. The dipole was
also fed along the axis of the horn with a coaxial cable and an appropriate Balun.
Both measurements resulted in identical results. A strip width of 0.015X-0.025) was

used in the following measurements.
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The measured resonant resistance and resonant length of th:e }eed dipole vs. dipole
position are compared with theory [74] in figure 2.6. The resonant resistance is a
strong function of the dipole position, and varies from 2552 to 17542 for dipole positions
between 0.34) and 0.6A. As predicted by the fullwave analysis [74], the strip dipole
cannot achieve resonance for feeding positions between 0.6\ and 0.8A. This is due to
the fact that at these positions, the dipole antenna resides in a strong capacitive region
and the horn geometry limits the length of the dipole antenna which will provide
the adequate inductance in order to obtain resonance. There is a second region of
resonance near the aperture of the horn, but the corresponding radiation patterns are
poor, because the higher order modes (mainly TE;, and TM,;), which are excited
now close to the aperture, disturb significantly the dominant mode distribution at
the aperture.

The input impedances versus frequency for various feed positions are presented in
figure 2.7. It is seen that the dipole impedance increases and becomes more wideband
as the dipole is moved away from the apex. The measured results agree very well
with theory [75]. The region around 0.6 resulting in large radiation resistances (150-
20092) corresponds to the region where the horn focuses the incident energy from the
aperture and which results in the largest values of the electric field along the horn
axis [58, 51].

Measurements and theory [73] indicate that as long as the dipole is locatd within
about 0.55) from the apex of the horn, its input impedance is mainly determined
by the local cavity environment and not by the size of the horn radiating aperture.
Thus, the dipole impedances of figure 2.6 (up to a position of 0.55\ from the apex)
are equally valid for 1.0\, 1.5, and 2.0\ horn apertures. Also, the radiation patterns

of the antenna and its directivity are not dependent on the dipole position when



21

1
La—s
l Z Antenna
~~
7~
= &)
00 ol ’_ N
Coax
cable \
| \
I
Antenna
Center
conductor
Cable

Figure 2.5: Microwave impedance measurement setup at 1-2GHz. The shorted
coplanar-strips act as a balun and models the low-pass filter and the
bias line in the 92GHz antenna.
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Figure 2.7: The input impedances versus frequency for various feed positions in the

horn cavity. The dashed line is the measured impedance of a dipole in a
3x3 array at 7.3GHz [71] .
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placed below 0.55) from the apex, because of the dominant excitation of TE;q mode
in the horn cavity. For these dipole feed positions (L, < 0.55)), the far-field pattern
is only dependent on the horn aperture size. This leads to the indepé&réience of the
feed-dipole input impedance design and the antenna directivity design. Figure 2.7
shows that for dipole positions between 0.36\ and 0.55), we can obtain feed-dipole

impedances which are suitable for Schottky diodes and SIS mixers.

2.3 Pattern Measurements

An integrated horn antenna with an aperture of 1.35A-square and a dipole position
of 0.38) from the apex was fabricated for microwave and millimeter-wave pattern
measurements. This design is based on the criteria discussed in the previous two
sections of this chapter. The corresponding membrane is 0.54\-square. The dipole is
placed at the center of the membrane, and a resistive bolometer detector integrated
at its apex. The length of the feed-dipole is 0.38)\ because it results into a radiation
resistance close to 50§} at the design frequency (Fig. 2.6). The 0.54\ membrane allows
the integration of a simple coplanar-strip A/4 low-pass filter which results in a very
large parallel impedance at the dipole apex [51]. The bolometer detector presents
there a much lower impedance and absorbs all the received power.

A microwave model at 3GHz with a ground-plane dimension of 2.5\-square was
used for pattern measurements. For the 92GHz measurements, the horn design re-
sulted in a front and back wafer thicknesses of 1.9mm and 1.25mm, respectively. The
front and back wafers were constructed from a stack of low resistivity (p = 1 —cm)
silicon wafers with nominal thicknesses of 760um and 380um (Fig. 2.8). The vari-
ation in wafer thickness and alignment repeatability introduced several 60um steps

in the horn cavity. The horn sidewalls are gold coated except for the sidewalls of
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the membrane wafer in order not to overshadow the membrane. This lowers the
cross-polarization by 2-3dB and has a negligible effect on t{he co-polarized patter:
[51, 76]. For patterns measurements, a 4umx4pm-square bismuth microbolometer
[51, 77] with a resistance of 70} is integrated at the apex of the dipole antenna, ani
is used for detecting the power coupled to the dipole antenna.

The measured E- and H-plane patterns (Figures 2.9, 2.10) agree well with theory
at 3GHz and 92GHz (74, 78]. The discrepancy in the E-plane pattern for large
angles are due to the finite size of the ground-plane at 3GHz, and to the steps in the
sidewalls at 92GHz. Also note that the pattern is rotationally symmetric due to the
small presence of the TE;; and TM;; modes on the aperture which taper the fielcs
in the E-plane.

This antenna at 92GHz has a calculated directivity of 124£0.3dB and translates
into an aperture efficiency (coupling to a plane wave) of 70%+4%. It is possible to
get a higher directivity (up to 15dB) from an integrated horn antenna structure with
an opening of 3.0\ but at an expense of a very low aperture efficiency of 30% (due to
the phase errors on the horn aperture) [73]. The cross-polarization component wes
very low and not measurable in the E and H-plane scans. The 45°-plane pattern also
agrees well with theory (Fig. 2.10), but the cross-polarization component could not

be measured due to signal-to-noise ratio limitations.

2.4 Comparison with Two-Dimensional Horn Arrays

The measured input impedance for feed positions between 0.36A and 0.55)\ did
not change if the ground-plane was removed or if the horn was placed in the middle
of a 3x3 array [71]. Also, for the dipole positions mentioned above, the measured

(and predicted) impedance is insensitive to the horn aperture size. This is because
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at feed positions far from the aperture, the impedance is determined mainly by the
geometry of the horn cavity and not by the transition to free space. The predicted
impedances and resonant lengths for a horn in an infinite ground-plane ;;.n therefore
be safely used for the design of two-dimensional horn arrays for dipole positions
between 0.36) and 0.55\ and for horn apertures greater or equal to 1\. Indeed, the
experimentally determined resonant length and radiation resistance used by Guo et
al. [76] for the design of an efficient 1) imaging array agree well with our calculations
and measurements for a 1.35) horn in a ground-plane with the same dipole position
and dipole length (Fig. 2.7). For imaging arrays with apertures smaller than 1), the
mutual-coupling among the array elements starts affecting the dipole impedance and
the antenna patterns.

The patterns for a 1.35)-square horn in a ground-plane and in a two-dimensional
array are shown in figure 2.11. Reciprocity and mode-matching technique at the
horn aperture has been successfully used to predict the pattern of a horn element
in a two-dimensional array [73, 51]. The TE,o tapering of the electric field across
the aperture yields a vanishing tangential electric field at the edges of the horn and
therefore decouples the horn from the array environment. This results in an H-plane
pattern that is similar to that of a horn in an infinite ground-plane as long as the
horn aperture is larger than 1). In the case of the E-plane pattern, the horn sees the
array and the spikes and nulls in the pattern are due to the discrete nature of the
Floquet-modes [79]. It is clear from the patterns that a horn in a two-dimensional
array will always yield a higher gain and spillover efficiency than a horn in an infinite
ground-plane. This is due to the null in the E-plane pattern at 90° and is a result of

the vanishing electric field at grazing angles in a two-dimensional array.
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and in a two-dimensional array.



CHAPTER III

MILLIMETER AND SUBMILLIMETER-WAVE
QUASI- INTEGRATED HORN ANTENNA
SCHOTTKY RECEIVERS

In the previous chapter, the integrated horn antenna design was presented. The
impedance measurements showed that for feed-dipole positions between 0.36\ and
0.55) from the apex of the horn, the dipole impedance is determined mainly by
the geometry of the horn cavity and not by the transition to free space, and the
resulting impedances values are suitable for Schottky diodes and SIS mixers. Also,
the theoretical study done in (73, 74] and the experimental verification presented in
the previous chapter showed that horn apertures between 1.0\ and 1.5), either in an
array or in a ground plane, result in good radiation patterns, independent of the dipole
position as long as it is below 0.55) from the horn apex. The resulting directivities
are between 10dB and 13dB. The three main points which are import@t to mention
and make the integrated horn antenna a good candidate for use in millimeter- and

submillimeter-wave receivers are:

o The integrated horn antenna does not suffer from dielectric losses and substrate-

mode losses like other planar antennas on dielectric substrates or dielectric lenses

[50).
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&
o The integrated horn antenna is ideally suited for imaging array applications

with lots of space available for IF and low frequency connections.

o As will be seen in this chapter, a quasi-integrated horn antenna can be designed

to yield a 97% Gaussian coupling efficiency.

Quasi-optical components such as interferometers, lenses, and reflectors are used
for coupling the signal power into planar antenna receivers in the millimeter- and
submillimeter-wave region. The wave suffers from diffraction loss while propagating
through these quasi-optical components of finite diameter. A solution to the wave
equation including diffraction is an orthogonal set of basis functions, termed “Gaus-
sian modes”, which are characterized by the fact that the transverse amplitude and
phase distribution of the propagating beam possess circular symmetry [10]. The low-
est order Gaussian mode or fundamental mode is of primary importance in practical
receivers because it results in the smallest possible optics for the quasi-optical sys-
tem. A well designed quasi-optical system allows nearly lossless propagation of the
fundamental mode and any conversion of energy to higher order modes is regarded as
undesired loss. Hence, the coupling efficiency between the receiver antenna and the
fundamental Gaussian beam should be m;ximized. This is done by producing at the
aperture of the feed antenna a field distribution whose radiation pattern is symmetric
and highly Gaussian.

Scalar feed horns and dual-mode feed horns are examples of antenna feeds with
high Gaussian coupling efficiency (A corrugated conical horn antenna with finite
dimensions has a 97-98% Gaussian coupling efficiency) [16]. Note that a feed antenna
optimized to yield a high Gaussian coupling efficiency does not result in the highest

aperture efficiency (coupling to a plane wave) which requires a different aperture

Aictrihabiam Ao 0o OV 1 gy oy T ~



31

circular aperture yields a 97-99% Gaussain coupling efficiency and a 55-60% aperture
efficiency [72]. Integrated horn antennas are desirable for imaging sincg‘ ihey result
in a relatively high aperture efficiency (70-80%) (due to the presence of the dominant
TEqo on the aperture) [51, 76, 78]. On the other hand, the coupling efficiency of
integrated horn antennas, with an aperture opening between 1.0\ and 1.5), to the
fundamental Gaussian beam is around 75-80% (73, 55]. This introduces a 1.2dB
increase in the receiver conversion loss and noise performance.

In this chapter, the design and performance of 90GHz, 250GHz, and 330GHz quasi-
integrated horn antenna receivers are described. The RF coupling structure of these
receivers is a modification of the integrated horn antenna described in the previous
chapter. It exhibits a high Gaussian coupling efficiency (97%) and is a considerable
improvement over standard integrated-circuit antennas. The planar mixer circuit,
along with the feed dipole, are both integrated on the membrane wafer. The diode
used for mixing is a planar University of Virginia surface-channel Schottky diode.
The IF signal is taken out through a simple CPS line on the silicon substrate and
through an IF matching network. The mixer requires no tuning and no additional RF
matching network, and shows excellent performance over a 10% bandwidth. The low
cost of fabrication and the simplicity of the design makes it ideal for use in millimeter-
and submillimeter-wave receivers, and the resulting performance compares favorably

with the performance of the best Schottky waveguide mixers.

3.1 Antenna Design

A quasi-integrated horn antenna has been designed by Eleftheriades et al. [80, 55]
to overcome the limitations of the large flare angle of the integrated horn antenna. In

this design, a flared machined section is attached to the front part of the integrated
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horn antenna to result in higher gain patterns (Figure 3.1). The abrupt change of
flare-angle at the junction of the integrated section and the rr‘xgchined section of the
horn acts as a mode converter that excites mainly the TE,o, TE;5/TM;; and TEs,
modes. These modes are properly phased on the radiating aperture by appropriately
selecting the length and the flare-angle of the machined section. This results in
highly symmetrical far-field patterns with higher gain. Hence, we have now a quasi-
integrated horn antenna compatible with integrated circuits, and which does not suffer

neither from dielectric losses nor from surface wave losses and has a performance

comparable to high gain scalar feed and dual-mode horns.

Machined Section

Membrane

Figure 3.1: A quasi-integrated horn antenna structure.

The design of the integrated horn antenna section is the same as the one discussed
in the previous chapter for the 92GHz pattern measurements. The 1.35) integrated
horn antenna aperture does not yield a lot of phase errors at the junction of the
integrated section and the machined section. The 0.38) feed-dipole position from the

integrated horn apex results in feed-dipole impedance values suitable for Schottky
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and SIS mixers (Figure 2.7), and determined mainly by the geometry of the horn
cavity and not by the transition to the machined section. This is vali‘difor dipole
positions below 0.55) from the horn apex, and this will facilitate the mi;(er modeling
because there is no need to model the machined section for impedance measurements.
The minimum dimension of the machined section is about 1.35\-square, which should
allow the fabrication of the quasi-integrated horn antenna up to 1.5THz. This is a

considerable improvement over waveguide horn technology where it is possible to

build corrugated horns up to 300GHz and dual-mode horns up to 600GHz [81].

3.1.1 Patterns and Radiation Characteristics for the 90GHz Quasi-Integrated

Horn Antenna

A 20dB quasi-integrated horn antenna was designed for 90GHz using the method
discussed above and with a, = 1.35), s = 0.0, L)y = 7T\, Xy = 3.56\ and 6, = 9° (see
figure 3.1 and [55] for more detail). In the measurement set-up, the machined section
is mounted on a fixture, and the integrated horn antenna section is held against
the machined section using an x-y-z positioning stage. The measured patterns at
91.4GHz (Figure 3.2) show low sidelobe-levels, a -22dB cross-polarization level in
the 45° plane, a 10-dB beamwidth of 34°, and a calculated 97% Gaussian coupling
efficiency [73, 55]. An excellent agreement down to -40dB between the measured
patterns and the theoretical patterns has been obtained [80, 55].

The quasi-integrated horn antenna aperture dimension is 3.56\-square and results
in a 62.5% aperture efficiency (coupling to a plane wave) at 91.4GHz. Figure 3.3 shows
the measured patterns for the 90GHz design at 86.5GHz and 95.5GHz. As shown, the
variation in the 10dB-beamwidth is less than 3° in this frequency range. The radiation

characteristics of the 20dB quasi-integrated horn antenna at the design frequency and
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Figure 3.2: The measured E-, H-, 45°-, and x-pol. 45°-plane patterns of the 20dB
quasi-integrated horn antenna at 91.4GHz (f4esign = 90GHzZ).
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0.95f, fo 1.05f,
Gain 19.4dB | 20dB | 20.6dBj

Aperture efficiency 60.6% 62.8% 65.4%
10dB Beamwidth 37°+£1°[34°£1.2° | 32°+ 1.8°

Sidelobe-level (E-plane) -23dB -27dB -26.3dB

Cross-pol. (45°) -22.5dB | -22.7dB -23dB

Beam-efficiency (to -10dB) 85% 86% 86.5%

Gaussian Coupling efficiency L 95.5% 97.3% 96.5%

Table 3.1: The radiation characteristics of the 20dB quasi-integrated horn antenna
over a 10% bandwidth.

at 0.95f, and 1.05f, are summarized in Table 3.1. It is seen that the Gaussian coupling
efficiency remains very high (above 96%) and that the cross-polarization level remains
below -22dB. Table 3.2 shows the calculated gain and coupling efficiency of the 20dB
gain quasi-integrated horn antenna from 80 to 110GHz (this is the frequency range
over which the receiver measurements were done). It is seen that the variation in
the Gaussian coupling efficiency is not more than -0.5dB at the edges of the 30GHz
bandwidth. Also, the Gaussian coupling efficiency drops more slowly at the higher end
of the bandwidth. It is important to note that in these calculations, the Gaussian
beam parameters are optimized at each frequency to obtain for the best coupling
between the antenna and the Gaussian beam. In a practical system, this will translate

into a slight adjustment of the receiving optics in thé 30% bandwidth.
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Frequency (GHz) 80 | 8 | 90 [ 95 | 100 | 105, 110

Gaussian coupling efficiency % || 86 | 95 | 97 | 97 | 92 | 838 | 86

Gain (dB) 18.7119.4 | 20.0 { 20.6 | 21.3 | 21.9 | 22.7

Table 3.2: The calculated gain and Gaussian coupling efficiency of the 20dB quasi-
integrated horn antenna from 80GHz to 110GHz. The design frequency is
90GHz.

3.2 A 90GHz Quasi-Integrated Horn Antenna Receiver

3.2.1 Mixer Design

The quasi-integrated receiver consists of an integrated section (Figure 3.4), and a
machined section, which is attached to the front of the integrated horn antenna and
is not shown in the figure. The integrated structure is based on the design discussed
previously in section 3.1. The integrated horn aperture is 1.35A resulting in a cavity
depth of 0.95) or 3175um at 90GHz (the cavity depth is related to the 70.6° cavity
flare angle).

The pyramidal cavity with the 70.6° flare angle is constructed using low and high
resistivity silicon wafers etched anisotropically and stacked together. The appropriate
wafer thicknesses used in the 90GHz receiver structure are shown in figure 3.4. Note
that the ezact cavity depth can not be achieved because of the limitations of wafer
thicknesses available in the industry. The mixer circuit consisting of the feed-dipole
with the CPS lines is integrated on the membrane wafer as shown in figure 3.5.

The horn sidewalls of each silicon wafer, except for the wafer containing the mem-

-

brane, are coated with gold by flood evaporation before assembling the integrated
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1350 Resistivity Si
Gold 0382 S

4

Wall A gipole

Matching Network

V-groove

Wall B
(not visible)

Figure 3.4: The 90GHz integrated horn antenna receiver structure. Wall A is coated
with gold, and a V-groove is etched at the side of wall B.

Figure 3.5: The mixer design consisting of the Schottky diode epoxied at the feed-

dipole apex, the two lumped capacitors forming the RF choke, and the
microstrip line IF matching network.
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horn antenna. The thickness of the gold evaporated is at least twice the skin depth at
90GHz (6% = 0.254m at 90GHz). For the membrane wafer, only three sidewalls are
coated with gold and the sidewall in front of the coplanar stripline (wali‘}\, Figure
3.4) is left uncoated so as not to short the IF and RF signals on the CPS line in
the mixer circuit. The three sidewalls of the membrane wafer are coated one at a
time by masking the opening of the membrane except the area corresponding to the
projection of the side wall on the membrane opening and then flood evaporating gold
on the wafer. Again, to avoid an IF short on the CPS line, the sidewall behind the
coplanar stripline (wall B, Figure 3.4) must also be far enough from the CPS line.
To facilitate the fabrication of wall B, a V-shaped groove (70.6°) is etched anisotrop-
ically through wall B in the silicon wafer directly behind the membrane (Figure 3.6).
Hence, the wafer containing the V-groove in wall B can be flood evaporated with
gold, metalizing therefore all the sidewalls including the groove without inducing any
short on the CPS line when the wafers are stacked. The silicon wafer containing the
V-groove does not need to be of high resistivity type since it is eventually coated with
gold. The reader is referred to Appendix D for details on the fabrication of V-shaped
grooves in silicon.

A microwave model of a CPS line on a half-space dielectric (Stycast ¢, = 12)
covered by a V-shaped groove showed that the height of the cavity should be at
least 6 times larger than the separation between the two strips forming the CPS
line. This is needed in order to minimize the effect of the groove environment on the
fields propagating along the CPS line on the dielectric. For the 90GHz design, the
V-groove height (or depth) is 300um which is ten times larger than the separation
between the two strips forming the CPS line on silicon. The V-groove cavity is small

enough so that no higher-order modes are present at 90GHz. The effective quasi-



14U

TEM dielectric constant is therefore equal to the mean &electric constant between
air and silicon (e, = (1 + €)/2). A microwave model of the receiver structure of
figure 3.4 was built at 2.55GHz and a 1.1-1.2dB RF power loss was measured due to
power leakage through the uncoated horn sidewall (wall A) and the V-groove (wall
B). From pattern measurements, it was found that the uncoated sidewall (wall A)
and the V-shaped groove in sidewall B do not have any effect on the far-field patterns

of the quasi-integrated horn antenna.

Figure 3.6: The V-shaped groove used in the 90GHz receiver design.

The length of the feed-dipole and its position inside the integrated horn antenna
are designed to present an approximate conjugate match to the RF diode impedance.
The planar diode is therefore epoxied right at the dipole apex without any additional
RF matching network (figure 3.5). The mixer circuit is integrated on high resistivity

silicon substrate (pgiticon > 3000 —cm) in order to minimize any losses of the IF
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signal on the surrounding dielectric substrate. The height of the high resistivity
silicon substrate is chosen so that it appears thick at RF frequencies, and s‘g‘that the
capacitance between the contact pad at the end of each stripline and the underneath
ground plane is minimized at IF frequencies. This ground plane is formed during the
flood evaporation of gold on the sidewalls of the high resistivity wafer which is above
the membrane wafer (Figure 3.4).

In the case of the 90GHz mixer, the high resistivity substrate consists of two 355um
high resistivity silicon wafers. The evaporated gold used in forming the mixer circuit is
about 5000A which is equal to twice the skin depth of gold at 90GHz (pyoig = 2.2x1078
Q1—cm). An RF choke is defined along the CPS line by using two integrated lumped
capacitors. At 90GHz, the first capacitor on the membrane itself is A,/4 away from
the dipole apex and the second capacitor on the silicon is \./2 away from the first
capacitor, where ), is the effective wavelength of the CPS line on silicon covered
on top by the V-shaped groove (¢, ~ (1 + ¢,)/2). The capacitors are fabricated
by evaporating two gold patches over the CPS line and using a 1.1ym insulating
polyimide dielectric. The polyimide dielectric is Selectiplast HTR3-50 [82] with a
measured dielectric constant of 4.0 to 4.5 at microwave frequencies. The separation
between the two strips of the CPS line on the silicon wafer is reduced to 30um rather
than the 60um on the membrane in order to minimize radiation losses of the CPS line
in the substrate [48]. The 60um separation between the two strips of the CPS line
on the membrane is chosen to give space for the planar diode anode finger (50um)
when the diode is epoxied at the dipole apex. The CPS line impedance is 220() on the
membrane (e, = 1) and 820 on the silicon substrate (¢, = 6.48) (the reader is referred
to figure 3.5 for the striplines dimensions, and to [83] for impedance calculations).

The capacitor integrated on the membrane is approximately 90fF (70um x240um)
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and the one integrated on silicon is 50fF (70pmx130p?{. This results in a low pass
filter wirth a -3dB corner frequency of 35GHz and a rejection of -19dB at 90GHz. The
series resistance in the CPS circuit lines is 4 to 4.5Q. The low pass filter presents a
high impedance at the dipole apex at the fundamental frequency 90GHz and shorts
the diode at the second harmonic. These are the two most important frequency
components for mixer performance, as was shown by the wérk of Held and Kerr
[84, 85] and also in [86).

A microstrip quarter-wave transformer is fabricated on a Duroid 5870 substrate
[87] and used to match the 1.4GHz IF diode output impedance to 509. The IF
matching network is specifically not integrated on the high resistivity silicon sub-
strate to facilitate the use of different IF matching networks. The transition from the
integrated coplanar stripline to the Duroid substrate, obtained by either using silver
epoxy or bonding wires, is not important due to the low IF frequency used. For higher
IF frequencies, the IF matching network can be integrated directly on the wafer by
using a transition from coplanar stripline to coplanar waveguide [88, 89]. For array
applications with severe space constraints on the matching network, a transformer
can be integrated using a lumped capacitor and a lumped inductor [90]. Figure 3.7
shows such a matching network.

The diode of choice to be used in the mixer design is the UVA SC2T3 planar
surface-channel GaAs Schottky diode [25] with a 2.5um anode diameter and a 6-
TfF zero-bias junction capacitance, C;o (Figure 3.8). The diode ideality factor 7 is
equal to 1.1-1.2. The diode saturation current I, is 5x10~'7 Amps. The Schottky
diode is fabricated using a 1000A-thick n~ layer (2x10"” /cm®) and a 5um-thick n*
layer (5x10'® /cm?®). The surface-channel etched underneath the anode finger results

in a reduction of the diode parasitic capacitance. The diode chip dimensions are
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400pm x 140pm x55um yielding approximately a 6-7fF parasitic capacitance (Cpeq)
between the contact pads and a 1.5-2fF parasitic capacitance (C,) betweetthe anode

finger tip and the cathode [91, 92, 93].

||
|
@

il _1\0.5 Zin
Zout C= (_t__ll___

L=t C Z;;2

Figure 3.7: An IF matching network consisting of a lumped capacitor C and a lumped
inductor L. Z,,; is the mixer IF output impedance. Z;, is the input
impedance of the matching circuit from the IF chain side (normally 509).

The diode DC series resistance is 2.5-3(), but there are three components at RF
which should be added to the dc value of the series resistance R,. The first component
is Rinermar and it is due to the error in measuring the diode resistance at audio
frequencies or dc, which results in a negative componen£ caused by heating of the

diode [84, 85]. In our case, Rinermar is ~ 1 — 2 for a 2.5um anode diameter [92].

The second component is due to the RF skin effect in the n* buffer layer and in the

anode finger which results in an additional R, [94]. The skin depth é,4in at 90GHz

for n* (pu+ = 1073 Qcm) is 5.3um which is equal to n* layer thickness and hence at
90GHz, there is no additional skin effect resistance due to the n* layer. The anode
finger which is 50pmx2.5umx2.5um results in an additional skin-effect resistance
of ~ 1.70 at 90GHz (pay = 2.2 x 107® Q—cm, and 64in = 0.25um). The third

component results from the voltage dependence of the undepleted epitaxial material
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Figure 3.8: The geometry of the UVa planar surface-channel diode.

width. In this study, this third component is assumed negligible. Hence, the tota
series resistance R, of the SC2T3 diode is 6-6.5(2. The finger inductance is assume
negligible (~ 0.9pH at 90GHz) [95]. The SC2T3 diode has shown good performanc:
at millimeter-wave frequencies with RF embedding impedances around 50+j50€2 [96)
This impedance could be approximately achieved at 91.4GHz (RF frequency) by usin;
a 0.38)-long dipole positioned 0.38) from the apex in a fully éonducting horn cavity

Impedance measurements were done on a 35x scale r'nodel of the receiver structur
at 2.55GHz (corresponding to a design frequency of 91.4GHz). The non-conducting
wall A in the receiver structure was modeled using a wall of stycast (e, = 12). The
measured input impedance was 85+711¢) at the design frequency including the effec
of the uncoated sidewall (wall A) and the V-shaped groove (wall B) (Figure 3.9)
This input impedance drops to 75-j76) when a small stycast block is put at the ape

of the feed-dipole to model the pad to pad parasitic capacitance (Cpeq) of the GaA:
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Figure 3.9: The measured feed-dipole impedance over the 82-110GHz and 170-
190GHz range using the 2.55GHz microwave model of the integrated horn

antenna receiver structure. The data points ‘are 4GHz apart.
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diode. Both measurements were sensitive to the feed gopmetry and were repeatable
to £5 + j50. Note that the impedance measurements include the effect of the low-
pass filter which was also modeled. This is seen in the measured second harmonic
(180GHz) impedances which are close to a short-circuit, and is due to the first lumped

capacitor being Azj,/2 away from the dipole apex at the second harmonic frequency.

3.2.2 Video Detection at 91.4GHz

A quasi-integrated horn antenna receiver was built at 90GHz and a UVA SC2T3
planar Schottky diode was epoxied at the feed-dipole apex (Fig. 3.10). Video de-
tection measurements were done at 91.4 GHz by shining a plane wave with known
power density on the quasi-integrated horn antenna and measuring the output de-
tected diode voltage in a 120K load using a lock-in amplifier. The RF plane wave
is calibrated to +5% using an Anritsu power meter and a standard gain horn. The
video responsivity is defined here as the ratio of the detected low-frequency voltage
across a 120k(} load over the total RF plane wave power incident on the antenna aper-
ture. This definition includes a 2.0dB loss resulting from the 63% aperture efficiency
(coupling to a plane wave) of the quasi-integrated antenna [73, 55).

Figure 3.11 shows the theoretical and measured video responsivity versus bias cur-
rent. The theoretical video responsivity was fitted to the measured video responsivity
using the circuit parameters listed in Table 3.3. The fitted loss in walls A and B, and
the fitted feed-dipole impedance including the effect of the pad-pad capacitance C,q,
are very close to the measured values in the 35x scale model (L™e3:*red = 1,1 —1.2dB
and Z7earred = 75 — 5700). In the theoretical model of the circuit (Figure 3.12), the

parasitic capacitance C, between the anode finger tip and the cathode has been in-

cluded since it was not modeled in the microwave measurements. The 3fF predictec
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1

Figure 3.10: The integrated horn antenna built at 90GHz where the feed-dipole, the
CPS line, and the first lumped capacitor close to the horn wall can be
seen.
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Antenna Diode

€aperture | Elossinwalls Zdipolc Ra Cj Cp ¢bi n

-2.0dB | -1.15dB | 70 -j15Q || 6§ | 6.5fF | 3fF | 0.9V | 1.15

Table 3.3: The circuit parameters used to calculate the theoretical video responsiv-
ity at 91.4GHz (see text). Zgipote includes C,qq, the parasitic capacitance
between the contact pads.

value of C, is higher than the estimated value of 1.7-2fF [92]. The increase in C,
might be due to the fact that the pad to pad capacitance was not perfectly modeled
in the microwave model or there may be additional fringing capacitance between the
anode finger tip and the cathode at high frequencies [97]. For the junction capac-
itance Cjo, an average value of 6.5fF was used for the 6-7fF range of value. The
built-in-potential ®y; value of 0.9V was derived from the log I-V curve of the diode.
A 69 value for the RF series resistance has been used which accounts, in addition
to the dc resistance, for skin-depth losses and thermal time constant in the diode as
discussed previously. It is seen that a very good agreement exists between theory
and measurement over four decades of bias current. The peak video responsivity is
1140V /W which is equivalent to 1.62 V/(mW/cm?) when referring it to the incident
power density on the antenna aperture.

The responsivity can also be defined as the detected low frequency voltage into a
120K load divided by the power available at the dipole terminals (70Q RF source).
This definition excludes the aperture efficiency loss (2dB) and the horn side wall loss
(1.2dB), and results in a peak responsivity of 2350V/W which is competitive with

whisker diodes at these frequencies.
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Figure 3.11: The theoretical and measured video responsivity of the antenna-mixer
versus bias current at 91.4GHz.

3.2.3 Theoretical Analysis of the Mixer Performance

The mixer theoretical performance was analyzed using the reflection algorithm
developed by Kerr et al. [98] for determining the steady-state conductance and ca-
pacitance waveforms for a diode given a certain dc bias; LO power level and the LO
embedding impedances at the fundamental and harmonic frequencies. After the large
signal analysis, the method described in [84, 85] is used to determine the small-signal
properties of the mixer which results in the calculation of the mixer noise temperature
and conversion loss as functions of the RF embedding impedances at the fundamental
and harmonic sideband frequencies. The small signal analysis includes the effects of
nonlinear diode junction capacitance and resistance as well as shot and thermal noise
generated in the diode which predominate in room-temperature mixers. The large

signal and small signal analysis are done using a computer software provided to us



50

by Prof. Maas [99].

The analysis is done for LO and RF frequencies of 90GHz and 91.4GHz, respec-
tively. In our analysis, the embedding impedances at the first two LO harmonics
(wro , waro) and the first two harmonic sidebands pairs (w0 £ wyF, wero £ wyr) are
considered because they are the most important in deciding the mixer performance
[84, 85, 86]. All embedding impedances at higher harmonics are assumed to be short
circuits due to the parasitic capacitance of the diode. The embedding impedance
values at the RF frequencies (USB and LSB) are equal to the measured impedances
at that frequency from the microwave model (figure 3.9) in parallel with a capaci-
tive reactance due to C, (1/(jCpw), C,=3fF) as seen in figure 3.12. Table 3.4 shows
the mixer theoretical performance for the UVA SC2T3 diode for an LO frequency
of 90GHz, an RF frequency of 91.4GHz, a dc bias of 0.64V (I; = 1.4mA) and an
available LO power at the dipole terminals of 1.6mW. The diode parameters used in

this analysis are the one used in the calculation of the theoretical video responsivity

(Table 3.3).

Rg | measured
Zdipole

g R; RF Coupled
Power

Figure 3.12: The equivalent RF mixer circuit. Note that C,,q is taken into account
by the impedance measurements at the antenna terminals.

It is seen that a minimum SSB conversion loss of 5.4dB is achievable without

a matching network. and the SSB conversion Jose remaine nnder 7 NAT -~ AN
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fro(GHz)
frr(GHz) 91.4
LO embedding imp. () 90GHz | 180GHz
67-j27 7+j31
RF embedding imp. () 88.6GHz | 91.4GHz
6441 | 72:j16
RF embedding imp. (2) 178.6GHz | 181.4GHz
7+)26 6+j21
2 Fode,rF (D) 80-j25
Zitode,Lo () 76-)58
Z3ie () 10546
Diode SC2T3 SSB Conversion loss (dB) 5.4
Diode SC2T3 SSB mixer temperature (K) 480
Diode SSB Conversion loss (dB) over 20% BW 5.0-7.0

Table 3.4: The mixer theoretical performance of the UVA SC2T3 diode (2.54m anode
diameter) for a dc bias of 0.64V and an available LO power at the dipole
terminals of 1.6mW.
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bandwidth. The RF mismatch between the diode and the' &pole at 91.4GHz is about
0.5dB. This can be eliminated by choosing a longer dipole in the pyramidal horn
cavity. The embedding impedances at the second harmonic (178.6GHz, 180GHz, and
181.4GHz) are close to a short as expected. An improvement of 0.2-0.3dB in mixer
performance can be obtained with a lower dc bias voltage, but at the expense of
higher IF impedances which are hard to match to 5092 over a wide IF bandwidth.
The conversion loss can also be improved with higher LO power levels but at the

expense of increasing the mixer noise temperature.

3.2.4 Quasi-Optical Measurement Set-up Design

A quasi-optical set-up has been 'deslxigl_l.edht_;gw (}?uplghg RF and LO signals into
the quasi-integrated horn antenna receiver uéing Gaﬁssi;n-beam optics. The system
shown in figure 3.13 has been designed for 90GHz. A WR-10 standard gain horn is
used for coupling the LO power from a Gunn oscillator source. From the dimensions
of the standard gain horn and using the application note [100], the minimum waist
wLO of the LO horn is 8.27mm at 90GHz. The beam waist w, is the minimum beam
radius of the fundamental Gaussian mode, and can be seen as the point from which a
Gaussian beam is launched or'to which it converges. At any point in the system, the
beam radius w(z) of the fundamental Gaussian beam corresponds to the circular waist
at which the power density in the fundamental gaussian mode beam drops to -8.7dB.
The circular waist with a radius of 2w(z) corresponds to a power level of -35dB and
presents a safe criteria for truncating the Gaussian beam. The system was designed
so that any point z in the system, no Gaussian beam is truncated with a diameter

less than 4w(z) so that to ensure propagation of essentially pure Gaussian beams

and proper performance of the finite diameter focusing elements [10]. The beam
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waist of the quasi-integrated horn antenna w7**"**" at 90GHz is estimated usir g t; >
asymptotic angle cf growth of the beam radius at large distances from thedseam vais .

which corresponds to the far-field region of the antenna [10], and is given by:
tan(fy,) = /7w, (3.1

where 8y, corresponds to the -8.7dB angle in the antenna far-field patterns con
sidering symmetrical patterns). From the measured patterns at 90GHz (Fig. 3.2).
0y, = 16° and results in w"***" = 1,11\ = 3.7mm at 90GHz. The horn beam vrais,
is located at its phase center which is 1.45) from its aperture for the case of the 204E

quasi-integrated horn antenna [55].

Mach-Zender
Diplexer -
> Lens2
Antenna-Mixer
sy (f/D=075) Antenna- M
RF Load S
27em | wLoad 8
= Lensl
10.2cm — (f/D=1.4)
20.6cm

IIO -
Source\/ Wo=8.27mm

Figure 3.13: The quasi-optical set-up used in the measurement of the quasi-integrate i
horn antenna receiver performance. The design frequency is 90GHz.

As seen in figure 3.13, the power in the LO Gaussian beam is converged to the

quasi-optical diplexer using a dielectric lens (lens1) with a power taper at its edges cf
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-35dB as discussed previously. The RF and LO beams ‘éft‘the output of the diplexer
are coupled to the receiver using a dielectric lens (lens2) which also has a minimum
taper of -35dB at its edges. An important design consideration is the position and
width of beam waist inside the quasi-optical diplexer. As discussed by Erickson in
[101], the converging minimum beam waist from lens] is placed in the center of the
interferometer, and this results in the smallest interferometer size. The size of this
beam waist is given by equation B.13 (appendix B) and results in the minimum
diffraction loss when combining the undelayed beam and the delayed beam at the
output of the interferometer [10] (ﬁguré 3.14). In the case of double sideband (DSB)
measurements, the path length difference A used in equation B.13 is equal to A;r/2.
At 90GHz and for an IF frequency of 1.4GHz, w¥?'***" should be greater than 16.9mm
to result in a diffraction loss of less than 0.09dB.

In our set-up, a Mach-Zender interferometer is used for diplexing (Appendix B).
Before setting a beam waist of 16.9mm at the center of the interferometer, we have
to make sure that there will not be any beam truncation inside the interferometer
due to its dimensions. The output port 3 has a diameter which is limited by the
separation between the corner mirror and the beam splitters, and in the case of DSB
measurements and an IF frequency of 1.4GHz, d = M\r/4 ~ 53.6mm (Fig. 3.14).
As discussed previously for the proper Gaussian beam propagation, the output and
input ports diameters should be greater or equal to 4w where w is the beam radius
at the output and input ports. For d=53.6mm, the beam radius at the output port
cannot be larger than d/4 ~ 13mm without blockage of the beam. This sets the beam
waist size at the center of the interferometer in our design to 13mm and will result
in an increase in the diffraction loss (this is presented in the next section).

The quartz plates used as beam splitters in the Mach-Zender interferometer are 49
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mils thick, and have a 50% reflectance for a vertically polarized wave incident at an
angle of 45° to the normal to the plate (Appendix B). The resulting respo&s;a of the
diplexer is shown in figure B.2. The insertion loss in the LO path at the LO frequency
of 90GHz (path 2—3 in fig. 3.13) is 0dB theoretically, and increases to 0.3dB and
0.08dB at 82GHz and 112GHz, respectively, due to the change in the reflectance of
the quartz plates over the frequency range of measurements (82-112GHz) (Appendix
B). Note, as discussed in appendix B, the change in the reflectance value does not
introduce any insertion loss in the sidebands path at the image and signal frequencies

(path 1-3).

Comer Reflector

Input Beam VRN Output Beam
> 4 7 4w, \ 4>
W 7 s AN
7 \\\
Minimum Gaussian

Beam Splitter Beam Waist

Figure 3.14: A Mach-Zender interferometer.

The system geometry can now be designed knowing the beam waists of the LO
horn (w® =8.27mm) and the receiver horn (w7****" =3.7mm), and the beam waist
at the center of the diplexer (13mm by geometrical constraints). Using the “thin lens”
approximation formulas for Gaussian beam optics discussed in [10], we can find the

size and the f/D number for lensl and lens2, and the appropriate distances between
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all the quasi-optical components which will result in minimum loss and minimum
truncation of the signal beam through its path (-35dB tapering at the edges of the
lenses). The resulting system, designed for 90GHz, is outlintd in detail in figure 3.13.
The two lenses are made up of teflon and lensl is grooved to reduce reflections of its
surface (both lenses are 10.2cm in diameter with focal distances of 14.22cm for lensl

and 7.62cm for lens2).

3.2.5 Receiver Measurements

DSB receiver measurements were done over the 82-112GHz range. In DSB op- -
eration, the mixer is assumed to have equal responses at both sidebands, and the
mixer output noise temperature is generated equally from both sidebands. At each
frequency, the distances between the lenses and the diplexer are varied empirically
around the designed value at 90GHz in order to maximize the received LO signal by
the receiver. This can be seen either by reducing the LO power, using the diode as
a video detector, and maximizing the detected signal on the lock-in amplifier, or by
pumping the diode with LO power and maximizing the dc rectified diode current on
the current meter.

The beam waist size at the center of the diplexer is set always around 13mm at each
measurement frequency. The optimum response of the Mach-zender interferomete:
corresponding to at least 20dB suppression of the LO signal at the upper and lowe:
sidebands frequencies (Fig. B.2) is obtained by setting the half path length differenc
d to ~ A\;r/4 (DSB operation) and then slowly varying d in order to maximize the d
rectified diode current. This is why, as discussed in Appendix B, at each measuremen
frequency {10, the IF frequency is not exactly 1.4GHz but is close to this value an

related to f1o by: fLo/fir = 2n, where n is an integer. This is valid for DSB operatio
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and for the case when port 2 of the diplexer is used for the LO signal, port 1 is used
for the RF and image signals, and port 3 is the output port where all the signals
are combined (Fig. 3.13). Port assignments and path responses of the Mach-zender
interferometer are discussed more in Appendix B.

The DSB receiver measurements were done using the standard hot/cold load
method {102, 103]. The RF load, which is a black-body absorber [104], is directly
placed at port 1 of the interferometer, so that its output noise power at both sidebands
frequencies fills up the beam of the receiver antenna. The RF load is used at room
temperature (Ty= 295K) and dipped in liquid nitrogen (77.3K). However, the cold
load temperature T¢ used in the calculations to determine the receiver performance
is 85K and not 77.3K because the load material is not truly black (temperatures as
high as 95K hav been quoted [12]).

As discussed previously in the mixer design, a microstrip line over a Duroid sub-
strate ( Agubstrate = 45mils, €, = 2.33) is used to match the mixer IF output impedance
to 509. The predicted 1.4GHz IF output impedance from mixer theory (Table 3.4) is
around 105(), and a 70} quarter-wave transformer is used as an IF matching network.
The output of the IF matching network is fed into the IF chain shown in figure 3.15.
The 10dB coupler used at.the beginning of the IF chain is used for measuring the
IF power reflection coefficient |I';r|? at the output of the mixer. A calibrated and
matched noise source is connected to the coupled port of the 10dB coupler and is
turned off during receiver measurements. The load connected to port 2 of the isolator
is cooled in liquid nitrogen. The temperature of this load TE, is 85K assuming a
slight increase in temperature due to the warm coaxial cable connecting the actual
cooled load to the isolator port. The resulting IF chain has a gain of (Gir) 92dB
and a noise temperature (T7r) of 128K at 1.4GHz, with a 100MHz bandwidth. The
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4
output of the IF chain goes into a calibrated power meter at 1.4GHz.

After each receiver measurement, the IF power reflection coefficient |T';¢|? is mea-

sured using the following way [105]:

o For the same LO power level and dc bias used for the receiver measurement
and with the noise source turned OFF, the IF power read on the power meter

is recorded (PJ*0FF),

o For the same LO power level and dc bias used for the receiver measurement
and with the noise source turned ON, the IF power read on the power meter is

recorded (PJ*eON),

o The LO power and diode dc bias are turned off, and the noise source is turned
ON. The mixer diode looks like an open circuit under this condition and will
reflect all the power incident on the mixer port from the noise source. The

corresponding IF power recorded is Proise source-

o The IF reflection coefficient is then calculated as:

lFIFI2 = (PFFO“C'ON - }l};.".e'OFF) / Pnoiae source.

In the remainder of this section, three different terms related to the measurement:
will be used, and each term represents a specific way of defining the system perfor-
mance. In figure 3.16, the mixer conversion loss Ly, includes the diode intrinsic con:
version loss and the RF mismatch between the diode impedance and the feed-dipole
impedance. The antenna-mixer conversion loss L4_ps includes the mixer conversior
loss Ly, the Gaussian coupling efficiency loss, and any other loss in the antenna struc
ture. The receiver conversion loss L., includes the antenna-mixer conversion loss

the IF power reflection loss |T'/r|?, and the RF losses in the quasi-optical diplexer an
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Figure 3.15: The IF chain used in the 90GHz receiver set-up. 92dB gain, 128K noise
temperature, and 100MHz bandwidth.

in lens L2 in front of the receiver antenna. The receiver noise temperature includes
also the noise temperature of the IF chain.

The receiver DSB temperature and conversion loss over the 82GHz to 112GHz
range are shown in figure 3.17. At each frequency, the LO power and dc bias voltage
were adjusted for minimum overall noise temperature T;,,. All the best data points
are obtained for a 1.5-2mW LO power available at the dipole terminals and a 0.91V-
0.92V dc bias voltage corresponding to a 1.2-1.5mA dc bias current. The LO power
available at the dipole terminals has been estimated knowing the transmitted power
from the Gunn source (which is measured using an Anritsu power meter) using a
70% Gaussian coupling efficiency for the standard pyramidal horn antenna [100], and
estimating all the losses in the LO signal path till it reaches the dipole apex. The
LO signal losses are presented in the following paragraph. The receiver performance

calculations are done using equations C.15-C.17 (Appendix C). A minimum receiver
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Figure 3.16: The system block diagram.

conversion loss of 6.5dB+0.3dB and noise temperature of 1600K+40K are obtained at
90GHz and 92GHz. This noise temperature includes the IF-chain noise temperature
of 128K. As shown in figure 3.17, a receiver noise temperature of 1370K+10K was
measured at 92GHz without the 10dB coupler in the IF chain (G;r = 93dB, Tjr =
78K).

The loss in lensl (L1) and the loss in lens2 (L2) (Fig. 3.13) were determined
empirically to be 0.3+0.05dB and 0.5+0.1dB, respectively, over the frequency range
of measurements. The diffraction loss in the diplexer at each measurement frequency
for a beam waist size of 13mm inside the diplexer and a path length difference ~
A1r /2 for an IF frequency of 1.4GHz has been calculated using equation B.12. The
resulting insertion loss L,_,3 in the diplexer RF path at the sidebands frequencies
varied between 0.3dB and 0.2dB for the frequencies between 82GHz and 112GHz. As

for the LO path (2—3), the insertion loss L;_3 at the LO frequency consists of two
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components:

o Diffraction loss, assumed to be equal to the diffraction loss caldilated at the
sideband frequencies (see above) since fir is small compared to the signal fre-

quencies.

o Loss due to the change in the value of the reflectance R of the beam splitters
with the change in the frequency of operation. This loss is less than 0.2dB over
the range 82GHz to 112GHz (0.4< R <0.6). Note, this loss is not included in
path 2—3 and path 1 —3 at the sideband frequencies since their responses are

independent of R at those frequencies, as discussed in Appendix B.

Hence, the total insertion loss in the LO path at the LO frequency varied between
0.5dB and 0.4dB for the frequencies between 82GHz and 112GHz. The IF power
reflection coefficient varied between 0.2dB and 0.7dB at the optimum bias points and
LO power over the measurements frequency range. The insertion loss (L3) at 1.4GHz
in the IF chain between the mixer IF port and the isolator port is measured to be
1.05dB (including the bias-T and the 10dB coupler).

The DSB antenna-mixer conversion loss L4 and noise temperature T4_ps are
calculated using equations C.18 and C.19, and a minimum antenna-mixer DSB conver-
sion loss of 5.5dB+0.5dB is obtained at 90GHz and 92GHz, and a minimum antenna-
mixer DSB noise temperature of 770K+50K is obtained over the 90GHz to 94GHz
range (Fig. 3.18). The measured antenna-mixer DSB conversion loss and noise tem-
perature over a 20GHz bandwidth (86GHz-106GHz) remain less than 6.3dB+0.5dB
and 1000K+50K, respectively. With the 100MHz band pass filter in the IF chain
was replaced by a 50MHz band pass filter, the DSB measurements at 92GHz were

virtually the same.
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the 82-112GHz range.
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The antenna mixer performance includes the drop in the Gaussian coupling effi-
ciency of the quasi-intggrated horn antenna at the low and high freqwcies (Table
3.2) and the 1.1-1.2dB loss in the receiver structure as measured in the receiver mi-
crowave model and as predicted in the video detection theory (Table 3.3). At 90GHz,
excluding the Gaussian coupling efficiency loss 0.13dB (97%) and the 1.1-1.2dB loss
in the receiver structure, the resulting measured DSB mixer conversion loss and noise
temperature are Lyy = 4.2dB+0.5dB and Ty = 495K+50K. Hence, the measured
DSB mixer conversion loss and noise figure (L7f** =4.2dB and NFJ}** = 4.3dB)
are only 1.8dB higher than the predicted theoretical DSB conversion loss and noise
figure at 90GHz, shown in table 3.4, assuming equal mixer response in both sidebands
(Ly¢™ = 2.4dB and NFit*"v = 2 6dB for DSB operation). We can see that the mea-
sured results are in close agreement with the predicted performance. The discrepancy

between experiment and theory can be attributed to the following reasons:

o The discrepancy in the measured embedding impedances at the first and second
harmonics between the microwave model of the receiver structure and the actual

receiver at 90GHz.

o The effects of the embedding circuit, contributing noise from higher harmonic

terminations [12].

o Power lost by conversion to other frequencies, where the terminating embedding

impedances have real parts [85).

It is useful to derive the effective mixer diode temperature from the measured results
at 90GHz, since it is an indication of the inherent noise characteristics of the diode and
mixer environment. Assuming all losses are within the mixer diode itself and based

on the attenuator noise model of the mixer described by Kerr [106], the effective
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temperature 13 i3
meas,DSB
Tm

(LECM’DSB _ 1)

chf = (32)

which results in T,;; = 300 + 25K derived from the DSB mixer conversion loss of
4.240.5dB and noise temperature of 495+50K. For an idealized shot-noise limited
mixer, where the diode series and parametric effects due to the diode nonlinear ca-
pacitance are negligible (R, = 0, C; = Const), and with higher harmonics reactively
terminated so that no power is converted or generated by these harmonics, the ide-
alized effective diode temperature is equal to Te‘}‘}“' = 0T physicat/2 [106]. In this case,
7 = 1.15 and Tphysicat = 295K and therefore T:}';"' = 170K. Hence, the effective diode
temperature of the 90GHz mixer diode is within a factor of 1.8 of the effective diode
temperature of the idealized mixer using the same diode.

Single sideband (SSB) measurements for an LO frequency of 92GHz and an RF
frequency of 93.4GHz were done by halving the interferometer path-length used in
the DSB measurements and thereby tuning the interferometer as a single-sideband
filter [10]. Hence, Assg = Apsg/2 = /\[p/4,' resulting in dssp = Assp/2 = A\ir/8,
which is equal to 26.8mm at 1.4GHz. This value of d, which also corresponds to the
diameter of input port 1, results in the truncation of the signal beam at the - 9.2dB
power level, assuming a 13mm beam waist at the center of the interferometer, as set in
the DSB case. This truncation of power disturbs the propagation of the fundamental
Gaussian mode and results in power loss in the RF path. To eliminate this RF loss,
the interferometer is operated at a longer path length difference Assp which is set to
3A1r/4 (K=2), instead of A;r/4 (K=1) (refer to Appendinx B). The resulting response
of the interferometer corresponding to d = Assp/2 = 3A1r/8 is shown in figure 3.19.

Increasing the path length difference eliminates the truncation of the input beam,

but results in an increase in the diffraction loss because the delayed beam travels a
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large distance inside the interferometer before reaching the output port. However,
a larger value of d allows the choice of a large beam waist inside the interferometer

&4
without fear of truncation at the output port. The diffraction loss is calculated using

equation B.12 (Appendix B) for fpr = 93.4GHz , f;r = 1.4GHz, A = 3\[r/4, and a
beam waist size w, set inside the diplexer of 17mm. The resulting diffraction loss is
about 0.2dB.

Figure 3.20 shows the measured SSB antenna-mixer conversion loss (Ls-p) at
93.4GHz versus LO power available at the dipole terminals. For each LO power
level, the DC bias voltage is adjusted to minimize the IF power réﬂection coefficient
which was measured to be less than 0.3dB at optimum LO powers. A minimum
SSB antenna-mixer conversion loss of 7.5dB+0.5dB was obtained for an available
LO power between 1.3 and 2.5mW at the antenna aperture. Excluding the 1.2dB
power loss in the antenna structure and the 0.13dB Gaussian coupling efficiency loss,
the resulting SSB mixer conversion loss of 6.240.5dB agrees well with theory which

predicts a 5.3dB SSB conversion loss (Table 3.4).

3.3 A 250GHz Quasi-Integrated Horn Antenna Receiver

A 20dB quasi-integrated horn antenna mixer was also designed at 250GHz with a
design similar to the 90GHz mixer presented above. Figure 3.21 shows the measured
patterns at the design frequency of 250GHz and at the edges of the £10% bandwidth
over which the receiver measurements were done (230GHz-280GHz). The E-,H-, and
45°-plane patterns are not perfectly symmetrical due probably to small alignment
errors between the integrated section and the machined section. Also, as seen, there
is an increase in the E-plane side-lobe level (-15dB) at 279GHz. Table 3.5 shows

the theoretical gain and coupling efficiency from 222GHz to 279GHz of the 250GHz
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Frequency (GHz) 222 | 237 | 250 | 258 | 279

Gaussian coupling efficiency % || 86 | 95 | 97 | 97 | 92

Gain (dB) 18.7 1 19.4 | 20.0 | 20.6 | 21.3

Table 3.5: The calculated gain and Gaussian coupling efficiency of the 20dB quasi-
integrated horn antenna from 222GHz to 279GHz. The design frequency
is 250GHz.

quasi-integrated horn antenna. As we can see, the 20dB quasi-integrated horn antenna
shows a higher Gaussian coupling efficiency at 279GHz than at 222GHz.

The 250GHz receiver structure is shown in figure 3.22. The feed-dipole is posi-
tioned 0.38) from the horn apex as in the 90GHz structure. The separation between
the two strips of the CPS line on the high resistivity silicon wafer is 20pm rather
than 40um on the membrane in order to minimize radiation losses of the CPS line
at 250GHz. The CPS line impedance is 240Q2 on fllie membrane (¢, = 1) and 85{ on
the high resistivity silicon (€. ~ (¢, + 1)/2 = 6.5) (Fig. 3.23).

The height of the V-groove in wall-B is 140um which seven times larger than the
separation between the two strips of the CPS line integrated on the high resistivity
silicon wafer (figure 3.23), and hence, the effective dielectric constant of the CPS line
can still be assumed as ¢, = (¢, + 1)/2. The cavity formed By the V-groove is small
enough so that no higher-order modes are present at 250GHz. As seen in figure 3.21,
the antenna far-field patterns are not severely affected by walls A and B. For a 1.1ym
thick polyimide with ¢, = 4, the metal-dielectric-metal (MIM) capacitor integrated
on the membrane is 53fF (40pymx190pm) and the one integrated on silicon is 64fF
(50pmx170pm). This results in a low pass filter with a -3dB corner frequency of
70GHz and a rejection of -26dB at 250GHz.

The mixer diode is the UVA SC1T4-S20 planar surface channel Schottky diode
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with a 1'3-1'4,,#m anode diameter and a 2-3fF zero-bias junction capacitance. The
Schottky diode is fabricated using a 1000A-thick n~ layer (2 X;(}” /cm?) and a 5um-
thick n* layer (5 x10'® /cm3). The ideality factor is 1.15, and the dc Qeries resistance
is 10-120. The diode saturation current I, = 0.9-1x10~!". The series resistance R,
is expected to increase to 15-17€). This increase in resistance, as discussed before,
includes the thermal component (about 1.5  [92]), the skin effect in the n* buffer
layer (1.3-1.5 Q with 67, depth = 3-1pm) and the skin effect in the anode finger (1 -
1.2Q). The diode chip dimensions are 210pmx80umx50um yielding approximately
a 3-4fF parasitic capacitance (C,qq) between the contact pads and a 1.5-2{F parasitic
capacitance (C,) between the anode finger tip and the cathode [92, 91, 93]. The anode
finger length is 20um and results in a negligible inductance. The diode parasitic pad
to pad capacitance is reduced by 1.5-2fF by chemically thinning the semi-insulating
GaAs substrate to 25-30um [92, 93]. The 25-30gm-thin diode is then mounted on the
feed-dipole apex using silver epoxy.

In the 90GHz receiver design, we saw that it is always better to make the dipole
more inductive in order to reduce the reactance induced by the diode parasitic ca-
pacitance. The dipole length in the 250GHz deéign is chosen to be 0.4). This results
in a dipole impedance at 250GHz of 65+525(, when measured in a microwave scale
model of the receiver structure at 2.55GHz shown in figure 3.22. The measured dipole
impedance includes the effects of the uncoated wall A, the V-groove in wall B, the
stycast block on the dipole apex modeling the pad to pad parasitic capacitance of the
25-30um thinned diode and the low pass filter.

Video detection measurements were done on a 250GHz quasi-integrated receiver

from 230GHz to 280GHz using the same method described in the 90GHz experi-

ment. The video responsivity is defined as the ratio of the detected low-frequency



71

voltage across a 120k() load over the total RF plane-wave power ingjdent on the
quasi-integrated horn antenna aperture. A 3mm x3mm large area bismuth bolometer
is used to measure the incident power density on the antenna aperture [77]. The
area of the bolometer is larger than 2)Ax2) at the measurement frequencies. The
video responsivity varied around 500V /W or 91mV/(mW/cm?) for a 3-64A dc bias
current from 230-280GHz. The variation in the data is due to the 5% accuracy in
the power measurements and the variation in the feed-dipole impedance. Excluding
the 2.0dB loss resulting from the 62.5% aperture efficiency (coupling efficiency of the
quasi-integrated horn antenna to a plane wave) and the 1.1-1.2dB RF-loss due to the
uncoated wall A, the measurements result in a diode video responsivity of 1040V /W
referred to the feed-dipole terminals. This is competitive with the performance of
whisker-contacted diodes at 250 GHz in a WR-03 waveguide.

In the theoretical mixer analysis, and referring to figure 3.12, all the embedding
impedances at the harmonics above the first harmonic are considered to be shorted.
The embedding impedances at the LO, RF and image frequéncies are assumed to be
equal since the IF frequency is much smaller than the LO frequency. This embedding
impedance is 6547525 § in parallel with the reactance of C, at 250GHz (C, = 4fF
assuming 2fF between the anode finger tip and the cathode, and an additional 2fF to
compensate for unmodeled capacitance and for fringing capacitance). The resulting
embedding impedance at wrp and wro wyr is 74—36 ). The resulting SSB theoreti-
cal conversion loss and noise temperature are 6.5dB and 1084K, respectively, for a dc
bias current of 1.4mA and an available LO power of 1.5mW at the dipole terminals.
This conversion loss includes a 0.7dB RF mismatch between the diode and dipole
impedance. The mixer IF output impedance is around 1500 and a A/4 microstrip

line matching network on an €, =2.2 Duroid substrate [87] with an impedance of 85
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was used as a matching network at 1.4GHz.

The 250GHz quasi-optical set-up is similar to the 98@Hz set-up but with different
distances between the quasi-optics and smaller lenses (figure 3.24). The beam waist at
the center of the Mach-Zender interferometer is set to 13mm for 230-280GHz resulting
in a diffraction loss less than 0.1dB. The LO antenna is a corrugated horn with a 10dB-
beamwidth of 21.5° [107]. The beam waist of the LO horn wZ© at 250GHz is estimated
to be 2mm using its far-field patterns [107, 10]. The beam waist of the 20dB quasi-
integrated receiver, as shown previously, is equal to 1.11A = 1.33mm at 250GHz.
Lensl in the LO arm of the interferometer has an f/D number of 1.4 (D=6.35cm),
and lens?2 in front of the receiver has an f/D number of 0.85 (D=6.35cm). The lenses
are made from teflon and are not grooved, which result in a reflection loss in addition
to the absorption loss in teflon. The IF chain used in the receiver measurements is
the same one used for the 90GHz receiver.

The double-sideband conversion loss and noise temperature of the antenna-mixer
are measured using the hot/cold load method. They were done at room temperature
and from 230GHz to 280GHz. At each frequency, the optimum LO power is ap-
proximately 2.2-2.5mW available at the quasi-integrated aperture, and the optimum
dc bias current is 1.2-1.4mA. The LO power at the antenna aperture was estimated
by measuring the transmitted power from the LO tripler source using the large-area
bolometer technique described in [77], and reducing it by the RF loss in the quasi-
optical path between the LO port and the integrated receiver.

During measurements, the loss due to the non-zero IF reflection coefficient at the
mixer output port was between 0.5dB and 0.7dB. The RF losses (L;) in the f/0.85,
6.35cm diameter teflon lens in front of the receiver are estimated to be 0.3dB due

to loss resulting from normal incidence reflection at both surfaces of the lens [108]
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(etflm = 2,07) and 0.5-0.6dB due to absorption loss in teflon over tH frequency
range (gpsorption = 0.045 Np/cm at 230GHz, agssorption = 0.057 Np/cxﬁ at 280GHz
[66, 109]). The RF diplexer loss L;_,3 in the signal and image path at both sidebands
frequencies is estimated to be 0.1-0.2dB, which includes diffraction loss and dielectric
losses in the quartz beam splitters. The insertion loss Ls_,3 in the diplexer LO path
at the sidebands frequencies is assumed to be 20dB. The IF mismatch and RF path
losses are removed from the receiver measurements (appendix B), and the double

sideband antenna-mixer conversion loss and noise temperature are shown in figure

3.25.
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Figure 3.24: The 250GHz receiver quasi-optical set-up.

The conversion loss includes the antenna Gaussian coupling loss, any power loss
in the antenna-mixer structure, the RF mismatch between the feed-dipole and diode
impedances, and the diode intrinsic conversion loss. A minimum antenna-mixer DSB

conversion loss of 7.1dB£0.5dB and noise temperature of 1405K+70K are obtained
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at 258GHz. It is seen that the receiver has a comfortable 10% bandwidth. The
measured DSB noise-temperature and conversion-loss versus LO powériare shown in
figure 3.26 and it is seen that the measurements level-off at an LO power of 2-2.5mW
available at the antenna aperture (the available LO power at the dipole terminals is
1.3-1.5dB lower due to RF loss in the walls (1.2dB) and Gaussian coupling efficiency
loss (0.1-0.3dB)).

Excluding the 1.2dB loss in the receiver structure and the 0.13dB Gaussian cou-
pling efficiency loss (97%) at 250GHz, the resulting DSB mixer conversion loss and
noise temperature between 250GHz and 258GHz are Ly = 5.8dB+0.3dB and T)s =
980K+60K. At 250GHz, the measured DSB mixer conversion loss and noise figure
(L3r*® = 5.9dB and N Fy;*** = 6.5dB) are only 2.2dB higher than the predicted theo-
retical DSB conversion loss and noise figure at 250GHz, as discussed before, assuming
equal mixer response in both sidebands (Ly™™" = 3.5dB and NF¥™V = 4.5dB for
DSB operation).

As discussed before, the discrepancy between the theoretical and measured con-
version loss is attributed to the non-zero impedance of the higher order harmonics,
higher RF mismatch than predicted and resistive loss in the junction [85]. As for the
noise, the increase in the series resistance of the diode at high frequencies increases
the generated thermal noise [84]. Also, the non-zero impedance of the higher har-
monics tend to increase the correlated shot-noise components from these harmonics
[110, 111]. Another noise component is hot-electron noise which should be consid-
ered in the case of small anode diameters [13]. Small anode diameters result in high
current densities and therefore high electric field occurring in the undepleted active
portion of the device during strong forward operation. These high fields accelerate the

electrons through the undepleted epitaxial material, causing higher electron average
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temperature than lattice temperature [112].

At 258GHz, the effective diode temperature assuming the attenuator noise model
for the mixer diode, as done in the 90GHz case, is equal to ;:OK which is a factor of
2 larger than the effective diode temperature of the idealized shot-noise limited mixer
using the same diode. The antenna-mixer DSB performance at 258GHz (LO) was
measured for IF frequencies between 1.2GHz and 1.6GHz using a YIG-tuned filter in
the IF chain. It is seen that the mixer has a comfortable 300MHz IF bandwidth with

a simple A/4 matching network designed at 1.4GHz (figure 3.27).
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3.4 A 330GHz Quasi-Integrated Horn Antenna Receiver

With A New Design 1

In the previous sections of this chapter, the design and measurements of a 90GHz
and a 250GHz quasi-optical planar receivers based on the 20dB quasi-integrated horn

antenna were presented. In this section, the design of the quasi-integrated receiver

structure has been modified for the following reasons:

1. To reduce the power loss in the uncoated membrane wafer sidewall A near the

CPS (IF) line integrated on the membrane wafer.

2. To eliminate the non-practical step of evaporating gold on the three membrane-

wafer sidewalls.

3.4.1 Receiver Structure and Mixer Designs

The UVa SC1T4-520 planar diode used in the 250GHz receiver is also used for
the 330GHz mixer design. The diode performs well for RF embedding impedances
around (60-70)+7(50-60)S2, as predicted from mixer theory. The impedance of a
dipole 0.4) long and positioned 0.38) from the horn apex is 65+525() as measured
in a microwave model of the 250GHz design (the measured imi)edance includes the
effect of the diode block on the dipole-apex, the low pass filter in the mixer circuit
and the receiver structure). Note that the measured dipole impedance is always in
parallel with an unmodeled capacitance (3-4fF for the SC1T4-S20) which tends to
lower the inductive reactance and increase the resistance real part of the equivalent
RF embedding impedance. Hence, in the 330GHz design, there is a need for a dipole
with a higher inductive reactance to compensate for the increased capacitive reactance
of the diode. This can be done by increasing the length of the dipole or changing the

dipole position. However, there are two limitations on increasing the dipole length:
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1. The physical size of the membrane on which the dipole is integrated.
,, «

2. The real part of the dipole impedance increases also with increasing the dipole

length and this results in a higher diode-dipole RF mismatch.

Moving the dipole away from the horn apex does not improve the RF match
between the SC1T4-S20 diode and the dipole because of the increase in the dipole
radiation resistance value (Figure 2.6). As a result, the dipole is kept positioned 0.38)
from the horn apex, but its length is increased to about 0.43). As seen in figure 3.28,
the first part of the dipole is 70pm long and 40pum wide and corresponds to the size
of the diode contact pads. The dipole width is then reduced to 20um in order to
increase the dipole inductance.

The low pass filter is designed in a similar way to the 250GHz design, but in
the 330GHz design, sputtered SiO, is used as the dielectric layer in the integrated
capacitors. The advantage of sputtering SiO; (&, =3.86) is that it exhibits low loss
at submillimeter-wave frequencies and it is possible to obtain very thin dielectric
layers with this process. This results in smaller integrated capacitor dimensions. The
sputtered SiO; layer is 3500A-thick, and the capacitor integrated on the membrane
is 45fF with dimensions of 20um x124um, and the capacitor integrated on silicon is
75fF with dimensions 40umx94pm. This results in a low pass filter with -3dB corner
frequency of 97GHz and a rejection of -29dB at 330GHz.

As seen in figure 3.28, V-trenches have been etched 50pum to 75um away from the
membrane sidewalls, and coated with gold or filled with silver epoxy to make them
conducting. The fabrication of the V-trenches is explained more clearly in Appendix
D. The close proximity of the coated V-trenches sidewalls to the pyramidal cavity
sidewalls acts as if the membrane sidewalls have been coated with gold. This step of

micromachining the V-trenches is done along with the mixer fabrication, and therefore
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eliminates the gold evaporation step on the membrane wafer sidewalls, which proved
to be impractical at these frequencies. Also, we are able to etch two trefiches parallel
to sidewall A, which is above the CPS (IF) line so as to reduce any power loss through
this sidewall. The unetched silicon of width 120um between the two “sidewall A” V-
trenches is left unetched since it is the supporting substrate for the integrated CPS
line.

The 330GHz receiver structure with an aperture opening of 1.35) (figure 3.29)
and the mixer design without the V-trenches were modeled at 1.35GHz. The 20-
25um-thick diode in the 330GHz design was also modeled at the dipole apex. The
resulting dipole impedance is around 76437500 at 330GHz (Fig. 3.30). As discussed
in the 250GHz design, there is a 3-4fF parasitic capacitance still unmodeled, which
introduces a reactance in parallel with the measured dipole impedance. The resulting
embedding impedance at the LO and sideband frequencies is 107-j14f), assuming
C,=3.5F (refer to the circuit in figure 3.12). The higher harmonics are assumed
shorted in the mixer analysis. The UVa SC1T4-S20 diode parameters were presented
in the 250GHz receiver section. The diode dc series resistance is 10-122 and is
expected to increase to 16-18() at 330GHz. For an LO frequency of 330GHz and an RF
frequency of 331.4GHz, the mixer theory [84, 85] predicts a mixer SSB conversion loss
and noise temperature of 7.5dB and 2100K, respectively, for an available LO power
of 1.5mW at the dipole terminals and a DC bias current of 1.2mA. The predicted IF

impedance is around 175} at 1.4GHz.

3.4.2 Antenna Design

A new design has been used for the quasi-integrated horn antenna which results

in a higher gain antenna and a better Gaussian coupling efficiency rolloff versus
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Figure 3.28: The 330GHz mixer design with etched V-trenches around the membrane
walls.
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Figure 3.29: The 330GHz receiver structure with etched V-trenches around the mem-
brane walls.
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Figure 3.30: The measured feed-dipole impedance in a microwave model of the
330GHz receiver structure. The diode was modeled at the dipole apex
but the V-trenches were not modeled.

frequency [55]. A step has been introduced at the junction between the integrated
structure with an aperture of 1.35\ and the machined section. This provides more
tapering of the modes at the machined section aperture resulting in a higher gain
antenna with higher symmetry in the patterns. Referring to figure 3.1, the choice of
a, = 1.52), 28 = 0.17A, Ly = 13\, Xy = 5.4), and 6, = 8.5° results in a 23dB gain
antenna at the design frequency [73]. The antenna radiation characteristics (Table
3.6) show lower E-plane sidelobe levels than the 20dB gain design. The advantage
of this new design is that it is wideband in its Gaussian coupling efficiency and it
has a higher gain (Table 3.7). The higher gain results in a larger antenna beam
waist w,, and hence, a larger lens f/D number can be used in front of the receiver
antenna, resulting in lower absorption losses in the signal path. Again, the Gaussian

coupling efficiency is optimized at each frequency and this means that the distances
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in the quasi-optical set-up should be readjusted at each measurement frequency. The

23dB gain antenna has its phase center around 3.6) away from the machined secticn
ot

aperture [73].

A 23dB quasi-integrated horn antenna was designed at 330GHz for the receiver.
The antenna far-field patterns were measured at 352GHz (a 330GHz quadrupler was
not available at the time of measurements). The resulting patterns are highly sym-
metric and the measured E-plane pattern agrees very well with the theoretical E-plane
pattern (Fig. 3.31). No cross-polarization measurements were done at 352GHz but
due to the high circular symmetry of the patterns, it is expected that the cross-pol
level is lower than -20dB [113]. The calculated directivity from the measured patterns
is around 25dB. The measured patterns were done on a quasi-integrated horn antenna

with trenches etched around the membrane sidewalls, and therefore we conclude that

the trenches do not have any significant effect on the far-field patterns.

3.4.3 Receiver Measurements

Video detection measurements were done on the 330GHz receiver from 350GHz
to 380GHz. The video responsivity varied between 400V/W and 600V /W for a diode
bias current of 40-601:A (see section 3.2.2 for the definition of the video responsivity).
This bias current is higher than the 250GHz diode bias current due to a non-optimum
diode I-V characteristics. The uncertainty in the measured video responsivity is due
to the uncertainty in determining the exact power generated by the quadrupler source.

A picture of the trenches and the flip-chip diode is shown in figure 3.32 (top), and
figure 3.32 (bottom) presents a picture of the integrated structure as viewed from
its aperture. It can be seen at submillimeter-wave frequencies, the diode dimensions

become comparable with the dipole dimensions, and the diode covers a large part of
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LR

0.965, f, 1.035f,

Gain 22.2dB 22.8dB 23.6dB

Aperture efficiency 48.5% 52% 58.4%
10dB Beamwidth 27.6°£0.2° | 25° £1.1° | 22.5° £ 1.3°

Sidelobe-level (E-plane) -28dB -33dB -29.8dB

Cross-pol. (45°) -20.5dB -21dB -22dB

Beam-efficiency (to -10dB) 86.6% 86% 86.6%

Gaussian Coupling efficiency 97.2% 97.3% 96.8%

Gaussian Coupling rolloff 96.3% 97.3% 96.0%

Table 3.6: The radiation characteristics of the 23dB quasi-integrated horn antenna
over a 7% bandwidth.

Frequency (GHz) 300 | 310 | 320 | 330 | 340 | 350 | 360 | 380

925 96 | 97 [97.3[965| 95 | 94 | 90

Gaussian coupling efficiency %

Gain (dB) 214 121.8122.2)228(233239 244251

Table 3.7: The calculated gain and Gaussian coupling efficiency of the 23dB quasi-
integrated horn antenna from 300GHz to 360GHz. The design frequency
is 330GHz.
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the membrane.

The DSB receiver performance around 330GHz was measurec 1sing a carcinotron
as the LO source [114], and a Martin-Puplett interferometer «.: the quasi-optical
diplexer (refer to Appendix B). The interferometer was tuned for .)SB operation for
an IF frequency of 1.4GHz. The LO power was coupled into the input port of the
diplexer through the appropriate lens that matches its beam waist (o the beam waist
inside the diplexer (Fig. 3.33). The beam waist at the center of t.1e diplexer is set
to 9mm which corresponds to a diffraction loss less than 0.1dB between 320GHz and
360GHz (refer to equation B.12). The beam waist of the 23dB quasi-integrated horn
antenna is about 1.63) [55] or 3.14mm at 330GHz. A lens with an f'))-number of 1.0
and a 55mm diameter was used to couple the output power from the diplexer into
the quasi-integrated horn antenna (Figure 3.33). A Fabry-Perot filter {10, 115] was
also used in the LO arm between the carcinotron power head and tse input port to
the diplexer in order to introduce a high rejection to the carcinotron 1. O noise at the
sideband frequencies.

The receiver measurements were done at 335GHz, 345GHz, and 355GHz. Mea-
surements at other frequencies were not possible because the diode [V character-
istics became non-optimal after the 355GHz measurements. At each measurement
frequency, the optimum performance is obtained for an LO power of 1.5-2mW avail-
able at the antenna aperture. The optimum dc bias current is 1.2-1.4mA. The LO
power at the antenna aperture was estimated using a Keating accoustic-cell quasi-
optical power meter placed at the position of the quasi-integrated horn antenna [116].
At the optimum points, the loss due to the IF reflection coefficient was about 1-
1.2dB, and is mostly due to the discrepancy between the actual IF impedance and

the predicted IF impedance which becomes important at high frequencies. The RF
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Figure 3.32: (Top) The 330GHz mixer circuit. The openings for the etched V-trenches
around the membrane and the diode flipped and epoxied at the dipole
apex can be seen. (Bottom) The 330GHz integrated structure as viewed
from its aperture.
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loss Ly in the f/1.0 teflon lens in front of the receiver antenna is about 0.8dB be-
tween 335GHz and 355GHz (0.3dB reflection loss [108], aﬂi 0.5dB absorption loss
(66, 109]). The RF diplexer loss L3 in the signal and image path at both sideband
frequencies is estimated to be 0.1dB due to diffraction. In addition to all these RF
losses which contribute to the receiver noise, an additional noise component is due
to the carcinotron noise at both sideband frequencies. Carcinotrons output noise
temperature in the sidebands can be as high as 50,000K [17]. Assuming a 25-27dB
rejection at the sideband frequencies in the LO path through the Fabry-Perot filter
and the Martin-Puplett diplexer, the noise temperature added to the rece.iver noise
temperature is about 100-150K (Appendix C).

Table 3.8 shows the antenna-mixer DSB performance. Note that the antenna-
mixer noise temperature has been corrected for the carcinotron noise. It is expected
that the antenna-mixer performance at 315GHz-320GHz is as good as the 335GHz
results, and even, is 0.5-1dB better because of a better diode-dipole match at these
frequencies as measured in the microwave model and predicted by mixer theory. The
effective mixer diode temperature at 335GHz, assuming the attenuator model for the
mixer, is equal to 291+5K. This is within a factor of 1.64 of the effective temperature
(nT,/2) for an idealized shot-noise limited mixer. There is no direct indication that
the etched V-trenches around the membrane wafer sidewalls eliminated the power
loss in the antenna structure. However, we can conclude that first, the trenches
did not affect the far-field patterns and second, we can see an improvement in the
new 330GHz design performance in comparison with the performance of the 250GHz
receiver. This improvement can be noticed in a reduction in the discrepancy between
the effective actual mixer diode temperature and the effective idealized mixer diode

temperature at 335GHz.
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The Antenna-Mixer DSB Performance

Frequency (GHz) | Conversion Loss (dB) | Noise Temperature ({ET
335 8.5 1750-1800
345 9.2 1870-1920
355 10.9 2500-2550

Table 3.8: The DSB antenna-mixer performance of the quasi-integrated horn antenna
receiver designed at 330GHz.

3.5 Comparison of the 90GHz, 250GHz, and 330GHz Mix-
ers Performance to Other Mixer Diodes Performance

The published results for the best room temperature fundamental mixers operat-

ing around 90GHz, ZSOGHz, and 33OGHz llSlI’lh

Schottky diodes are shown in Ta.bles in tables 39- a.nd 3. 10 Any SSB published re-
sults have been converted to DSB values by dividing by 2 so that all the results are
compared on a uniform basis.

The quasi-optical mixer presented in this work shows very good performance at
90GHz, 250GHz and 335GHz using a simple low cost design. The mixer requires
no tuning whatsoever, is planar and is compatible with monolithic techniques. At
100GHz, the measured DSB performance of the quasi-optical planar mixer presented
in this thesis is within 2-3dB of the best fundamental waveguide mixers using either
a whisker-contacted or a planar diode, and which have the advantage of a backshort
waveguide tuner. The measured DSB conversion loss from 86-106GHz is 1-2dB higher
than wideband tunerless waveguide mixers [117, 118]. At 250GHz, the performance is
within 3-4dB of the best tuned fundamental whisker contacted waveguide mixers. The

difference in performance is due to the increase of the planar diode series resistance
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B -Mixer Type “j

(Whisker-Contacted Diodes) | fLo (GHz) | L. (dB DSB) | Tar (K DSB) | Ref.

SE, WG, Tuned 100 3.3 185 [21)
SE, WG, Tuned 230 3.6 400 [120]
SE, WG, Tuned 230 3.0 365 [12]

ﬂ SE, WG, Tuned 345 5.8 860 [121]

— —— m— —

Table 3.9: Summary of performance of best room temperature fundamental mix-
ers operating near 90GHz, 250GHz, and 335GHz using whisker contacted
GaAs Schottky barrier diodes. The IF frequency is between 1-2GHz.

SE: single-ended; WG: wave-guide.

and parasitic capacitance effect which a.rgﬁégligible ;6r‘tv;}h‘"isvke>1:c;ont$cted ciiodes, and
the antenna loss in the uncoated sidewall.

At higher frequencies, the area on the membrane taken by the diode becomes
significant when compared to the dipole. This results in having a relatively thick
substrate of GaAs on the back of a signiﬁcant portion of the dipole antenna, which
makes it difficult to match the dipole impedance to the diode impgdq.nce. The GaAs
substrate can be thinned down but it becomes impractical t’o mou;xf Nch'iﬂps v;hich are
less than 25um thick. Also, the thermal conductivity of the tilinned diode is reduced
which causes degradation in performance due to excessive dlode heating [119)].

In the 330GHz, the power loss in the uncoated mdewall was reduced through the
use of V-trenches. As we can see from the two tables, the performance of the tunerless:
quasi-optical receiver at 335GHz is within 2.5dB in conversion lqss and in noise ﬁgure;
~of the best tuned waveguide mixer using a whisker contacted diode ﬁth 1.5pm anodei
diameter. Comparing to the best tuned waveguide mixer performance at 335GHz

employing a similar planar UVa diode, our antenna-mixer conversion loss is within
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Mixer Type
(Planar Diodes) | fro (GHz) | L. (dB DSB) | Ty (K DSB) il%ef
Ba, WG, Tuned 94 2.5 —_ [117]
SE, WG, Tuned 106 3.2 360 [27]
SE, WG, Tuned 94 24 260 [26]

ShP, QO 90 6.7 1080 [64]
SE, QO 88 6.6 1160 [62]
SE, QO 92 5.5 770 This work
ShP, WG, Tuned 205 5.7 800 (28]
ShP, QO 182 8.5 1820 [64]
SE, QO 258 7.1 1400 This work
SE, WG, tuned | 345 6.5 1370 129]
SE, QO 335 8.5 1750 This work

Table 3.10: Summary of performance of best room temperature fundamental mixers
operating near 90GHz, 250GHz and 335GHz using Planar GaAs Schottky

barrier diodes. The IF frequency is between 1-2GHz.
SE: single-ended; WG: wave-guide;
subharmonically-pumped; QO: quasi-optical.

2dB and its noise figure is within 1dB only!

Currently, it is easy and inexpensive to array four of these receivers on a single

chip. Together, the four planar receivers have a sensitivity similar to that of one of

Ba:

balanced mixer;

the best tuned waveguide mixers at frequencies from 100GHz to 360GHz.
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3.6 Conclusion and Future Work
1

The work presented in this thesis represents the first complete work on build-
ing low-noise integrated Schottky receivers for millimeter- and submillimeter-wave
applications using planar antennas printed on thin dielectric membranes. The inte-
grated horn antenna, which consists of a dipole-probe integrated on a thin membrane
and suspended inside a pyramidal cavity in silicon and which does not suffer from
substrate-modes and surface-wave losses, has been used as the receiver structure. The
knowledge of the RF dipole-probe impedance inside the pyramidal horn cavity and
the knowledge of designing the integrated horn antenna to result in excellent radiation
patterns led to the design of a novel simple mixer design. No RF matching network
was required between the dipole-probe and the mixer circuit. Also, no tuning was
required whatsoever because the dipole-probe can be designed so that its inductive
reactance can tune out the diode capacitive reactance over at least a 10% bandwidth.
The mixer circuit is planar and compatible with monolithic techniques. In addition
to the comparable performance of integrated horn antenna Schottky receivers to that
of tunable waveguide Schottky receivers at room temperature, the low cost of fabrica-
tion and the simplicity of the integrated receiver design make it suitable for compact
millimeter- and submillimeter-wave receivers needed for mass-production.

Future work on integrated horn antenna Schottky receivers can be directed toward
building quasi-optical millimeter-wave integrated balanced mixers. Two orthogonal
dipoles can be integrated on the membrane, one dipole for RF and the other for
LO. At the center of the membrane, four planar Schottky diodes are mounted in a
ring mixer configuration between the two dipoles [122]. This work can be extended
with low cost to building an imaging array of integrated horn antenna receivers with

balanced mixer design.
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The development of integrated horn antenna SIS receivers should be investigated.
The integrated horn antenna outperforms other printed-crcuit antennas by its radi-
ation efficiency and by its lossless structute. The SIS mixer is the most sensitive
detector in the millimeter-wave region, anc all high-quality millimeter-wave astron-
omy is based it. The SIS junction could be deposited lithographically at the apex of
the dipole which is integrated on the membrane suspended inside the horn structure
[123]. The combination of the integrated hcrn antenna with an SIS junction will re-
sult in a highly sensitive very low-noise receiver at millimeter- and submillimeter-wave
frequencies, and with the development of seasitive SIS junctions at high frequencies.

With the progress of the GaAs processing technology, many industries are pushing
the development of MMICs and millimeter-wave monolithic circuits for ccrnmercial
applications. The integrated horn antenna is a very promising technology and all
monolithic techniques can be applied on the wafer; however, the membrane does not
allow the monolithic integration of semiconductor devices such as GaAs diodes. Also,
as it was seen from the 335GHz integrated horn antenna design, it becomes inade-
quate to use the hybrid approach for the intejrated mixer circuit because of the small
circuit dimensions and because mounting the diode becomes very time consuming.
This problem can be solved by the insertion of thin GaAs wafer into the integrated
horn antenna structure which replaces the membrane inside the silicon cavity. The
problem of surface-wave modes has been solved in [73, 124] by the synthesis of a cav-
ity environment around the dipole, using the etching of trenches or via-holes. This
new way of building an integrated horn antenna receiver will yield strong, compact,
efficient, and inexpensive when mass-produc:d, monolithic planar systems suitable
for millimeter-wave commercial and scientific applications. Also, these systems will

represent a very promising solution for the development of monolithic Schottky re-
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ceivers in the submillimeter-wave region where the building of waveguide

require a fortune!



&
CHAPTER IV

92GHz DUAL-POLARIZED INTEGRATED
HORN ANTENNAS

Polarimetric radar is an increasingly important tool in microwave and millimeter-
wave remote sensing. The technique consists of transmitting horizontally and ver-
tically polarized waves, and measuring both polarizations of the return signal. A
target polarization matrix is formed, and the return from any other incident polar-
ization could then be readily synthesized. This technique has been used for image
enhancement and target discrimination in synthetic aperture radars [125, 126]. Sev-
eral researchers have also used orthogonal polarization for local oscillator and RF
injection in quasi-optical balanced mixers [127, 122]. These mixers have inherent iso-
lation between the RF and LO ports, and do not require a diplexer for combining
the RF and LO signals. Dual polarization is also used in the emerging field of quasi-
optical amplifiers. In this application, the input plane wave is horizontally polarized
and amplified by a differential amplifier and the output wave is vertically polarized
[128, 129]. In this chapter, we use mode symmetry and orthogonality in a rectangu-
lar waveguide to design a dual-polarized horn-antenna array suitable for polarimetric
imaging and balanced mixers. The dual-polarized antenna array shares all the advan-

tages of the single-polarized horn array discussed in chapter 2, such as high aperture
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efficiency and diffraction-limited imaging, and also provides two polarization chan-
nels with identical responses. Also, the dual-polarized design can be combined with
a machined section to result in high gain (20-26dB) [73, 80]. Thé%ual-polarized an-
tenna consists of two dipoles perpendicular to each other and suspended on the same
membrane inside the horn cavity (Figure 4.1). The dipoles couple to an orthogonal
set of waveguide modes, and therefore are effectively isolated from each other.

The patterns are calculated for each dipole independently, by approximating the
horn structure by a cascade of rectangular waveguide sections, and matching the
boundary conditions at each of the waveguide sections and at the aperture of the
horn. A detailed analysis of the theory is given in [73, 51]. The Schottky-diode or
SIS detectors are integrated at the dipole apex at the center of the membrane, and do
not couple due to symmetry. The IF or video signals are taken out through a novel
bias structure that leaves room at the center of the membrane for the orthogonal
dipoles and detectors. In section 4.1, the isolation between the two dipoles and the
impedance of each dipole are measured using a microwave model of the dual-polarized
horn antenna. Section 4.2 describes the fabrication process of a 5x5 dual-polarized
integrated horn antenna array at 92GHz. The millimeter-wave measurements on the
fabricated array and the comparison between experimental and theoretical data are

presented in section 4.3.

4.1 Microwave Modeling and Design

A 1-2GHz microwave model was built for modeling the dual-polarized horn an-
tenna. The antennas were designed for polarimetric applications, and two indepen-
dent channels with a high degree of isolation were required. This is different from

balanced mixers, where the antennas would combine together at the center of the



97

Back Wafer
_ Front Wafer

idal Horn

| Dipole Antennal

~~ Membrane

\ ™ Dipole Antenna2

Feed Lines

Figure 4.1: Monolithic dual-polarized horn antenna element with a novel bias and
feeding structure.

membrane in a two or four-diode mixer to yield a single IF output [127, 110]. In our
case, the Schottky diode ;)r the SIS detector at the center feed of each channel acts
as a fundamental mixer for the RF and LO waves of same polarization, coupled by
the dipole antenna parallel to that polarization, and which is feeding that channel.
This results in two separate IF signals to be taken out #n the membrane wafer. The
comfortable space present at the edge of the membiritie w&fértllows us to separate
these two IF signals from each other, so as not to have interference between them.
An immediate problem is the design of a bias andﬂ?ﬁeding‘stmctnre Referring
to the single-polarized horn array design dlscussed in ’éh }tér 2"(Figure 2.1), the
coplanar-stripline feed at the center of the mmbrméWm leilger be used since
each antenna will electromagnetically short-circuit the other channel. To solve this

problem, a new feeding structure was developed (Figure 4.1). It consists of narrow
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lines (54m) wide close to the cavity walls and connecting the two ends of the dipole
antennas. The tangential component of the electric field is zero near the cavity walls,
and therefore no RF current is induced in the bias lines. Furth#rmore, the lines are
thin and do not affect the perpendicular component of the electric field. The bias
lines are quarter wave in length and act as a A/4-transformer between the end of the
dipole antenna and the pyramidal cavity, which could be considered as an RF ground
plane. The RF and LO waves will be coupled quasi-optically to the two orthogonal
channels. The LO wave is incident at a 45° to each channel so that the LO power is
divided equally between the two dipoles (Figure 4.2) .

A horn design with an aperture of 1.35)-square, and a feed positibn of 0.39) from
the apex was chosen for monolithic integration. This design yields nearly equal 10dB-
beamwidths of 90° in the E and H-planes, and couples well to £/0.7 reflector syétems
[58]. The measured input impedance of each dipole is identical to the impedancje ofa
single polarized dipole (see chapter 2 and [74]). The resonant impedance is 56(, and
the resonant dipole length is 0.38) (Figure 4.3). As presented in chapter 2, the dipole
impedance for a feed pbsition of 0.39) is suitable for Schottky-diode mixers [96, 130].
The measured mutual coupling between the channel antennas at 1-2GHz is less than
-30dB over a +10% bandwidth (Figure 4.4), which is sufficient for. magy millimeter-
wave applications. These impedance measurements are also valid for g dual-polarized
horn. antenna in an array. This is due to the fact that the.isolation between the
two orthogonal dipales is very high, and the aperture a‘izg‘gfv;afml;grq,ntenna element
is larger than 1.0)-square which minimizes the mytual conpling: between. the horn

ERRER
=
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antenna elements in the array [73]. C o g AR AR g T
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Figure 4.2: The polarizations of the RF and LO waves incident on the membrane
wafer. ‘

Figure 4.3: The measured input impedance on a microwave-scale model of the dual-
polarized horn antenna. The horn aperture is 1.35) and the antenna is
0.39) from the apex. The resonant impedance is 56() and the resonant
half-length is 0.19.
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Figure 4.4: The measured 1sola.t10n between the orthogonal dipoles in a microwave
scale model. The center frequency is 1.12GHz.

4.2 Fabrication

The fabrication process of the dual-polarized horn antennas array is the same as
the one described in chapter 2 for the fabrication of single-polarized horn antennas
array. The horn array is composed of stacked silicon wafers with a (100) crystal
orientation. The opening of tixe front wafer determines the aperture size, while the
total thicknag of the front yniers detgrmines the position of the dipole antennas inside
the horn. The two orthogonal .dipo‘e antennas and the corresponding two detectors
are integrated on the membrane of each horn antenna element in the array. For
this design, the detectors are ;ﬁmf;quare bismuth microbolometers whichare thermal
detectors, and can couple strongly if integrated near each other at the center of the
membrane. To minimize the thermal coupling, the detectors were placed 40 — 50ym

apart in the horizontal and vert:cal directions (Figure 4.5). A 1uym polyimide-layer



101

[82] was used to isolate the two antennas. The polyimide layer provided a good dc and
low-frequency isolation. This design, with shifted and overlapping antennas, broke the
symmetry of the dual-polarized horn antenna and affected the 92€#{z performance.
It is important to note that Schottky diode mixers and SIS detectors are coherent
detectors (as opposed to thermal) and will not couple if integrated directly at the

center of the membrane.
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Figure 4.5: The exact design and polarization tilt of the 92GHz dipole antennas.

4.3 Millimeter-Wave Measurements

Millimeter-wave measurements were done on a 5x5 horn array, with a horn open-
ing of 1.35) and a dipole feed-position of 0.39\ from the apex. The silver dipole
antennas were 2500A thick. The bolometer impedances ranged from 409 to 700,

with a responsivity around 8V/W at a 0.1V bias. The horn array was mounted at
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the center of a two-axis computer-controlled gimbal mount, and the patterns were
measured with a 92GHz Gunn source modulated at 300Hz. All pattern measure-
ments were done on central elements in the array. The output frorn‘ %he bolometers
was fed to a PAR-124A lock-in amplifier. The detected voltage peaked at 10uV and
the signal-to-noise ratio was hetter than 26dB.

The polarization response of both antennas is shown in Figure 4.6. The peaks and
nulls shifted 15° from the direction of the probe dipoles due to the electromagnetic
coupling between the off-center antennas. The polarization is not expected to shift
if electronic detectors are used and the antennas are integrated exactly at the center
of the membrane. The antennas are still linearly polarized, and a polarization isola-
tion higher than 20dB was measured between the two channels (Fig. 4.6). It is also
possible to check for thermal coupling by measuring the peak-to-null ratio in the po-
larization curve at two different modulation frequencies. This is because the thermal
path between the bolometer detectors is modelled as a lossy transmission-line [131]
that will exhibit less attenuation at lower modulation frequencies. The peak-to-null
ratio did not change for modulation frequencies of 90Hz and 900Hz, indicating that
the thermal coupling can be safely neglected.

The E-, H- and 45°-plane patterns of both channels are presented in Figures
4.7 and 4.8. It is difficult to define these patterns when the polarization direction
no longer coincides with the array axis. In this case, the patterns were taken at a
polarization angle of 0° (this is the standard IEEE definition) without rotating the
antennas fbr maximum response. This did not affect the patterns since the power
loss was less than 0.2dB. The patterns are symmetrical and agree well with theory,
and the horizontal and vertical antennas exhibit nearly identical responses.

Patterns were also taken at the peak polarization angle of 15° (Figure 4.9)". In this
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Figure 4.6: The measured polarization response of the orthogonal antennas at 92GHz.

case, the array was rotated 15° for maximum response, and the standard E-, H- and
45° plane cuts were measured. Again, the antennas showed identical patterns, and
the cross-polarization level was lower than -23dB in the E and H-p.lane patterns, and
peaked at -15dB in the 45° pattern. The cross-polarization level agrees with earlier
measurements done on singly polarized horn antennas [51]. The patterns agree well
with the standard E-and H-plane patterns for an integrated horn antenna element
in an array |73, 51)], except for the absence of the -13dB sidelobe in the measured
E-plane. This is because the E-plane scan at a polarization angle of 15° does not
coincide anymore with an array axis. This result is a strong indication that the E-
plane sidelobe is due to the two-dimensional array structure and its corresponding
Floquet modes (79, 73].

The two-dimensional pattern of a single channel shows a nearly rotationally-

symmetric pattern up to an angle of 45° from broadside, and a calculated co-polarized
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Figure 4.7: Measured 92GHz E-plane (top) and H-plane (bottom) patterns on a
1.35)-square dual-polarized horn antenna on a polarization angle of 0°.
The vertical and horizontal antennas are compared on the left, and on
the right 1s a comparison between theory and experiment.
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Figure 4.8: Measured 92GHz 45°-plane patterns of both channels on 1.35)-square
dual-polarized horn antenna on a polarization angle of 0°.

directivity from the two-dimensional pattern scan of 12.7+0.1dB (Figure 4.10) . This
yields an aperture efficiency of 81 +2%. Theoretical modeling on the horn array indi-
cate that the aperture field distribution is quasi-T E, with a.r'sxilla.ll phase error. This
is due to the array environment and the associated Floquet-modes. It is therefore
possible to achieve a high aperture efficiency from a 1.35) horn in an array environ-
ment. The radiated power is well confined to a main central beam, and 88% (or 79%)
of the radiated power is within a 100° (or 80°) beamwidth. The resulting spillover
loss is 0.5dB and 1.0dB, respectively. The dual-polarized horn array is therefore well

suited for £/0.7-0.8 imaging systems [58).
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4.4 Summary and Conclusions

The two-dimensional dual-polarized horn antenna array hasi been shown to be a
4

simple monolithic antenna suitable for millimeter-wave focal-plane applications. The

key idea is the use of symmetry and orthogonality in rectangular waveguide modes.
The orthogonal channels show identical far-field patterns, and agree well with theory.
A small shift and an overlap in the orthogonal antennas shifted the polarization by 15°
from the dipole directions, and limited the polarization isolation to 20dB at 92GHz.
In the future, it should be possible to achieve a much better polarization isolation if
the antennas are integrated directly at the center of the membrane with Schottky-
diode detectors. This design has been used by Chen-Yu Chi at the University of

Michigan to build a quasi-optical amplifier at 6GHz [128].
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Y
APPENDIX A

Technology Demonstration at 802GHz

In chapter 2, the design of an integrated horn antenna in an array or in a ground
plane was discussed. The fabrication of singly-polarized integrated horn antennas
array has been successfully demonstrated at 94GHz [75]. To demonstrate the fea-
sibility of submillimeter wave imaging arrays, a 16x16 singly-polarized integrated
horn-antennas imaging array was built at 802GHz with 1.4\ horn opening (Figure
A.1). The feed dipole is 0.4\ long and positioned 0.38) from the apex. As discussed
in chapter 2, this design results in a resonant feed-dipole impedance of 5612.

At 802GHz, the array consists of only two silicon wafers etched anisotropically
and stacked together to form the pyramidal cavity. The front wafer or the membrane
wafer is 210pum thick, and the feed-dipole antennas and the detection circuitry are
integrated on its back side (the membrane side). The detectors are 4um-square Bis-
muth microbolometers and are integrated at the center of each feed-dipole antenna.
The back wafer is 390um thick with an array of 150 um pyramidal back cavities
etched in it. In fact, it is much easier to build submillimeter-wave integrated horn
antennas because the membrane becomes very small (about 300um to 100um-square)
and only two wafers are needed for the horn cavity.

In our design, we contact an array of 4x4 elements in the center since v:ré. are

only interested in the patterns of a single element in an array. There is a lot of space
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Figure A.1: A 16x16 integrated horn antennas imaging array at 802GHz.
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available on the front wafer backside for bias and IF circuitry and in the case of a
1.4)-square, the available space is 1-(0.541/1.4))? = 85% of the wafer surface. This
is of course expectéd to increase to 98-99% with the use of a quégli-integrated horn
having a gain of 23dB (aperture of 5.4)-square).

The far-field patterns of a single integrated horn antenna in an array were mea-
sured using a far-infrared laser tuned at 802GHz [132]. The theoretical far-field
patterns of a horn antenna in a two-dimensional array has been discussed in chapter
2 and in [73, 51]. Figure A.2 shows the experimental E and H-plane patterns which
agree well with the theoretical patterns.

The H-plane is smooth due to the TE;q tapering of the electric field across the
aperture. In the case of the E-plane, the horn sees the array, and the spikes and
nulls in the patterns are due to specific Floquet-modes. The E- and H-plane 10dB-
beamwidths are 80° and 90° respectively and the far-field pattern matches well an
£/0.7-0.8 imaging system. The directivity of a single horn antenna calculated from the
measured E and H-plane patterns is 12.3dB+0.2dB. The pattern is quite symmetrical
as is evident from the measured 45°-plane pattern (Figuré A.3). The radiated power
is well confined to a main central beam, and 88% of the radiated power is within a

100° beamwidth. The resulting spillover loss is around 0.5dB.
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Figure A.2: Theoretical and experimental E- and H-plane patterns.
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APPENDIX B

Quasi-Optical Diplexers for Millimeter- and
Submillimeter-Wave Applications

A wide variety of optical interferometers have been used in the millimeter and
submillimeter-wave regions for LO injection in receiver systems and as single-sideband
filters. These devices have a considerable variation in geometries, and can be described
as either two-beam interferometers or multibeam interferometers. Fabry-Perot inter-
ferometers, or multibeam interferometers, based on repeated reflections between two
partially reflecting mirrors with high reflectivity, have the advantage of achieving high
resolution in a compact size because of the long internal path [10, 133]. However,
Fabry-Perot interferometers have shown to suffer more absorption and diffraction
losses than two-beam interferometers due to the multiple reflections that the signal
encounters between the two parallel partially reflecting mirrors {134, 10, 135].

In this appendix, we will only be discussing the configurations and operations of
two-beam interferometers which have been used in most of the applications discussed
in this thesis. They are favored for their low insertion loss for both the signal and
local oscillator and their high rejection of LO noise. Their behavior is nearly ideal
and their size can be designed to be compact. In the first section of this appendix,
we will discuss the different types and configurations of two-beam interferometers for

DSB operation. A design method to follow when building a quasi-optical system that



115

includes an interferometer will then be outlined, and in the last section, a two-beam

interferometer configuration for single-sideband filtering is presented.

, &1
B.1 DSB Operation of Dual-Beam Interferometers

B.1.1 Mach-Zender Interferometer

The Mach-Zender interferometer principle is based on the amplitude division of
the signal into two beams, delaying one of the beams, and then recombining the
delayed and undelayed beams at the output port {101, 10, 136]. Figure B.1 shows the
basic geometry of the Mach-Zender Interferometer. The beam splitters are designed
to have a specific power reflectance R at a certain frequency, for a specific beam
incidence angle and a specific polarization. As we can see from figure B.1, the beams
are incident at an angle of 45° on the beam splitters from input ports 1 and 2. The
polarization of the two input beams and the two output beams is vertical (TE). TM
polarization is not used because it gives low reflectance values, and this results in a
high insertion loss in the LO path. The power transmissions from port 1 to port 3,

and from port 2 to port 4 are equal to :
Pzs=P_4=1- 2R(1 - R)[l + 608(27I’A//\)] (Bl)

Similarly,

Py3 =Py =2R(1 — R)[1 + cos(2rA/))] (B.2)

where A is the path length difference, which is equal twice the separation distance
d between a beam splitter and the corresponding parallel mirror, and ) is the signal
wavelength.

In DSB operation, we choose A = 2d = A\;p(2K — 1)/2, where K is 1,2,3,.. and

fro/fir = 2n , where n =123,.. (A = c/fir). The value of the reflectance is
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Figure B.1: The Mach-Zender Interferometer composed of two beam splitters and two
reflecting mirrors.

chosen to be R at the LO frequency and is taken to be R at the upper and lower
sideband frequencies since in general, fir € fro. This results in Pj_3 m.z = 1, and
Py_3min = 0 at fyusp and frsp irrespective of R. Hence, port 1 is used as signal
and image port because it ideally presents no insertion loss at the signal and image
frequencies irrespective of R. In DSB operation, the image and signal frequencies are
not separated because they share the same port (port 1). Port 2 is used as the LO
injection port because it presents ideally zero transmission for the LO noise in the
sideband frequencies. Assuming a lossless diplexer and as a result of conservation of
power, the total power output at port 3 and port 4 due to an input beam at port 1
or port 2 is equal to the total power in the input beam. Hence, any power not exiting
from port 3 leaves from port 4, and vice versa. Figure B.2 shows the ideal behavior
of i3 and P_3 for K = 1 and R = 0.5. If R changes between 0.4 and 0.6, this

will result in a maximum theoretical insertion loss of 0.18 dB in the LO path (2 —
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3) at the LO frequency. As discussed before, the variation in R does not result in an

insertion loss in the signal path at the sideband frequencies.

04

Transmittance

0.2

‘p

—— Ty R=0.5)
----- T, 3, (R=0.5)
——T,.3, (R=04,0.6)
----- T,.3, (R=0.4,0.6)

fLsp fio fuse

Figure B.2: The Mach-Zender Interferometer response tuned for DSB operation
(R =0.4,0.5,0.6 and K = 1).

This variation of R with frequency determines the bandwidth over which we can

use the interferometer efficiently and this depends on the choice of the beam splitters.

Wire grids and dielectric slabs are used as beam splitters and the method of designing

them will be explained in the following two sections.

o Wire Grids

Referring to [138, 137, 10], a summary of formulas for designing a wire grid with

a specific reflectance is shown below.

R
Z,/Z,

Zy/2

1
1 +(2Z,/2.)1

i cos(0;)(Incse(ma/g))(g9/)), for thin strips of width 2a (B.4)

(B.3)

i cos(0;)(In(g/27a))(g/)), for round wires of radius a. (B.5)
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where 6; is the incidence angle on the mesh. Z, is the wave impedance of the medium.
The equations for Z,/Z, are valid for ¢ < A and for the incident electric field parallel
to the direction of the grid conductors. «i

The performance of wire grids as partially reflecting mirrors is limited by the absorp-
tion loss due to the surface resistance R, of the metal wires, and to any nonuniformity
in the wire spacing.

e Dielectric Slab

For a dielectric slab of thickness d, dielectric constant ¢,, attenuation coefficient a,
and at a wavelength ) (in air), the reflectance R of the slab to a vertically polarized

electric field (TE) incident at an angle 6; from air side is given by

g = P10+ (1/E7) - (2/E)eos(6))

1+ ][ — (2/L)Re(r?e=") (B-6)
where r, §, and L are defined in the following equations:
((1/V/€ )cos(8;) — cos(6;)) (B.7)

((1/v€ cos(8;) + cos(83))
0, = sin!(sin(6;)/V/e) - (B.8)

6 = drdcos(6;)\/e. /) (B.9)

L = et (B.10)

Using the previous equations for r, é, and L and equation B.6 for R, we can calculate
d for a specific R at a specific frequency. The problem has multiple solutions which
can be expressed under the form d = dy+md’, m =0,1,2,... dy is the solution which
yields to the choice of the thinnest slab and the widest bandwidth for the reflectance
(139, 115).

Figure B.3 shows the reflectance R vé. 'frequ'encymfor three fused quartz slabs

(€,=3.826) which are designed to yield a reflectance of 0.5 at 90GHz.
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Figure B.3: The reflectance vs. frequency for three fused quartz slabs designed to
yield R = 0.5 at 90GHz.

The thinnest slab (do) yields the widest bandwidth where the insertion loss in the
LO path at the LO frequency is less than 0.2dB (0.4 < R < 0.6) from 66GHz to
180GHz. The thickest slab (d;) syields a bandwidth of only 13.3% around 94GHz.
As the slab thickness is increased, the periodicity in obtaining R = 0.5 at other
frequencies increases on the expense of reduction in bandwidth. The limitations in
using dielectric slabs, especially at submillimeter-wave frequencies, is the absorption
loss in the dielectric and the accuracy in obtaining very thin slabs.

For the two kinds of beam splitters described before, as we mentioned at the
beginning, the variation in the reflectance R of the beam splitter around 0.5 will
result in an insertion loss in the LO path at the LO frequency. The lost power will
exit from port 4 which is normally terminated by a matched load.

e Diffraction Loss

Quasi-optical systems suffer from diffraction of the finite-sized beam in the pres-
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ence of quasi-optical elements. Assuming a fundamental-mode Gaussian beam being
coupled to either port 1 or port 2 of the Mach-Zender interferometer, this beam will
be split in two beams. These two beams will recombine at outpuf$ort 3 with one
of them (beam A) having traveled a longer distance than the other one (beam B)
due to the path difference A. This means that beam A will have a bigger radius
at the output port than beam B. For perfect coupling at the output port, the two
beams should have the same beam radii and radii of curvature. Due to the imperfect
coupling between beam A and beam B, some power will be lost in the signal path and
will be coupled to higher order-mode gaussian beams. This loss is important because
it represents an insertion loss in the RF and LO paths, and increases the receiver
noise temperature. This insertion loss in the signal and image path (port 1 — port

3) [10] can be calculated using Gaussian-beam optics and is expressed as

(1—+%2-)—1ﬁ)]’ (B.11)

Li_s=[1-R(1-

where a = AA/2x w2. w3 is the beam waist of the input beam. For R = 0.5, equation

B.11 can be written as

1

1
Lis==(1+ m)z

i (B.12)
For a € 1, the power loss in the path 1-3 at the signal and image frequencies is
a?/2. The same thing applies for path 2-3 at the LO frequency. As we can see, it is
important to keep the path length difference small (K=1), and the waist of the input
beam large in order to minimize the overspreading of the delayed beam (and hence
increasing a). For a diffraction loss less than 0.1dB (a?/2 <2%), we find that w,

must be:

W, > (SAA [2x)V/? | (B.13)

The most appropriate way to design a dual-beam interferometer is to have the
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input beams from ports 1 and 2 converge to the same minimum beam waist in the
optical center of the interferometer path, neglecting the path length difference [101].
Also, the input pert physical size should be larger than at least& times the input
beam radius, in order to avoid truncation of the input fundamental-mode Gaussian
beam [10]. This truncates the beam at a level of -35dB and conserves 99.97% of the
incident power.

Even though the geometry of the Mach-Zender interferometer is simple, it has two

main disadvantages :

1. The dependance of the reflectance of the beam splitters on frequency limits the

bandwidth of the interferometer.

2. The physical size of the input window of the interferometer as seen in figure
B.1 is equal to d = A\;r/4 for DSB operation with K =1. In most millimeter-
wave applications, the input beam will be truncated for this value of d. It
is even impossible to use it at higher IF frequencies, without increasing the
path difference (K =2,3,..) or reducing the waist of the beam at the center of
the interferometer. The latter option will increase the diffraction loss. Other
designs do exist make zero path length difference possible, but at the cost of

larger size and increased complexity [101].

B.1.2 The Martin-Puplett Interferometer

While initially developed for wideband Fourier transform spectroscopy (140, 141],
it is widely used in millimeter and submillimter-wave applications for LO injection
or SSB filtering. It is defined as the polarization-rotating dual-beam interferometer.
This is due to the fact that the two input ports are separated by using one polarization

for one input port and the corresponding orthogonal polarization for the second input
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port. The two signals exit the output port with same polarization. Figure B.4 shows
the basic geometry of a Martin-Puplett interferometer with input and output grids to
separate the two-input ports [10]. There is no need for an output g&id if the receiver
is sensitive to one polarization, but it is always a good practice to have one so as
to send any LO noise in the orthogonal polarization, coming out at the sidebands
frequencies, into a matched load at room temperature. The explanation of the MP
interferometer is as follows:

The 45° grid divides the input polarization into two orthogonal polarization states.
The grid is fully reflective to the polarization state parallel to its wires. The grid wires
are at an angle of 35°16’ to the plane of the interferometer, since the projection effect
of the 45° incidence will change the angle to 45°. Under these conditions, the 45°
grid divides the power of the input beam equally between two orthogonal polarization

(R=0.5), and the resulting power transmission expressions are given by:
1
Pyg = Ppy= §[1 + cos(2rA/N)] (B.14)
1
Py = Ppog =3[l —cos(2rA/)] (B.15)

where A = (2K-1)A;z/2 for DSB operation. H and V are horizontal and vertical
polarization, respectively.

The paths H —» H or V — V are equivalent to path 2—3 in the case of the
Mach-Zender interferometer (see figure B.2). The path V — H or H — V are
also equivalent to path 1—3. Hence, in a Martin-Puplett, the output beams are of
the same polarization as the LO input polarization. For example, if the LO is H
polarized then the signal and image should be V polarized, and the resulting output
beam will be H polarized for A = 2d = Ajr(2K — 1)/2, where K is 1,2,3,.. and for
fro/fir = 2n, where n =1,2,3,.. . Note that the input LO and RF 'beams do not

need to be vertically or horizontally polarized as long as they are always orthogonal
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Figure B.4: The geometry of the Martin-Puplett interferometer. The vertical and
horizontal wire grids could be interchanged or have the same orientation
depending on how the input and output ports polarizations are defined.

to each other in polarization. For A = 2d = A\;p(2K —1)/2, where K is 1,2.3... and
for fLo/fir = 2n 4 1/2, where n is an integer, we can produce circularly polarized
output beams for linearly polarized input beams. Any power not exiting through a
port with the correct polarization, due to loss in the path leading to that port or due
to off-tuning of the MP interferometer, will exit through the other output port with
the corresponding orthogonal polarization.

The wire grid in a Martin-Puplett interferometer is designed to be fully reflective
over a broad brand of frequencies. This is easily achieved as long as the wire separation
9 <K Amin, Where A, corresponds to the highest design frequency. This is one of
the main advantages of the Martin-Puplett interferometer. Another advantage is the
possibility of zero path-length difference without truncating the input beams. Its
main drawbacks are that its alignment is critical and its size is still somewhat large

for some applications. The design considerations that were mentioned in the Mach-
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Zender section still apply here for the Martin-Puplett case. In some applications, a
Fabry-Perot resonator is introduced in the LO path of the input beam before the
interferometer in order to present a higher rejection to the LO noise in tl§e sidebands
frequencies [142].

o Instantaneous Bandwidth of Dual-Beam Interferometers

Previously, it was noted that choosing K = 1 in the equation of
A = (2K —1)A1r/2 results in the lowest diffraction loss because it corresponds to the
shortest path difference. The following equation for calculating the IF instantaneous
BW for a dual-beam interferometer tuned for DSB shows that K = 1 results also in

the largest IF instantaneous bandwidth.
§1F = (1/2)(8/m)L"*[fir /(2K - 1)] (B.16)

where é;r is the bandwidth for loss less than L (near maxima) or transmission less
than L (near minima). For L = 0.01 (better than 20dB rejection), K =1, and fir =
1.4GHz, é;r = 0.178GHz (12.7%). For K = 2, the IF instantaneous bandwidth is

reduced by a factor of 3 (figure B.5).

B.2 SSB Operation of Dual-Beam Interferometer

In the previous section, we showed the operation of a dual-beam interferometer as
an LO-injector. The signal and the image frequencies share the same input port. In
the case of the operation of a dual-beam interferometer as a single-sideband filter, we
need to separate the image from the signal. Quasi-optical dual-beam interferometer
elements need to serve the dual functions of LO injection and signal/image separa-

tion. No single optical element can perform thesc almultmeously so lt 13 necessary

to ca.sca,de filter elements. Before descnbmg a geometry w1th two qum-optlcal il

ters used to accomplish true SSB filtering, the basic operatlon of the dual-beam SSB
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interferometer filter will be described:

For A =2d = (2K — 1)A\;r/4 and fimage/ fir = 4n, where n =1,2,3,.. , figure B.6
shows the response of a dual-beam interferometer tuned for SSB gieration (K=1in
this case, and R = 0.5 for Mach-Zender). Path 1 — 3 (Mach-Zender) or path Vo H
(Martin-Puplett) is the signal path, and path 2 — 3 (Mach-Zender) or path H — H
(Martin-Puplett) is the image path [10]. We see that we have a 3dB loss at the LO
frequency in either signal or image path.

In figure B.7, a configuration of two cascaded Martin-Puplett interferometers
have been used to obtain a true single sideband operation (signal/image separa-
tion and 100% LO injection) {142, 12]. Interferometer A is tuned for SSB operation
(da = A1r/8). The signal is sent horizontally polarized from port 1 and the image
vertically polarized from port 2. The signal and image are combined together in the
interferometer and exit both horizontally polarized at port 3. The image port (V) is
terminated with a matched load at port 2. This termination should be as cold and
as matched as possible in order to minimize the additive noise due to its tempera-
ture. The horizontally polarized signal and image enter now through the H port of
interferometer B which is tuned for DSB operation (LO injection, dg = A;r/4). The
vertically polarized LO signal is injected through the V port of interferometer B. At
the output V port of interferometer, the RF signal, the cold image load and the LO
signal exit vertically polarized with ideally no attenuation through their paths.

A hybrid polarizing/Fabry-Perot interferometer has been designed for true single
sideband operation but with the advantage that it has a compact size (no need to
cascade two interferometers) and can couple the RF signal, the image load and the
LO signal to an array of receivers (3x5 array). This is a great piece of quasi-optical

design and the reader is referred to [135, 5] for more information.
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Figure B.6: The response of a dual-beam interferometer as a SSB filter, K
0.5 for Mach-Zender).
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Figure B.7: True single-sideband operation using two Martin-Puplett interferometers

in cascade.



128

q
APPENDIX C

Mixer Noise Temperature Calculation

In radiometry applications such as radio astronomy and noise measurements, the
mixer performance is evaluated on the basis of its equivalent input noise temperature.
The definition of the mixer noise temperature depends on the application. When
the signal consists of an input at one frequency, the output noise is modeled as if
it arises only from an additive source at the signal-frequency input and no noise
at the image frequency. This yields to the definition of the single sideband (SSB)
noise temperature. In radio astronomy, mixing happens at the signal and image
frequencies. In this case. the IF output noise power from the mixer and the image and
signal (RF) frequency responses are the same as in the previous SSB case; however,
the noise source temperature is averaged over both sidebands, the signal and image
frequencies respectively. This yields to the definition of the double sideband (DSB)
noise temperature.

In [110, 143], the DSB and SSB performances of a mixer are related using the

following equations:

L,
Ty =Tu"(1+ 1) (C.1)

L,
Ly = Lir®(1+ 7)) (C2)
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where L,, L; are the signal and image conversion loss, respectively. Ly and Ty are
the mixer conversion loss and equivalent input noise temperature, respectively.

In (105, 144], the various noise contributions to the mixer outp‘:l‘ noise tempera-
ture in a receiver system have been discussed. In this appendix, the mixer conversion
loss and equivalent input noise temperature will be derived for a room temperature
receiver where the RF and LO signals are coupled using a quasi-optical approach.
Equations for the mixer noise temperature are derived for the case when the quasi-
optical diplexer is used as a DSB filter and the case when the quasi-optical diplexer
is used as a SSB filter (see Appendix B). Finally, a method similar to that described
in [105] is presented for measuring the LO source output noise at the sideband fre-

quencies.

C.1 DSB Noise Calculations

In figure C.1, the various contributions to the noise temperature input to the IF
chain T/F are shown and will be discussed starting from left to right in the figure.
The signal and image noise powers coming from a load at temperature T, are coupled
directly to the signal and image port of the quasi-optical diplexer (port 1). The quasi-
optical diplexer is tuned for DSB operation. The different types of quasi-optical
diplexers and the ports assignments for each type are all discussed in Appendix B.
Port 3 is the output port where the RF and LO signals are combined and coupled
to the receiver antenna through lens 2. Port 4 is the isolation port and is usually
terminated by a load at room temperature. L;_; is the loss in the signal and image
path from port 1 to port 3. This loss is the same at both sideband frequencies since
the interferometer is tuned for DSB operation. L;_; is the loss in the LO signal path

from port 2 to port 3 at both sideband frequencies.
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For noise characterization, the quasi-optical diplexer can be looked at as a three-
port attenuator, with two inputs (1, 2) and a single output (3). Referring to {110, 105),
the noise contribution from the diplexer, at both sideband frequenéids, to the output

noise temperature at port 3 is :

where T, is the ambient room temperature.

The total output noise temperature at port 3 is equal to :

Li-5

T3 + Tdipl (C4)

This temperature is attenuated through lens 2 which couples the output of port 3 to

the receiver antenna. The noise temperature incident on the antenna is therefore:

Ty 1
To=p+T(- ) (C.5)

where L, is the loss of lens 2 at both sideband frequencies, and T,(1-(1/L;)) is the
output noise temperature generated by an attenuator of loss L, and at room temper-
ature T, [110]. T4 is the signal noise temperature which is input to the antenna-mixer
at the USB and LSB frequencies. In the previous calculations, it is assumed that the
thermal noise power generated by a load is in direct relationship with its physical

temperature T. This is only valid under three assumptions [139):
1. All the signal noise incident on the antenna is filling the beam of the antenna.

2. The detected power is limited to a narrow bandwidth Af, such that Af <« f2.

f is the signal frequency.

3. hf/kT « 1, which is equivalent to the Rayleigh-Jeans Law.
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Figure C.1: A quasi-optical receiver with the quasi-optical diplexer tuned as a DSB
filter.

The first assumption is satisfied for an antenna with a high Gaussian coupling-
efficiency and a quasi-optical receiver system well-designed to couple with minimal loss
all the power in the signal to the antenna. The second assumption is usually satisfied
since the detected power is limited by the IF filter bandwidth (50-200MHz) which
is negligeable compared to the square of the operating siganl frequency (millimeter-
wave and submillimeter-wave frequencies). However, the third assumption is valid for
microwave and millimeter-wave applications but may not be valid for submillimeter-
wave applications and especially for cold signal temperatures. A better approximation
[92, 145] can be used in for the effective temperature corresponding to the thermal
noise generated at submillimeter-wave frequencies by a load of temperature T with

the first two assumptions (1,2), previously noted, still satisfied :

oo bk
fezp(hf/FT) — 1]

(C.6)
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where h is Planck’s constant (6.63x1073* Joules-sec), k is Boltzmann’s constant
(1.38x10~2 Joules/°K), f is the signal frequency in Hz (the LO frequency can be used
since the USB and LSB frequencies are very close to each other at subgi§llimeter-wave
frequencies). Under Rayleigh-Jeans Law, the noise temperature of a load is equal to
its physical temperature T. Using equation C.6, the actual noise temperature de-
tected from a load with a temperature T=85K (assumed under Rayleigh-Jeans law)
at 350GHz is 77K (10% error). For T=295K and f=350GHz, the error is only 3%.
The actual noise temperatures are lower than the ones under the Rayleigh-Jeans Law.
Hence, in equations C.3 - C.5 and for submillemeter-wave frequencies, noise temper-
atures T; and T, should be replaced by the corresponding effective temperatures
corrected using equation C.6.

In the following equations, we characterize the antenna-mixer performance and
not the mixer diode only since in our circuits, the antenna is an integral part of
the mixer design. As mentioned in the beginning, for the DSB case, the IF output
noise power corresponding to the internal noise generated by the antenna-mixer is
assumed to come equally from both sidebands. The available noise temperature

( power into a matched load) at the IF output of the antenna-mixer is :

(Ts+ Ta-m) : (T4 + Ta-m)

Tout -
L, L;

(CT)

where T 4_p i8 the antenna-mixer DSB equivalent input noise temperature, and L,
and L; are the antenna-mixer responses at the signal and image frequencies, respec-

tively. Referring to C.1, we can write the previous equation as

(T4 + Ta-nm)

th -
M La-m

R

where 1/La_ =(1/L,+1/L:) is the DSB antenna-mixer conversion loss.

Normally, the IF output impedance of the mixer differs from 500 which resultsin a
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mismatch between the antenna-mixer output and the IF chain input. This mismatch
at the IF frequency is denoted in figure C.1 by the IF power reflection coefficient
IT;r|* and can be measured using the method described in c&ipter 3, section 3.2.5.
The IF chain is defined from the mixer output to the input of the power meter at the
other end of the chain. The IF chain is calibrated right at the mixer ouput port using
the normal hot-cold load method and is characterized by an equivalent input noise
temperature T;r and a gain Gjr. It is important to have an isolator after the mixer
output port in order to insure the proper operation of the IF amplifiers which need to
see a source impedance of 50€). Port 2 of the isolator is normally connected to a load

at a temperature T

180

( either room temperature T, or a cold‘temperature ~80-85K,
since the coaxial cable connecting the cold isolator load to the isolator port is not
totally dipped in liquid nitrogen [105]). This noise temperature T%_ travels back to
the mixer output port because of the low insertion loss between ports 2 and 1 of the
isolator. In a normal set-up, there will be some attenuation in the path of T%,. This
attenuation L3 includes the insertion loss between ports 2 and 1 of the isolator at the
IF frequency and the loss due to the presence normally of a bias-T, an IF | :cawb‘ie;or

a coupler between the mixer and the isolator. We can write the noise temperature

incident on the mixer output port from the isolator direction as

. _TL, 1
Ty= 5=+ 101~ 1) (C.9)

Part of this noise temperature T will be reflected back into the IF chain due the
non-zero value of |I';r|?, and is added to the available output noise temperature T3y
from the antenna-mixer port which is attenuated by a factor of (1-|T';r|?). The total

DSB noise temperature input to the IF chain can be expresséd as

T = Ti'(1 = ITrl?) + Ts|Tre (C.10)
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The total output noise power available at the IF chain output which is connected to
a calibrated power meter is

43
PIF — GIF]C(T'{‘F +Tr)B (C.ll)

out

where k is Boltzmann’s constant (1.38x10~? Joules/°K) and B is the bandwidth of
the IF chain which is normally limited by the bandpass filter in the chain [110]. Going

through some algebra, we can express the previous equation as

piF - g lIF

out L
rcur

(Ty + Treur) (C.12)

PIF

out 18 the available noise power at the IF chain output corresponding to an

where
RF load of temperature T, available at port 1 of the quasi-optical diplexer. Note
at submillimeter-wave frequencies, we replace T by T} using equation C.6. L,

and T,., are the DSB receiver conversion loss and the DSB receiver equivalent input

noise temperature at port 1 of diplexer, respectively.

La-mLy_3L,
Licw = —mm— C.13
(1= [Trr ) (€13)
L,
Teeor = Ta-mLi—zLa +To(L1-3L; — = 1)+
2-3
La-mLy-3L,
Ts\Tirl* + Tip)—m——— C.14
(Ts|Ttr|* + Tir) (0= T2 P) (C.14)

Lrcor and T, are measured using the normal hot-cold load method (102, 103}:

IF IF
Pout,H - Pout,C

chvr = G C.15
'F/(kB(Tl,H — Tw)) (C.15)
_ Thyg-YTic
Toor = == (C.16)
Pris
out,C _

Solving equations C.13 - C.17, we can find the expressions for the DSB antenna-

mixer conversion loss Ly and the DSB antenna-mixer equivalent input noise temper-
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ature Ty :
_ L (1 =1Tup?)
Loy = Tl « (C.18)
L
o or = To(lisly = 222 - 1) — ([ + To(1 = 20Tsrf + Tor) Lo
A-M Ly_;3L,
(C.19)

Knowing T,cvry Lrcvr, the path losses L;_3 and L;_3 in the quasi-optical diplexer, and
the losses L; and L3, we can solve for T4_p and L4_ps. Note that at submillimeter-
wave frequencies, T gorc and T, in equation C.3 should be each replaced by their
corrected effective temperature using equation C.6.

LO sources are not ideal sources, and they produce noise power at the the side-
bands frequencies. This output nbise power Tro is attenuated first by L; (loss in
lens 1 at the sidebands frequencies), second by L;_3 (loss in the diplexer LO response
at the sidebands frequencies), and third by L, (loss in lens 2 at the sidebands fre-
quencies). This noise power reaching the mixer will increase the DSB antenna-mixer

equivalent input noise temperature. Hence, the corrected value of Ty should be

Tro
LyLy 3L,

Tcarrccted

o =Tam — (C.20)

This term Tpro/LiLs-3L; is negligeable for the case of Gunn diode based LO
sources, assuming a 20dB rejection of the sidebands in the LO path through the
diplexer (L;-3). However, for the case when a carcinotron is used as the LO source,
the noise generated by the carcinotron in the sidebands can be as high as 50,000K [17],
and even with high sidebands rejection in the LO path, the term Tzo/L;L2-3L; can
be in the order of 100-500K. This is also true for IMPATT diode based LO sources.
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.2 SSB Noise Calculations

In the case of a quasi-optical diplexer tuned as a SSB filter as shown‘in Figure C.2,
re diplexer has 3 input ports and two output ports because there is ‘ﬂa need for LO
1jection and signal/image seperation as discussed in Appendix B. The signal port
tes a noise temperature T,. The image port is terminated by a load of temperature
';. This image termination should be made as cold and as well matched as possible
i order to mimimize the additive noise due to its temperature [12]. The LO is
rjected through port 2. The output port is port 3 and is coupled to the receiver

r1tenna through lens 2. Port 4 is the isolation port and is terminated by a load. In
.1e following calculations, we consider that there is no power from the image load
appearing at the signal frequency, and vice versa. This is based on the assumption
7 1at the SSB filter has a good signal to image rejection ratio at the signal frequency
ind vice versa, and which is valid normally. Hence, at the signal frequency, we can
[>llow the same method as in the DSB case and we can express the output noise

temperature at port 3 as:

T, 1 1
d= Tl = = ——) (C.21)

-3 L3y Lis
where T,(1-1/L3_5 - 1/L3_5) is the diplexer equivalent input noise temperature at the
signal frequency due to the loss L)_, in the signal path and the loss Lj_, in the LO
>ath.

At the image frequency, the output noise temperautre at port 3 is :

. Ty 1 1
Ti= = 4Tl = = - —) C.22)
’ i-3 ( Lis Ly (

where T,(1-1/L}_;- 1/L}_,) is the diplexer equivalent input noise temperature at the

image frequency due to the loss L!_, in the image path and the loss L}_, in the LO
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path. T, is the ambient room temperature. Port 3 is coupled to the receiver antenna

through lens 2 of loss L, at both sideband frequencies. The noise temperatures

incident on the antenna-mixer at the signal and image frequencies ege :

s 1
T == +T,(1-— C.23
T A (C.23)
Quasi-Optical LaM. TA-M
uasi-Optic M. TA-
Lens 1 Diplexer Lens2 - +——s
qa
Ly 13 R |
// ; .
Le3 2 L2 | Antenna
L3 _l T3 |, Mixer

Figure C.2: A quasi-optical receiver with the quasi-opﬁical diplexer tuned as a SSB
filter.

In the SSB case, It is assumed that the signal and image antenna-mixer responses
are equal, and the IF output noise power generated by the mixer comes entirely from
the signal band. The total IF output noise temperature available at the mixer output,
corresponding to the noise power in T4 and T detected by the antenna-mixer, and

to the internal antenna-mixer noise power generated at the signal frequency is equal

to
(Tg + T + Ta_n)

Ly-m

o = (C.24)
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where T _,, is the antenna-mixer SSB equivalent input noise temperature, and L’ _,,
is the antenna-mixer SSB conversion loss. Reaching this point where we have defined
T3y, we can follow the same equations used for the DSB case to calculdte the IF power
at the output of the IF chain corresponding to a signal with a noise temperature T,
and an image termination at a temperature T;. After going through the algebra, we

can write the expression of the IF power available at the output of the IF chain as

PIF — kB Gir

out LTC‘UT

(Ts + Trer) (C.25)

where we define L, and T, in the following equations:

L;—ML:—3L2

L* = C.26
rcur (1 _ lFIFiz) ( )
L L L
Tow = TaemLisla+To(Ly 3Ly — 722 = 1) + Ty(Li_3L, — 7222 — 223
L3 s Ly, L
T.L:_, L L .L,
+2223 L (TT e |? + Typ) =AM Ze=372 C.27
L:_3 ( 5' IFI IF) (1 — |FIF|2) ( )

L., and T}  are the SSB receiver conversion loss and equivalent input noise tem-
perature, respectively.
Using equation C.15 - C.17 as in the DSB case, we solve for L?__ and T?__. Then

using equations C.26 and C.27, we can calculate the SSB antenna-mixer conversion

loss L} _p and the SSB antenna-mixer equivalent input noise temperature T%_,,.

L, (1—Tr|?)

Diw = =514 (C.28)
s I} s L:—S s L:_a ‘:-3
Tiom = [T = ToLisla = 7322 = 1) = T(LisLa = 7772 = 772
L3 -3 Li_3
TLis _ T 1 A
g = (2 + T = el + Tip) L (Lo L2 C.20)

Note that at submillimeter-wave frequencies, T, gorc , T; , and T,, appearing in
equations C.21-C.23, should be each replaced by their corrected effective temperature

using equation C.6.
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In the SSB case, The LO noise power reaching the antenna-mixer at both sideband

frequencies will increase the SSB antenna-mixer equivalent input noise temperature

%-m- The corrected value of T _,, is 4
Tro Tro
T:forrectcd = Tg _ _ : C.30
A-M ASM DLy sLy Lyl L (C30)

In the SSB case, the image port of the mixer is assumed noiseless. As a result, all
noise powers appearing at the signal and image frequencies are added when referring

them to the signal port.

C.3 Measurements of the LO noise power in the sidebands
frequencies

Going back to the DSB case, and assuming we obtained a certain T4_p and
a certain L, for a specific rectified current in the mixer diode, the quasi-optical
diplexer is removed from the set-up of figure C.1 [105]. As a result, all the carcinotron
noise power in both sidebands is allowed to go directly into the mixer with little
attenuation. The LO power is readjusted slightly in order to account for the losses in
the diplexer, and thereby, the antenna-mixer T 4_p and L4_ps, and the IF reflection
coefficient are the same as before. The IF power measuréd at the output of the IF

chain can be expressed as :

(1 - Terl?)

PIE = Grrk[(F 4T (1= )4 Tyon)
La-m

L,L, T LiL,

+|F1F|2[T£°'+ o(l—‘l—)]+TIF]B
Ly Ly

(C.31)

Using the power meter to measure PIF, and knowing all the variablés in equation

C.31 from previous calculations and measurements, we cati deduce the value of T1o

. - Qo oy
Siéd TR 1y

at the sidebands frequencies. -
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APPENDIX D 4

Fabrication of Trenches and V-Grooves in Silicon

D.1 Micromachining of V-Grooves

In the integrated receiver structure presented in chapter 3 for 90GHz, 250GHz, and
335GHz, a V-groove has been etched in the sidewall (B) below the CPS line which is
integrated on the membrane (see Fig. 3.4). Figure D.1 (left) shows the etching mask
for the V-groove opening and the pyramidal cavity opening next to it. This etching
mask has two convex corners in it. Convex corners, in general, will be undercut by
anisotropic etches at a rate determined by the magnitude of the maximum etch rate,
by the etch rate ratios for various crystallographic planes, and by the amount of local
surface area being actively attacked [68]. For etchants with a fast convex undercut
rate such as EDP (Ethylene Diamine, Pyrocathecol, H,O solution), the 90° corners
are undercut and the V-groove is widened (Fig. D.1 (right)).

In a paper by Bean et al. [69], it is seen that corner undercutting is related to
etch depth. Data relating corner undercutting to etch depths are used to design
corner compensations into the mask to prevent the faceted or rounded corners [69].
However, these corner compensations are only good in the case of small etch depth

in comparison to the opening in the mask.
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Figure D.1: The V-groove mask pattern (left). This mask pattern can result in a
substantial degree of undercutting using an etchant with a fast convex
undercut rate such as EDP(right).

In our case, the etching of the V-grqove requires a big etch depth, approximately
equal to 70% of the groove opening (1/2tan(35.3°)). In addition, the etching does not
stop when the V-groove apex is reached, but continues till the wafer is completely
etched through, as seen in Fig. D.2. Hence, the corner compensations need to be
considerably large in our case. However, the results were not good as found experi-
mentally. Big silicon tips were left sticking out at each corner, and the overetching of
the wafer, of course, undercut the corners.

Better results were obtained using the mask shown in Fig. D.3. The opening
mask for the V-groove and the one for forming the sidewalls of this part of the horn
structure were seperated by a gap of 10um. Hence, in this new mask design, we do not
have any convex corners. As a result, the etchings of the V-groove and of the sidewalls
are done separately initially. The solution used for etching is; KOH/H;O at 60°C. It

is preferred over EDP because it exhibits much higher < 100 > to < 111 > etch
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rate ratios than EDP and hence the etching rate through silicon is slower. Normally,
during etching, there is an additional widening of the openings, due to the inherent
misalignment between the wafer and the mask during exposure. ‘ﬂence, the gap
between the two opening masks is reduced, and the wall separating the V-groove
from the pyramidal cavity is thinned down during etching. At a certain level (close
to the end of etching), this wall breaks and is etched away. At the end of etching, the

convex corners obtained are minimally undercut (Fig. D.4).

D.2 Micromachining of Trenches

In the 330GHz receiver design, V-trenches have been etched 50um to 75um away
from the membrane wafer sidewalls (Fig. 3.28). The trenches are 130-140um deep.

They are fabricated with the following procedure:
1. Pattern the membrane wafer front side which is from the horn aperture side.

2. Etch away the exposed Si0;/Si3N4/SiO; trilayer, while protecting the mem-

brane from the wafer back side on which the mixer circuit are to be integrated.

3. Etch 10-15um from the exposed silicon (20-30mih in a KOH/H;0 solution at
60°C).

4. Clean wafer in a 1:1 H,SO,:H,0; solution for 1min.

5. Pattern the wafer back side with the trenches mask using backside infrared

alignment (the trenches mask pattern is aligned to the square opened in the

front side of the wafer by the previous steps).

6. Etch away the exposed Si03/SizN,/Si0, trilaye; in the trenches pvat“fem, while

protecting the wafer front side.
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V-Groove

R

s

e

Figure D.3: An improved etching mask that will result in little undercutting in the
case of an etch depth large with respect to the mask opening.
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4

Figure D.4: The V-groove fabricated for the 330GHz receiver structure.
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7. The wafer is then dipped in the 60°C KOH/H;O solution in order to be etched
from the front and back sides. Etching the trenches and etching through the

wafer to reach the membrane are done almost at the same tichd.

After cleaning the wafer, the mixer integration on the membrane and the silicon
substrate is done with the trenches present around the membrane. Even though the
surface on which the mixer is integrated is not totally planar, the mixer circuitry was

integrated successfully using the following lift-off process:
1. spin Shipley1470 at 5K rpm for 30sec.
2. Bake for 15min. in a 60° oven.
3. Soak in Chlorobenzene for 11min.
4. Bake for 15min in a 90° oven.
5. Develop in a 5:1 MF319:DVI-H20 solution for 2min.

The Shipley1470 [146] is suitable for this kind of process because it is a thin photore-

sist, unlike the Shipley1350J.
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